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Preface

Orthogonal frequency-division multiplexing (OFDM) has become the favorite modulation
technology for wireless communication systems. To address the needs of OFDM receiver
design, we have developed this book based on course materials for a class in digital
communication IC design. This book is ideal for advanced undergraduate and post-graduate
students from either VLSI design or signal processing backgrounds. For engineers working
on algorithms or hardware of wireless communications systems, this book provides a
comprehensive understanding of the state-of-the-art OFDM design technology and will be a
valuable reference.

The topics in this book include theories, algorithms, architectures and circuits of OFDM
wireless communication systems. One special feature of this book lies in last three chapters,
from which our readers can learn how to develop signal processing algorithms oriented from
hardware implementation and how to design ICs for wireless OFDM systems. These
techniques are lively illustrated through two design examples dealing with two OFDM
systems that currently attract much attention-MC-CDMA for future cellular communica-
tions and MIMO-OFDM for next-generation WLAN with cognitive radio capability.

This book is organized into three parts. The first part of the book aims at reviewing
background knowledge that includes fundamentals of modulation and communication, signal
propagation and channel modeling. In this part, ideas behind formulas, rather than mathematical
derivations, are emphasized and several examples are provided to allow easy comprehension of
the concepts. In the second part, in-depth treatment of two essential signal processing tasks—
synchronization and channel estimation—is offered. Then, MIMO (multiple-input multiple-
output) techniques with their application to OFDM systems are also delineated. This part of the
book aims to present the readers with modern signal-processing algorithms in OFDM baseband
receivers. The third part of the book talks about hardware design, from design methodology to
design of essential blocks. Finally, the book ends with a couple of examples that cover the latest
OFDM receiver IC developments. The following gives a more detailed description of the content
in each chapter.
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Chapter 1 reviews several important wireless communication standards, including digital
broadcasting systems, mobile cellular systems and wireless data network systems. Without
exception, OFDM is the modulation scheme of choice for all standards, exemplifying the
importance of OFDM technology in wireless communications.

Chapter 2 discusses digital modulation techniques, including both single-carrier modula-
tion and multi-carrier modulation. The introduction to conventional single-carrier modula-
tion techniques serves as the basis for explaining the multi-carrier OFDM modulation. Basic
OFDM processing operations, such as discrete Fourier transform (DFT)/inverse discrete
Fourier transform (IDFT), guard interval insertion, guard-band reservation and spectrum
shaping, are addressed. The phenomenon of high peak-to-average power ratios in OFDM
modulation signals is also illustrated. Then, several standards are described to exemplify
OFDM system parameters, such as the fast Fourier transform (FFT) size, guard-interval ratio
and guard band ratio with regard to Doppler frequency and channel maximum excess delay.

Multiple access schemes, meaning to support a number of users in the same commu-
nication link, are discussed in Chapter 3. In addition, spread spectrum techniques, from
which CDMA is derived, are illustrated. In that section, several important codes popularly
used in CDMA and spread spectrum systems are also presented. Error-correcting codes,
indispensable in digital communication systems, are introduced subsequently. Several
prevailing error-correcting codes and their decoding strategies are covered. They include
convolutional codes, Reed-Solomon codes and low-density parity check (LDPC) codes.

Wireless receiver design is impossible without a thorough understanding of the impair-
ments to signals during propagation. Chapter 4 discusses propagation mechanisms, fading
phenomena and other non-ideal effects in the channel and transceiver front-ends. Passing
through a wireless channel, communication signals suffer from path loss and a shading
effect, which prominently weaken received signal strength. In addition, delay spread,
Doppler spread and angle spread in the signal are possible and they produce signal replicas
with different arrival times, distorted spectra and incident angles. Front-end electronic non-
ideality must also be taken into consideration when designing wireless receivers. Oscillator
mismatch as well as relative motion between the transmitter and the receiver causes carrier
frequency offset and sampling clock offset. Unmatched branches in the up-/down-conversion
path may result in I-Q imbalance and DC offset. A power amplifier with limited linear
region is another source of amplitude and phase distortion. In Chapter 4, details about all of
the above will be presented.

Synchronization is one of the critical issues in all communication systems, wired and
wireless alike. Algorithms for synchronizing the phase and frequency of the carrier signal as
well as the sampling clock signal in OFDM receivers are the main topic of Chapter 5. The
chapter starts with descriptions of carrier frequency offset, carrier phase error, sampling
clock offset and symbol timing offset and their impacts on the received OFDM signals. For
each synchronization error, several estimation algorithms with performance comparison are
presented. Then time-domain and frequency-domain compensation approaches are intro-
duced. Their pros and cons are also given to help the designers to make knowledgeable and
appropriate decisions for their designs.

Chapter 6 concentrates on the channel estimation tasks in OFDM receivers. To perform
channel estimation, a receiver often relies on some reference signals, such as the preamble
and the pilot signals. As a result, channel estimation algorithms are categorized according to
the available reference signal pattern. Channel statistics and characteristics of channel
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power-delay profiles can also be exploited to obtain better estimation results. Although one
prominent advantage of OFDM lies in its simple yet effective one-tap equalization, this
chapter will discuss multiple-tap equalizers in OFDM receivers, as they are needed more and
more due to inter-carrier interference caused by mobile channels.

As multiple-input multiple-output (MIMO) techniques continue to show promising results
in enhancing communication performance in regard to transmission efficiency and quality of
service, MIMO has become a very important topic. In Chapter 7, the multiple antenna
configurations are first discussed, and then MIMO—-OFDM systems are described. New pilot
patterns and modified synchronization and channel estimation for MIMO—-OFDM systems
are presented. Then, the chapter goes on to discuss several MIMO techniques, such as
space—time block codes, spatial multiplexing, spatial decorrelation/beam-forming and their
detection methods.

Chapter 8 presents the hardware design methodology for communication receiver design.
Systematic approaches to map the system-level and the algorithm-level design to the
architecture-level and the circuit-level description are first delineated. The effects of finite
precision and clipping in analog-to-digital converters (ADC) and limited word-lengths of
data path signals are discussed. Specifically, word-length optimization for hardware func-
tional blocks is illustrated. The propagation of quantization errors and the change in signal
dynamic range after several common fixed-point arithmetic operations in communication
circuits are illustrated. The chapter ends with the introduction of techniques for converting a
design in floating-point arithmetic to a corresponding fixed-point design.

Chapter 9 illustrates architectures and circuits that are widely used in OFDM systems,
including fast Fourier transform (FFT) processors, delay buffers, circuits for rectangular-to-
polar conversion and polar-to-rectangular conversion. A couple of hardware-oriented FFT
algorithms are first introduced, followed by several FFT architectures. Pipelined architec-
tures can perform FFT at sample rate, though consuming more hardware resources. On the
other hand, memory-based architectures are area-efficient, but may require higher clock rate
and complicated control in memory addressing. A delay buffer can be efficiently imple-
mented in shift registers or SRAMs, depending on its length. The chapter also presents
several circuits for rectangular-to-polar conversion, which are needed when the phase or
magnitude of a complex value is desired. Furthermore, circuits for polar-to-rectangular
conversion, needed to generate sinusoidal waveforms, are also introduced at the end of this
chapter.

Finally, in the tenth chapter of the book, two OFDM receiver designs are reported. First, a
downlink MC-CDMA baseband receiver for future mobile cellular communications is
introduced in detail. Then, the design of a cognitive-radio receiver using MIMO-OFDM
technology is given. With these two examples, the readers can comprehend firsthand how the
algorithms and circuits introduced in the book can be applied in real-life designs.

T. D. Chiueh and P. Y. Tsai

Taipei, Taiwan
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1

Introduction

All wireless communication standards, existing and under development, adopt or
consider adopting orthogonal frequency-division multiplexing (OFDM) as the
modulation technique. It is clear that OFDM has become the definitive modulation
scheme in current and future wireless communication systems.

1.1 Wireless Communication Systems

Pursuance for better ways of living has been instrumental in advancing human civilization.
Communication services available at any time and place free people from the limitation of
being attached to fixed devices. Nowadays, thanks to the remarkable progress in wireless
technology, affordable wireless communication service has become a reality. Mobile phones
hook people up whenever and wherever they want. Digital audio and video broadcasting
offers consumers high-resolution, better-quality and even interactive programmes. The
devices are now thin, light, small and inexpensive. Furthermore, smart mobile phones
capable of multimedia and broadband internet access are showing up on the shelves.

Several projects studying wireless networks with different extents of coverage are under
way. They will enable wireless access to internet backbone everywhere, either indoors or
outdoors and in rural or metropolitan areas. In the following, their evolution and future
developments will be introduced. The essential role that the orthogonal frequency-division
multiplexing (OFDM) technique plays in wireless communication systems will also become
very clear.

1.1.1 Digital Broadcasting Systems

In the modern world, most people fill the need for information and entertainment through audio
and video broadcasting. The inauguration of AM radio can be traced back to the early twentieth
century, whilst analog TV programmes were first broadcast before the Second World War.
Around the middle of twentieth century, FM radio programmes became available. These
technologies, based on analog communication, brought news, music, drama, movies and
much more into our daily lives. To provide more and better programmes, digital broadcasting
techniques, such as digital audio broadcasting (DAB) and digital video broadcasting (DVB),
began to replace the analog broadcasting technologies in the past several years.

OFDM Baseband Receiver Design for Wireless Communications ~Tzi-Dar Chiueh and Pei-Yun Tsai
© 2007 John Wiley & Sons (Asia) Pte Ltd. ISBN: 978-0-470-82234-0
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Figure 1.1. (a) Single-frequency network and (b) multi-frequency network

Digital Audio Broadcasting (DAB)

DAB is among the first standards that use the OFDM technique. The DAB project started in
mid-1980 [1]. Based on OFDM, DAB has one distinct benefit: a single-frequency network
(SFN). In a single frequency broadcasting network, one carrier frequency can be used for all
transmitters to broadcast the same radio programme in the entire country without suffering
from co-channel interference. On the other hand, in the FM system, only one out of
approximately 15 possible frequencies can be used, resulting in a very inefficient frequency
re-use factor of 15. A single-frequency network and a multi-frequency network are
illustrated in Figure 1.1.

In the DAB system, it is not necessary to search for radio stations as is necessary with
AM/FM radios. The programmes of all radio stations are integrated in so-called multiplexes.
Multiplexes save on the maintenance cost of individual radio stations. In addition, variable
bandwidths can be assigned to each programme, fulfilling their respective demands
for sound quality. Music radio multiplexes can transmit at a rate up to the highest-quality
192 Kbps, while mono talk and news programmes may use only 80 Kbps. Futhermore, the
DAB system features better mobile reception quality thanks to the OFDM technique.

Digital Video Broadcasting (DVB)

DVB is the European standard for digital television broadcasting [2]. The DVB standards
include DVB-S for satellites, DVB-C for cables, DVB-T for terrestrial transmission and
DVB-H for low-power handheld terminals. Among them, DVB-T and DVB-H utilize OFDM
as the modulation scheme. DVB-T receivers started shipping in late-1990 and now digital
DVB-T programmes are available in many countries. As the DAB system, DVB-T/H
technology also supports countrywide single-frequency networks. In addition, DVB-T/H
standards offer several modes of operation that are tailored for large-scale SFN and high-
mobility reception.



Introduction 3

14.4 Kbps 153 Kbps 2.4 Mbps/5.2Mbps
CDMAOne .|cDMA2000 .| comAa2000
North 1S-95-A 64 Kbps 1X "| 1XEX-DO/DV \
America CDMAOne CDMA2000
1S-95-B 3X >

2 Mbps

14.4 Mbps

1995 1999 2000 2001 2002 2005 2010

26 256 2.756 36 B3G 46 |

Figure 1.2. Evolution of major mobile cellular communication systems

The basic digital stream in DVB-T is the MPEG-2 transport stream that contains one or
more programme streams. Each stream multiplexes compressed video, audio and data
signals. The DVB-T standard can support a data rate of MPEG-2 high-definition TV
(HDTV), which is up to 31 Mbps. In DVB-H, high-speed IP services as an enhancement
of mobile telecommunication networks are offered. Moreover, DVB standard has allowed
for integration with bi-direction data connections through other access technology, thus
enabling interactive applications between the viewers and the TV stations.

1.1.2 Mobile Cellular Systems

Mobile phones are now a necessity to several billions of people in the world. Their
functionalities range from voice service to picture, video and broadband data services.
Figure 1.2 shows the migration from the second-generation (2G) to the third-generation
(3G), and then onward to the fourth-generation (4G) mobile cellular communication
systems. In 2G, the GSM system is used as the European standard and CDMAOne 1S-95
is adopted in North America. Both of them offer digital voice services at around 10 Kbps.
Afterwards, General Packet Radio Service (GPRS) and Enhanced Data rate for Global
Evolution (EDGE) systems provide transmission rates of up to several hundreds of Kbps as
an enhancement of the GSM standard. Similarly, CDMA2000 1X upgraded the data
transmission to 300 Kbps in North America.

Currently, 3G standards provide data services with a data rate of up to 2 Mbps to
accommodate multimedia applications. Two main-stream 3G standards are CDMA?2000 3X
and wideband-CDMA (W-CDMA). The enhanced version of W-CDMA has been standar-
dized as High Speed Downlink Packet Access (HSDPA), which is regarded as 3.5G and
can achieve about a 10-Mbps transmission rate. The third-Generation Partnership Project
(3GPP) long-term evolution (LTE) has started to plan possible solutions to future mobile
communication technology. The main features include [3]:
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e spectral efficiency up to 10 b/s/Hz;

e provision of a flexible radio resource management to enlarge cell coverage and improve
system efficiency;

e supporting internet protocol version 6 (IPv6) multimedia services with low power
consumption and high performance; and

e supporting mobility up to 250 Km/hr.

In order to satisfy high spectral efficiency, low power consumption and excellent perfor-
mance requirements, advanced techniques are necessary in any future 4G system.

Modulation

In the downlink 3GPP-LTE evolved universal terrestrial radio access (E-UTRA) project,
OFDM is considered as the modulation scheme [4]. OFDM has the distinct advantage that it
can combat frequency-selective fading channels, which is quite a challenge for receivers of
wideband systems. Additionally, OFDM can achieve efficient spectrum utilization, flexible
subcarrier allocation and adaptable subcarrier modulation [3].

MIMO

Multiple antennas can be used at the transmitter and at the receiver of a communication
system. Such systems are called multiple input and multiple output (MIMO) systems. MIMO
systems may be implemented in several different ways and can be categorized into three
types. The first type of MIMO system provides spatial diversity and enhances power
efficiency. It includes space—time/frequency block code (STBC/SFBC), space—time trellis
code (STTC) and delay diversity systems. The second type of MIMO system implements
spatial multiplexing to increase its transmission rate. Independent data streams are
transmitted over a group of antennas. At the receiver, signals from several antennas are
detected and the transmitted information recovered. In the third type of MIMO system,
some capacity gain can be achieved over non-MIMO systems by pre-processing the signals
to be transmitted according to the channel characteristics and then decoding the received
signals accordingly.

Link Adaptation

Link adaptation algorithms, composed of adaptive modulation and coding (AMC), are also
regarded as one prominent technique for future communication systems. Its basic concept is
to adapt transmission parameters according to channel conditions. Modulation schemes and
rates for forward-error-correction codes are the fundamental adaptable parameters. Other
parameters, such as power levels, signal bandwidth and spreading factor in spread spectrum
and CDMA systems, are also settings that can be adjusted [5].

Radio Resource Management

Flexible radio resource management (RRM) policies become indispensable in future
wireless systems as users with various multimedia applications require different quality of
service (QoS). Three major topics include scheduling, power control and interference
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Figure 1.3. Illustration of several IEEE wireless network standards

mitigation. Scheduling is very crucial in that a large number of different applications need to
be supported. Priority-based management of different queues must be supported to satisfy all
sorts of QoS requirements and cope with a variety of traffic flows [5]. Power-control
algorithms, on the other hand, are designed to minimize overall power consumption. The
benefits brought about by power control are lower interference level and longer battery life.
Finally, the interference mitigation methods include interference randomization, interference
cancellation and interference avoidance.

1.1.3 Wireless Network Systems

Bluetooth and IEEE 802.11 wireless local area network are two famous wireless networks.
Actually, the Institute of Electrical and Electronics Engineers (IEEE) has already defined
several wireless data network standards, from small-area to large-area, as depicted in
Figure 1.3. The smallest one is the wireless personal area network (PAN), which covers
only several meters around a user. Operating in a bigger environment than wireless PAN, the
IEEE 802.11 wireless local area network (LAN) is by far the most successful and prevalent
wireless computer network standard. In wireless LAN, short-distance communications
within several tens of meters and up to 100 meters are provided. The metropolitan area
network (MAN) extends its coverage to several kilometers—the range of typical cells in
urban areas. The wide-area network (WAN) is the standard with the largest coverage and it
supports communications over up to tens of kilometers, including hilly terrains and rural
areas. With all these networks, uninterrupted internet access can be made available whenever
and wherever the users desire.

Personal Area Network (PAN)

The IEEE 802.15 working group is responsible for the standardization of wireless PAN [6].
Portable and mobile infotainment products such as cameras, personal digital assistants
(PDAs) and handsets can benefit greatly from incorporating the function of wireless PAN
connection. Several projects are coordinated by the IEEE 802.15 working group. IEEE
802.15.1 was developed based on the Bluetooth standard. In the enhanced data rate (EDR)
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Figure 1.4. (a) Scatter network and (b) cellular network

standard of Bluetooth 2.0, scatter ad hoc connections (shown in Figure 1.4(a)) with a peak
data rate of 2.178 Mbps is achieved. The frequency band used is the industrial, scientific and
medical (ISM) band at 2.4 GHz.

The IEEE 802.15.3 task group works on high-rate, low-cost and low-power solutions. The
standard was released in 2003. It adopts ad hoc peer-to-peer networking and supports data
rates from 11 to 55 Mbps. In 2002, a project authorization request (PAR) initiated the
development of a high-data-rate ultra wide-band (UWB) standard as the IEEE 802.15.3a
standard, which was regarded as an enhanced amendment for high-speed multimedia and
imaging applications to the IEEE 802.15.3 standard. UWB communications are defined as
systems whose emitted signal bandwidths exceed 500 MHz or 25% of the carrier frequency.
Two proposals were presented: multi-band orthogonal frequency-division multiplexing
(MB-OFDM) and direct-sequence UWB (DS-UWB). Formed in 2005, the IEEE
802.15.3c group endeavoured to develop alternative physical layer solutions exploiting
millimeter waves—the band around 57-64 GHz, to be specific. This standard is geared
towards short-range applications that require very high data rates of up to 2 Gbps, such as
real-time high-definition video streaming.

On the other hand, the IEEE 802.15.4 standard aims to provide a wireless solution with a
low data rate but low power consumption and longer battery life. The target applications
include house automation, remote control and toy interaction. This standard operates in the
ISM radio bands: 868 MHz in Europe, 915 MHz in the USA and 2.4 GHz in most countries.
Data rates of 250, 40 and 20 Kbps are supported with very low-complexity devices to allow
years of operation.

Local Area Network (LAN)

The working group of IEEE 802.11, also known as WiFi, defines a series of wireless LAN
standards [7]. Unlike the scatter ad hoc network of wireless PAN, the 802.11 wireless LAN
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adopts cellular radio architecture using base stations, called access points (AP), to control
the traffic to/from the subscriber station (SS) within their respective cells, as shown in
Figure 1.4(b). The access points are usually connected to a wireline backbone to set up links
to the internet.

The first IEEE 802.11 standard was released in 1997 using either frequency hopping
spread spectrum (2.4 GHz), direct sequence spread spectrum (2.4 GHz) or infrared (IR) as
the transmission technology. The supported data rates were 1 and 2 Mbps. Two years later,
IEEE 802.11b, which uses a complementary code keying (CCK) modulation scheme, was
ratified as an amendment. It extends the transmission rate to 5.5 and 11 Mbps. With a data
rate that was five times higher than the previous generation, IEEE 802.11b products
suddenly became very popular in the market. Simultaneously, in 1999, another OFDM
wireless LAN standard (IEEE 802.11a) was proposed and it increased the maximum data
rate to 54 Mbps. Because the 2.4 GHz ISM band is very crowded, IEEE 802.11a uses
another band at around 5 GHz with a low level of interference. Unfortunately, a higher
carrier frequency incurs more penetration loss and also increases the cost of radio-frequency
components. As a result, IEEE 802.11g was approved in 2003 to transmit at 2.4 GHz
using the same OFDM technique as in IEEE 802.11a and yet achieving a data rate of up to
54 Mbps. In addition, IEEE 802.11g is backward compatible to IEEE 802.11b. It has so
many conveniences and advantages that IEEE 802.11g or dual-band (2.4/5 GHz), tri-mode
(11a/b/g) products are now very well received in the market.

In 2004, a new task group (IEEE 802.11n) was formed to increase the wireless LAN data
rate further. A very aggressive spectral efficiency higher than 15 bps/Hz is proposed and it
needs to offer interoperability with existing 802.11a/b/g networks. Wireless technologies
including OFDM modulation and MIMO techniques with up to four antennas are adopted.
Other measures put forward in the 802.11n proposals are higher code rate, low-density parity
check code (LDPC), 20/40MHz channelization and reduction in guard interval overhead.

Metropolitan Area Network (MAN)

The 802.16 is the IEEE standard for a wireless MAN, sometimes also dubbed WiMAX [8]. It
specifies an air interface for fixed and broadband wireless access systems and aims to
provide a solution to the so-called ‘last-mile’ internet connection problem. In the country-
side, deployment of wired digital subscriber loop (DSL), cable or optical fibre can be very
expensive. On the contrary, with the wireless IEEE 802.16 networks, residents in rural areas
can connect to the internet effortlessly.

Originally, the 802.16 and 16¢ defined a single-carrier system operating at frequencies
ranging from 10 to 66 GHz. Later, the 802.16a defined several modes, such as single-carrier,
OFDM and orthogonal frequency-division multiple access (OFDMA), in licensed and
unlicensed bands from 2 to 11 GHz. The 802.16-2004, originally known as the 802.16d,
includes the standards defined in the 802.16/16¢ and 16a. One year later, the 802.16e-2005
proposed a revision with more enhanced mobility than the 802.16d and it was thus called
mobile WiMAX. The major revision is a scalable OFDM scheme in the OFDMA mode to
restrict the Doppler effect regardless of the bandwidth used. In addition, the highest carrier
frequency was reduced from 11 to 6 GHz. The new standard also incorporated several
MIMO techniques to enhance its performance in terms of coverage, frequency re-use and
bandwidth efficiency.
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Figure 1.5. Mobility versus transmission rate of several wireless communication standards

Wide Area Network (WAN)

The wireless network with maximum coverage is the WAN, also called mobile broadband
wireless access (MBWA) [9]. The working group was established in 2002 with a scope to
provide IP services with full mobility of up to 250 Km/hr in cells with a radius of tens of
kilometers. 802.22 networks operate with a carrier frequency below 3.5 GHz. In the draft, a
combination of the OFDM scheme and MIMO techniques was considered.

In Figure 1.5, the mobility and data rate of several wireless data communication network
standards are illustrated. The IEEE 802.11n wireless LAN provides the highest transmission
rate but can only be used in fixed reception. On the other hand, IEEE 802.20 and 3GPP-LTE
E-UTRA support the highest mobility of 250 Km/hr with a data rate possibly approaching
100 Mbps. Note that all these advanced standards have one feature in common, namely they
all use OFDM. This illustrates the fact that OFDM is and will be the modulation technology
of choice in wireless communications.
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2

Digital Modulation

Digital modulation is the process of representing binary information using seg-
ments of different sinusoidal waveforms. The parameters that can be adjusted in a
sinusoidal wave are its amplitude, frequency and phase.

2.1 Single-Carrier Modulation

Single-carrier modulation techniques use only one sinusoidal wave at all times, while in
the multi-carrier modulation techniques, several sinusoidal waves are transmitted simulta-
neously. Basic single-carrier modulation techniques modify only one of the three
parameters—amplitude, frequency and phase—of the sinusoidal wave according to the binary
information to be transmitted. These techniques are called amplitude shift keying (ASK),
frequency shift keying (FSK) and phase shift keying (PSK), respectively, according to the
parameter of the sinusoidal wave that is modified. The basic time unit in digital modulation
techniques is a symbol, which is composed of a segment of the sinusoidal waveform. If there
are only two possible different symbols in a digital modulation, then it is called a binary
modulation. Figure 2.1 depicts sample waveforms of binary ASK, binary FSK and binary PSK.

Note that ASK and PSK are linear modulation, whose symbol waveforms are sinusoidal
waveforms of the same frequency. A more compact and clear representation of all possible
symbols in such modulation is drawn by the phasor representations of all the possible
symbols on a phasor plane. This representation is called the signal constellation of a digital
modulation. The signal constellations of the binary ASK (BASK) and binary PSK (BPSK)
are illustrated in Figure 2.2(a) and (b). FSK, however, does not have a signal constellation, as
its symbol waveforms use sinusoidal waves of different frequencies.

With the signal constellation representation, higher-order modulation techniques that have
a large number of possible symbol waveforms can be clearly described. For instance, M-ary
PSK has M possible symbol waveforms with different phases, and carries logoM bits per
symbol. Figure 2.2(c) and (d) show the signal constellation of quaternary PSK (QPSK) and
8PSK.

More advanced digital modulation techniques change more than one parameter in a
segment of sinusoidal wave. For instance, if both the amplitude and the phase of the

OFDM Baseband Receiver Design for Wireless Communications ~Tzi-Dar Chiueh and Pei-Yun Tsai
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(a) (b)

Figure 2.3. Signal constellations of two quadrature amplitude modulation techniques: (a) 16-QAM
and (b) 32-QAM

sinusoidal wave are changed, then it is called quadrature amplitude modulation (QAM).
This is because both levels of the in-phase and quadrature-phase components are modified.
There are two types of QAMs: square-type and cross-type. Figure 2.3 shows the signal
constellations of 16-QAM (square-type) and 32-QAM (cross-type).

A special kind of FSK maintains the phase continuity of the modulated waveform at
symbol boundary and is called continuous-phase frequency shift keying (CPFSK). One of
such modulation that has the minimum frequency spacing between the frequencies of two
possible symbol waveforms is called minimum shift keying (MSK). It has the distinct feature
that its sidelobe fall-off is sharper than that of other digital modulation techniques, and it has
been adopted in several wireless communication systems.

2.1.1 Power Spectral Densities of Modulation Signals

Digital modulation techniques not only have to be robust against all sorts of impairments in
the channel and in the transceiver itself, but they also have to be spectrally efficient. A digital
modulation system designer must consider the limitation on the signal bandwidth when
selecting the digital modulation technique. In the following, the signal power spectral
densities of the digital modulation techniques presented in the previous section will be
examined.

2.1.2 PSK, QAM and ASK

PSK and QAM are both linear modulation using sinusoidal waves of the same frequency. In
general, their baseband signals can all be represented as

x(1) = i (s (k) + jxo(k)IL(1/T — k), (2.1)

where I1(-) is the rectangular pulse that is unity when its argument is between O and 1
and is zero otherwise; and (x;(k),xg(k)) is the k-th baseband symbol. For the PSK
signal, (x;(k),xg(k)) = (cos((2k + 1)w/M),sin((2k + 1)7/M)),k=0,1,...,M —1; for
the square QAM signal, (x;(k),xo(k)) are the coordinates in the signal constellation.
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The auto-correlation function of x(¢) is first computed,

(I)xx([,l+ ‘L')

E Z Z[(x/(k)—ij(k))(X1(l)+jXQ(l))]'H(t/T—k)'H((t+T)/T—l) :

(2.2)

Without loss of generality, let T = rT + 8T, where 7 is an integer and 0 < § < 1. Then note
that

(/T —k)-T((t+7)/T-1)=0 forl—k>r+1 or [—k<r.
Therefore, Equation (2.2) becomes
Dr(t,1+7)
=k§:w{E[(xI(k) — jxo (k) (xr(k+r) + jxo(k+r) (/T — k) - TI((t +8T) /T - k)

+ E[(x (k) — jxg (k) (e (k + 4+ 1) +jixg (k+ 7+ 1)TI(¢/T — k) - T((t 4+ 8T) /T — k — 1)}

Since x(t) is cyclo-stationary, one can get its auto-correlation function by averaging over a
period T and

d,.(7)

- %/OT D, (1,1 4 1)dt
_ % {E[(x;(O) — jx0(0)) (s (r) + jxo(r))] / (/) - T((r + 8T)/T)d

+ E[(x1(0) — jxp(0)) (xs (r + 1) + jxo(r + 1))]/0 I(z/T) - T((z + 8T)/T — 1)6”}
= E[(x1(0) —jxg(0)) (s (r) +jxo(r))] - (1 = 8)
+ E[(x(0) = jxo(0)) (xs(r + 1) +jxo(r +1))] - 6. (2.3)

The baseband symbols are assumed independent and they are also all zero-mean random
variables (see Figure 2.2(b), (¢) and (d) and Figure 2.3), so

Elx1(0)* +x0(0)*)(1 = 8) r=0
q)xx(f) = E[XI(O)Z +XQ(O)2]8 r=-—1 (24)

0 otherwise
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Figure 2.4. Power spectral density functions of (a) PSK and QAM signals and (b) ASK signal

Let the variance of the baseband symbols be o2, then, without loss of generality, one has
o = E[x(0)* + x0(0)7],
and
a?(1—-1/T) 0<t<T

b () =¢ o*(1+7/T) -T<t<0. (2.5)
0 otherwise

Taking the Fourier transform of the above auto-correlation function, it is clear that the power
spectral density functions of the PSK and QAM signals are identical and are given by [1]

sin 7f T)2. (2.6)

S(f) = oZT( T

Figure 2.4(a) depicts such a power spectral density function. The power spectral density of
the binary ASK modulation signal can then be computed similarly. The baseband waveform
of binary ASK modulation can be regarded as a superposition of a constant 1/2 plus a bipolar
waveform with two levels: 1/2 and —1/2. Note that the second waveform is exactly that of a
BPSK baseband signal except for a proportional constant. The auto-correlation function of
the binary ASK signal turns out to be the sum of a constant plus one quarter of the auto-
correlation function of the BPSK signal. Consequently, the power spectral density of the
ASK modulation signal is an impulse function centerd at DC, plus a scaled power spectral
density function of the PSK signal, as shown in Figure 2.4(b). Moreover, the power is
divided equally between the discrete impulse function and the continuous PSK-like power
spectral density.

The passband modulation signal is generated by a quadrature modulator using the
following formula:

y(t) = Re{x(t)eﬂ”f”t}.

1 , .
=3 {x(t)e/?™e! 4 x* (1)e 72!}
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Sx(f)

Figure 2.5. Relation between passband and baseband power spectral density functions

Hence, the passband power spectral density function of the ASK, PSK and QAM signals is
given by

$,0) = 318 )+ S ~ 1) 28)

namely making two copies of the baseband power spectral density function; moving one
copy to frequency f. and the other copy to frequency —f,; then multiplying both copies by
one quarter, as shown in Figure 2.5

2.1.3 CPFSK and MSK

The derivation of the power spectral density function of CPFSK is quite complicated. A
complete treatment of this subject can be found in Chapter 4 of [2] and only binary
CPFSK will be discussed here. The two possible symbol waveforms of binary CPFSK
are given by

y(t) = cos(2nf.t + 2mi(h/2T)t + ¢(kT)) t € (kT,kT +T), (2.9)

where i is either +1 or —1; f, is the center frequency; T is the symbol period; % is the
modulation index that specifies the distance between the two frequencies; and ¢(-) is the
phase that makes the phase of the waveform continuous at the symbol boundary.

As the modulation index increases, the two frequencies grow farther apart and the power
spectral density becomes less smooth and more bi-modal. The minimum modulation index
without losing the orthogonality between the two sinusoidal waves is 0.5. MSK is the
CPFSK that has a modulation index of 0.5. The power spectral density of the MSK signal is
given by [2]

5,(f)

:16_T( cos 2n/T )2 (2.10)

72 \1— 16212
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Figure 2.6. Power spectral density functions of QPSK and MSK signals

Figure 2.6 illustrates the comparison between the power spectral density functions of the
QPSK signal and the MSK signal. The frequency is normalized with respect to the bit
duration (7}) and T = 2T}, for QPSK as it transmits two bits per symbol. Note that the main
lobe of the MSK signal power spectral density function is 50% wider than that of the QPSK
signal, but its sidelobe falls off more sharply than that of the QPSK signal.

2.1.4 Pulse Shaping and Windowing

Symbol waveforms are concatenated to form the signal to be up-converted in frequency and
transmitted by the transmitter. As shown in the previous section, such a signal can have
significant sidelobe so that the signals in the adjacent frequency band can suffer severe
interference from such ‘spill-over.” To prevent such adjacent-channel interference (ACI),
most wireless communication standards set a mask on the spectrum of the transmitted signal.
In order to meet that spectrum mask, the transmitter usually applies some form of pulse-
shaping filtering or time-domain windowing.

Two famous pulse-shaping filters are the raised-cosine filter and the Gaussian filter. Both
of them are low-pass filters, and their impulse responses are given by

in(mz/T os(mpt/T
e (1) =~ ;z/t; )'1C—SEL,32;2//T)2’ @11)

and

2 2
hGaussian(t) = E(BT)e_%"_Z(B” lz, (212)
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Figure 2.7. Pulse-shaping filters: (a) impulse response of the raised-cosine filter, (b) frequency
response of the raised-cosine filter, (c) impulse response of the Gaussian filter and (d) frequency
response of the Gaussian filter
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Figure 2.8. Windowing functions

where S is the roll-off factor, taking values in the range 0 < 8 < 1; and B is the filter’s 3-dB
bandwidth.

Their frequency responses are

1—
T 0<f] < Z—Tﬂ
T T 1 - 1 - 1
Hrer() = {1+ (1050} st ey
1
0 71> F

Hoaussian(f) = €~ 207 (2.14)
Figure 2.7 depicts the impulse responses and frequency responses of the raised-cosine filter
and the Guassian filter.

Windowing can also limit out-of-band signal energy by smoothing the time-domain signal
waveform at the symbol boundary where segments of very different waveforms adjoin. This
can prevent abrupt changes in the time-domain waveform so that the spectrum will have
weaker high-frequency components and thus can meet the mask set by the standard.
There exist many famous windowing functions in the signal processing literature. They
include Hamming, Hanning, Blackman and Kaiser [3]. Figure 2.8 illustrates these windows
with (M + 1) samples. The shape parameter of the Kaiser window is set to 3.

2.2 Multi-Carrier Modulation

Wireless signals to be transmitted over the air usually suffer frequency-selective fading,
namely different frequency components are faded quite differently by the channel.
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Figure 2.9. (a) Conventional non-overlapping multi-carrier modulation; (b) overlapping multi-carrier
modulation

Researchers have studied this problem extensively and proposed many solutions. In
conventional single-carrier systems, complex equalization schemes are adopted to combat
frequency-selective fading. The ideal equalizer has a frequency response that is the exact
inverse of that of the channel. This usually entails an infinite number of equalizer taps.
What is worse, noises inflicted on the signal can be enhanced through the equalizer when a
deep fade occurs. As a result, even with the best equalizer, a deep fade can still result in
communication link failure in single-carrier systems. The first proposal to use parallel data
transmission to combat frequency-selective fading channels was published around 1967 [4].
In that system, only a small number of sub-channels use carriers that fall within each
deep-faded frequency band. With the help of error-correcting codes, data along those
corrupted sub-channels can be recovered. Thus, error-correcting codes are indispensable in
all multi-carrier systems.

In early parallel transmission systems, a few non-overlapping sub-channels share the
whole frequency band, as shown in Figure 2.9(a). Independent data are modulated on
different sub-channels and then these sub-channels are frequency-multiplexed. The purpose
of the non-overlap is to eliminate the possible interference among adjacent sub-channels,
also known as inter-carrier interference (ICI). Note that the guard band between two
adjacent sub-channels constitutes a waste of spectrum. In the mid-1960s, spectral efficiency
was improved by overlapping the sub-channels, as shown in Figure 2.9(b), which saves up to
50% of the spectrum used. Toward this end, Orthogonal Frequency-Division Multiplexing
(OFDM) was developed. OFDM is not only a frequency multiplexing technique that
mandates orthogonality among sub-channel signals, but also a special case of multi-carrier
modulation. Consequently, OFDM can be regarded as either a multiplexing technique or as a
modulation scheme.

In the following, the OFDM principle and its mathematical expression are first introduced.
Then, the design of OFDM system parameters, such as guard interval ratio and FFT size,
will be discussed. Finally, several recent communication standards adopting the OFDM
modulation scheme will be addressed.
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2.2.1 Orthogonal Frequency-Division Multiplexing

Conventionally, the multi-carrier transmitter consists of a set of modulators, each with
different carrier frequencies. The transmitter then combines the modulator outputs and
generates the transmitted signal. Suppose that the N data to be transmitted are Xp,
k=0,1,...,N — 1, where X; is a complex number in a given constellation, such as
QPSK or QAM. Also suppose that the kth carrier frequency for X; is f;. Then, the
complex-valued multi-carrier transmitter output is given by

N—1
x(t) =) XieH.
k=0

Modern communication systems often implement their transmitters and receivers digitally
whenever they can. A digital transmitter will generate its output in a sampled-data fashion. By
letting t = nT;, where T is the sample interval, the digital multi-carrier transmitter output is now

=

x(nTy) = X2t

T
(=)

Furthermore, if the carrier frequencies are uniformly spaced in the frequency domain by a
frequency spacing of fs, i.e. fy = kfs,k=0,1,...,N — 1, then

N—1
x(nTy) = Z Xkeﬂ”ka”R .
k=0

Let fs = 1/(NT,)-the minimum separation to keep orthogonality among signals on different
modulators—then the OFDM signal is given by

N-1
xXn = x(nTy) = ZXkeiz””k/N.
k=0

These carriers are called subcarriers and usually there is one more modulation to translate all
these subcarriers to a higher frequency band. Except for a multiplying constant (1/N), the above
formula is the equation of an N-point inverse discrete Fourier transform (IDFT). If N is a power
of two, then there exist many fast and efficient algorithms and architectures for implementing
such an IDFT operation. It is such efficient digital realization of the OFDM transmitter that
makes the OFDM technology a feasible solution to advanced communication systems. Without
specific time-domain windowing on the OFDM symbol (x;,,) to shape its waveform, the OFDM
subcarriers have sinc-shaped spectra, as shown in Figure 2.10.

2.2.2 OFDM-Related Issues

Guard Interval

In wireless channels, a receiver may receive several delayed replicas of the transmitted
signal, which is known as the multipath effect (for details, see Chapter 4). Figure 2.11(a)
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f

Figure 2.10. OFDM signal power spectral density

shows a scenario in which there are two copies of the received waveform—one on time and
the other delayed by some time. Inter-symbol interference (ISI) is induced because the tail
part of symbol 1 will interfere with the processing of symbol 2. To eliminate ISI, a guard
interval of N, samples is usually inserted at the beginning of each OFDM symbol, as
depicted in Figure 2.11(b). The length of the guard interval is made longer than the delay
spread of the wireless channel. As a result, the degree of delay spread in the operating
environments must be obtained beforehand. Note that the guard interval actually wastes
transmission resources, hence the ratio of the guard interval length to the effective OFDM
symbol duration is usually kept below 1/4.

During the guard interval, the transmitter can send null waveform. This scheme is called
zero padding (ZP) transmission and is illustrated in Figure 2.11(b). A ZP-OFDM system has
lower transmission power and a simpler transmitter structure. Unfortunately, the ZP-OFDM
scheme introduces ICI, as the orthogonality among subcarriers is destroyed when multiple
copies of the time-shifted ZP-OFDM waveform are received. To remove ICI, cyclic
prefixing (CP) transmission is preferred. The cyclic prefix is an exact copy of a segment
of the OFDM symbol located toward the symbol end. Figure 2.11(c) illustrates a typical CP—
OFDM signal. To generate the CP signal, an additional buffer is required in an OFDM
transmitter. In the following treatments, CP-OFDM is assumed unless otherwise
specified.

Null Subcarriers

To prevent significant leakage to adjacent bands, OFDM systems usually do not transmit any
data on the subcarriers near the two edges of the assigned band. These unused subcarriers are
known as guard subcarriers or virtual subcarriers. The collection of all the unused
subcarriers is called the guard band. As the OFDM signal power spectrum has quite high
sidelobes, reservation of the guard band helps to reduce the out-of-band emission and thus
eases the requirements on transmitter front-end filters. Nevertheless, adoption of guard band
wastes some assigned bandwidth and decreases spectral efficiency of the OFDM system. In
addition to guard bands, some subcarriers around DC frequency (subcarrier index 0) may
also be made null in order to evade the large yet unwanted DC and low-frequency
components generated by the receiver front-end.

Spectrum Shaping

Wireless communication signals are regulated by spectrum masks which define the
allowable maximum in-band and out-of-band signal power spectrum. Figure 2.12 shows
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Figure 2.13. Time-domain windowing of the OFDM signals

the signal spectrum mask for the IEEE 802.11a wireless LAN system. For each channel, a
20-MHz bandwidth is allocated. The rectangular time window of the DFT operation and
waveform discontinuity at the boundary of adjacent OFDM symbols make the signal
spectrum sidelobe fall off more slowly than that specified by the spectrum mask. As such,
windowing the time-domain OFDM waveform is often applied to achieve a signal spectrum
that complies with the mask.

Of all the popular windows, the raised-cosine window is commonly adopted, and it takes
the form of

0.5 +0.5cos(m + 7(t + NoTs)/(BTs))  —NoTy <t < (=N, + B)T;
w(t) =< 1 (=Ng + B)Ts < 1 < NT, (2.15)
0.5 +0.5cos((t — NT,)n/(BTy)) NT, <t < (N + B)T,

where BT is the length of the roll-off region and N and N, are the number of OFDM symbol
samples and the number of guard interval samples, respectively. The OFDM symbol is first
cyclically extended at the end by 8 samples, and then the extended (N + N, + f)-sample
symbol waveform is multiplied by the window. The next symbol overlaps with the current
one by B samples, as indicated in Figure 2.13. Note that the effective guard interval is
shortened somewhat by B samples, yet the waveform within [(—N, + B)Ts, NT,] remains
unchanged through the windowing operation.



Digital Modulation 23

(dB) 4 Output

o,max

OBO

o,avg

Input

Pi,avg Pi,max (dB)

Figure 2.14. Output back-off point of power amplifier

In addition to time-domain windowing, low-pass filtering of the baseband OFDM signal
helps to suppress transition-band and out-of-band emission. As the impulse response of this
filter is convolved with the OFDM signal, the equivalent channel impulse response seen by
the receiver is broadened.

Peak-to-Average Power Ratio

The peak-to-average power ratio (PAPR), defined as the ratio of the peak power to the
average power, has been one weakness for OFDM communication systems. The PAPR
formula is given by

_ max|x() 1

PAPR = .
E{lx(1)["}

(2.16)

In the extreme case, in which all the subcarriers are coherently and equally summed up, the
time-domain OFDM signal can have a PAPR of about N. For example, the PAPR of a
256-subcarrier OFDM system can be as high as 256, or equivalently 24 dB.

Such a high PAPR demands high dynamic range in the ensuing amplifier, especially the
power amplifier (PA) in the transmitter. If not biased properly, the PA easily enters into
saturation, causing nonlinear amplification of large-magnitude signals. To accommodate
such large-dynamic-range signals linearly, the PA must work at an operating point, P, g,
that is quite inefficient in terms of power consumption. Namely, a large output back-off
(OBO), shown in Figure 2.14, must be implemented. The output back-off is defined as the
output saturation power to the average output power of a PA,

PO"l(UC
OBO = 10 log,, Pl (dB). (2.17)

0.avg
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To reduce the PAPR, many approaches have been proposed. Clipping and windowing the
peak signals exceeding some threshold are one of the possible solutions. However, they may
introduce in-band distortion and out-of-band radiation [5]. Some suggested using coding
techniques [6,7]. Depending on the input data, the signals to be modulated on all the
subcarriers are chosen from a set of codewords that corresponds to waveforms with a lower
PAPR. The drawback of the coding techniques is the overhead in transmission efficiency.
Scrambling codes can also be adopted to destroy signal regularity, which can incur a high
PAPR. In yet another method, the transmitted signals are carefully adjusted by convex
optimization to minimize PAPR under the constraints of allowable constellation error and
out-of-band energy [8].

2.2.3 OFDM Transceiver Architecture

A general OFDM transmitter integrates several functions, including inverse DFT processing,
guard interval insertion and spectrum shaping. In a receiver, besides DFT processing and
guard interval removal, additional efforts are required to handle the channel-fading effect
and synchronization issues between the transmitter and the receiver.

Without loss of generality, consider only one transmitted symbol. The N 4 N, transmitted
samples are denoted as

guard interval samples

—————
X = [xN—Ng et XN—1 Xo X1 ot )CN_l]T, (218)

where N, is the number of guard interval samples. Also assume that the time-invariant
channel impulse response with R taps is given by

h' = [hohy - hgy] (2.19)
and that R < N,. Then, the received signals z = [zp z; - - - zN,l]T after removal of the cyclic
prefix can be expressed as

Ng—R+1 N-1
—N—
0 - 0 hg_y hgo -+ hy O o0
0 --- 0 hg.y hgo - hy e 0
Z= o X+v,
0 0 hg_y hgo s hy
(2.20)

where v is the Gaussian noise and the channel matrix is of the dimension N X (N + N,). As
opposed to linear convolution of the transmitted signals with the channel impulse response in
the single carrier systems, in OFDM systems, the channel impulse response is circularly
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Figure 2.15. Channel frequency response and channel fading effect on the OFDM subcarriers

convolved with the transmitted signals owing to the cyclic prefix in OFDM signals. The
received signals can be expressed as

[ 0o - 0 hgt hga -+ W |[ x0 ]
h1 ho 0 0 hR,1 h2 X1
2= |hg-1 hg—2 -+ hy O 0 | 4,
0 hRfl hl h() 0
i 0 0 hr hO_ | Xv—1 |
=Qx+v,

(2.21)

where X consists of the last N elements in x. Note that the circulant matrix Q can be
diagonalized by the DFT and IDFT matrices, yielding

Q = F 'HF, (2.22)

where F and F~! are the DFT and IDFT matrices, respectively. The matrix H is a diagonal
matrix,

Hy 0 - 0
0 H --- 0

H= ) , (2.23)
0 - 0 Hy,

where each diagonal element corresponds to the frequency-domain channel response at the
corresponding subcarrier, as shown in Figure 2.15. Consequently, a low-complexity one-tap
equalizer with a coefficient equal to the inverse of the frequency-domain channel response at
that subcarrier can effectively mitigate the channel fading effect. Figure 2.16 depicts the
architecture of the transmitter and receiver of a typical OFDM communication system.
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Figure 2.16. Typical OFDM transceiver architecture

2.2.4 OFDM System Examples

Subcarrier spacing in OFDM systems must be carefully designed so that each subcarrier
suffers only flat fading. Usually, the extent of channel coherence determines the maximum
subcarrier spacing. On the other hand, due to parallel transmission on numerous subcarriers,
the OFDM symbol period is made longer than that of the single-carrier symbols.
Unfortunately, time-selective fading compromises the long OFDM symbols. In the case in
which the channel response varies significantly within an OFDM symbol, ICI will arise,
degrading the system performance. The OFDM symbol period is thus upper bounded by the
length of the interval that the channel stays stationary. As the symbol period is the inverse of
the subcarrier spacing, the minimum subcarrier spacing is thus determined by how fast the
channel is changing. Chapter 4 will discuss in more detail the characterization of a channel
in terms of its coherence in time domain and in frequency domain.

Given the signal bandwidth and the subcarrier spacing, the FFT size can then be
determined. The guard interval depends on the channel maximum excess delay, and can
be adjusted according to the operating environment. The guard band ratio considers the
sidelobe attenuation to fit in the spectrum mask. The data transmission rate can be calculated
from the symbol period, the number of subcarriers and the adopted constellation size, taking
into account the overhead of guard interval and guard band. Table 2.1 lists some essential
parameters of several mature and future OFDM systems.

The digital audio broadcasting (DAB) system provides four operation modes for different
transmission bands using different FFT sizes, yet the same 1.5-MHz bandwidth [9]. The
higher the carrier frequency, the wider the subcarrier spacing and the shorter the symbol
period so that it can resist time-selective fading. The same guard interval ratio is used for
all four modes. Hence, the mode with the longest period is suitable for operating in the
long-delay-spread channels, namely large-scale cells. A quarter of subcarriers are reserved
as guard band. Considering the loss in the guard interval and the guard band, the maximum
data rate that can be achieved is 1.8 Mbps, with 7/4-DQPSK modulation and an
error-correcting code with 2/3 code rate.
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The digital video broadcasting-terrestrial (DVB-T) system delivers digital video signals in
the frequency band from 400 to 800 MHz [10]. Each DVB-T signal can be accommodated in
a channel with either 6,7 or 8-MHz bandwidth. DVB-T supports 2K FFT and 8K FFT. In the
2K mode, 1705 out of 2048 subcarriers are used to carry the data and pilot signals. As the
symbol period is shorter, this mode is designed to tackle the scenarios with fast-changing
channel conditions. On the other hand, the 8K mode has a longer guard interval, making it
capable of coping with multipath channels with a long delay spread. Of all the 8192
subcarriers in the 8K-mode DVB-T signal, 6817 are used for data and pilot transmission.
With the high-order 64-QAM constellation, the highest data rate of the 8-MHz DVB-T
system is 31.67 Mbps with a code rate of 7/8.

The IEEE 802.11a/g wireless LAN can operate in ISM band around 2.4-2.5 GHz and in
U-NII band around 5.8 GHz [11]. A total of 64 subcarriers divide the whole 20-MHz
bandwidth. This high-speed wireless LAN standard allows stationary or nomadic reception
in indoor environments. In the system, the guard band ratio and the guard interval ratio are
0.1875 and 0.25, respectively, and the maximum information data rate is 54 Mbps.

The wireless MAN, IEEE 802.16e-2005, contains three modes: single-carrier, OFDM and
OFDMA [12]. In the OFDM mode, an FFT size of 256 is used for various bandwidths
ranging from 1.5 to 28 MHz and the carrier frequency is from 2 to 11 GHz. The sampling
frequency can be 8/7 or 7/6 times the bandwidth and the guard interval ratio varies from 1/32
to 1/4. Protected by a code with rate 3/4, the highest data rate is 104.7 Mbps, with the
smallest guard interval overhead and the widest channel bandwidth.

The 3GPP-long-term evolution (3GPP-LTE) evolved universal terrestrial radio access (E-
UTRA) project, intending to improve the UMT mobile phone standard to meet the so-called
fourth-generation (4G) requirements, adopts OFDMA with various FFT sizes in the downlink
transmission [13]. Its bandwidth varies from 1.25 to 20 MHz to provide flexible allocation. The
subcarrier spacing is fixed at 15 KHz, which results in possible FFT sizes ranging from 128 to
2048. The optimal cell size is 5 Km so that 16.67 ps is reserved for the guard interval. The
target downlink data rate is 100 Mbps in the 20-MHz bandwidth.
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Signal Propagation and
Channel Model

Wireless communication signals experience many adverse effects as they travel
through the transmitter/receiver electronics, antennas and the radio-frequency
channel. Understanding these effects and modeling them accurately will lay a
solid foundation to wireless receiver design.

4.1 Introduction

Wireless communication systems offer many advantages, such as mobility, easy access and
installation; however, they also suffer more limitations than wireline transmission systems,
such as limited capacity, spectrum shortage and service quality uncertainties. In wireless
communication systems, signals are transmitted over the air in the radio-frequency (RF) band.
There are numerous non-ideal factors that affect the quality of the received signals and, thus,
the reliability of wireless communication. As a result, these wireless channel effects place
some fundamental limitation on the capability of wireless communication systems.

Wireless radio channels are extremely dynamic and time-varying due to channel
variations and user movement. Making matters worse is the fact that wireless transmission
is usually off and on owing to the inconsistent nature of the wireless channels. Hence, most
analysis and estimation of the wireless channels must be re-started every so often. In
addition to the effects of the wireless channels, the transmission signal also suffers
distortions caused by RF front-end circuits. To construct an equivalent baseband channel
model for a wireless communication system, signal propagation characteristics as well as
many circuit impairments must be taken into consideration. Baseband channel modeling is
very crucial to the design of wireless baseband receivers, as any inaccuracy inevitably leads
to either deficient receiver designs or costly receivers that are over-designed.

4.2 Wireless Channel Propagation

In a wireless communication system, due to numerous obstacles in the propagation
environment, RF signals usually travel along several different paths, arising from reflection,
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scattering and diffraction. The collective effect of the above mechanisms is random and
complicated. Thus, usually, these different propagation mechanisms are combined and
categorized as path loss, shadowing and multipath fading.

4.2.1 Path Loss and Shadowing

Radio signals propagating through the free space attenuate at a rate that is inversely
proportional to the squared distance between the transmitter and the receiver:

Py(d) (ﬁ)a (4.1)

where P,(d) is the received power at distance d from the transmitter and A is the wavelength
of the carrier signal. The above scenario assumes no obstruction between the transmitter and
receiver and is called line of sight (LOS). Numerous measurement experiments indicate that
such LOS channel is not the norm in most wireless communication systems and, in non-LOS
(NLOS) situations, the attenuation will be more severe.

Path loss represents the degree of signal power attenuation as the distance between the
transmitter and receiver increases. A simplified log-distance path loss model [1] is given
by

d
L = 10nlog (d—> + Ly, (4.2)
ref

where n is the path loss exponent; d is the separation between the transmitter and
receiver; and L, is the path loss value in free space for the reference distance d,.
According to the terrain and obstacles, the path loss exponent n varies from 2 (free space)
to 6 (severe obstruction). Note that in order to obtain the exact path loss at a certain
location, it is necessary to have L. Usually, the reference path loss is either calculated
using the free-space formula or averaged over measurements at distance d,,; from the
transmitter.

The previous formula of path loss fails to consider the fact that two locations with
identical distance from the transmitter may experience quite different signal attenuation due
to obstacle positions and surrounding environments. Measurements after measurements
show that the actual signal loss at a distance d is random with a log-normal distribution [1].
Shadowing describes such a random effect and it is superposed on the path loss model
introduced before. Shadowing varies faster with distance than path loss and, in a range of
hundreds of meters, the signal strength variation can be 20 dB. Including the log-normal-
distributed shadowing effect, the total loss then is given by

d
L= 10nlog (d—> + Los + X, (4.3)
ref

where X represents the shadowing effect after transforming to dB, and is a normal-
distributed (Gaussian-distributed) random variable. The standard deviation of the shadowing
variable can be higher than 10 dB in some cellular and indoor environments [1,2].
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Figure 4.1. TIllustration of path loss, shadowing and multipath fading

4.2.2 Multipath Fading

In addition to large-scale channel attenuation effects, namely path loss and shadowing, there
exist rapid channel fluctuations within a small region. For instance, signal strength variation
can reach up to 40 dB in one half-wavelength (3 cm in a system with 5-GHz carrier). Such
fading is caused by the combined effect of different versions of the transmitted signal that
arrive at the receiver along different paths. It is thus called multipath fading. As they arrive at
the receiver, the different versions of the transmitted signal are constructively and
destructively combined in amplitude and phase. Since the signals interfere with one another
on the scale of a fraction of a wavelength, the total received signal power can vary within a
small region on the order of the wavelength of the carrier signal. Figure 4.1 depicts an
illustration of these three effects that cause fluctuation in the strength of signals that have
traversed the channel. Note that the figure is not drawn to scale, as the multipath fading
actually fluctuates within a much smaller region than shown in the figure.

To describe multipath fading, one can deterministically specify the delay, phase shift
and attenuation of each path. This approach, however, inevitably uses too many
resources, since the number of paths required to yield a reasonably accurate time-varying
channel can be prohibitively large. A statistical fading model assumes that the received
signal actually consists of an infinite number of independent signals that impinge on the
receiver from different directions (and thus phase shifts), albeit with approximately the
same degree of attenuation. From the central limit theorem, the baseband received signal
will experience a complex channel gain that has independent Gaussian-distributed real
and imaginary parts with zero mean and equal variance. Consequently, the amplitude of
the complex baseband channel gain is Rayleigh-distributed [1-3]. The Rayleigh fading
model describes the case in which all paths from the transmitter to the receiver are
obstructed to a certain degree. There are cases in which there exists a line-of-sight (LOS)
path between the transmitter and the receiver, when the stronger signal component
along the LOS path must be considered in addition to all other non-LOS components. In
such LOS cases, the amplitude of the baseband channel gain becomes Rician-distributed
[1-3].
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Figure 4.2. Typical multipath channel power delay profile

4.2.3 Multipath Channel Parameters

In a time-varying multipath channel, the signal will be subject to several types of signal
dispersion: delay dispersion, spectrum dispersion and dispersion in arrival angle. In the
following, several parameters that help to characterize the extent of these types of dispersion
will be introduced.

Delay Spread: Time Dispersion

In the multipath channel, the arrival times of the different versions of the transmitted signal
along distinctive paths will be spread in time. This phenomenon is called delay spread. To
characterize the extent of channel delay spread, one needs to first find the power delay profile
(PDP) of a channel, which describes the time distribution of the received signal power when
an impulse waveform is transmitted through the channel under consideration. Assume that
the baseband complex impulse response of a multipath (possibly time-varying) channel is
given by

Z B, ()" Vs(r —1,), (4.4)

where r is the path index; 8, (¢) is the path gain; 6,(¢) is the phase shift; 7, is the time delay of
the r-th path; and §(.) denotes the Dirac delta function. Then, the power delay profile P(7;¢)
takes the form of

P(7;0)=|h(T;1)| Zﬂ (t—m1). (4.5)

Figure 4.2 illustrates the power delay profile of a typical multipath channel.
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The RMS (root mean square) delay spread (Trums) is a measure of the amount of signal
dispersion in time and is an important indicator for the wireless channel. For simplicity,
assume that the channel is stationary, then the mean excess delay 7 is defined as

f:/ TPoorm (T)dT, (4.6)

where Ppom(7) is the normalized PDP, and

___PO)
Poom(7) = NS (4.7)

Then, the RMS delay spread 7rys is defined as

TRMS = \//_OC (T — f)anorm(T)dT. (48)

Note that the RMS delay spread, though commonly used to indicate the degree of channel
spreading in time, may sometimes be misleading. Two channels with identical RMS delay
spread may act quite differently on the transmitted signal. It is therefore good practice to use
many instances of the channel with a RMS delay spread in simulation and average the
performance results in all the cases.

Taking the Fourier transform of the channel power delay profile yields the auto-correlation
of the channel frequency response w.r.t. frequency difference Af, ®yy(Af) [3]. If the
channel power delay profile is an impulse function, then the auto-correlation function will
become unity over all possible Af. This implies that with the single-impulse (single-path)
channel, the channel frequency responses at any two different frequencies are identical
(100% correlated) or, equivalently, the channel is all-pass.

On the other hand, if the delay spread is relatively large, the auto-correlation function falls
off more rapidly. Define the coherence bandwidth, B., of a channel as the frequency
displacement (Af) at which |®gy(Af)| becomes less than a threshold. In other words, the
channel has rather different characteristics at two frequencies with a difference larger than
the coherence bandwidth. The exact formula of the coherence bandwidth depends inversely
on the RMS delay spread and linearly on a constant that, in turn, depends on the threshold
and the shape of |Dyy(Af)]:

1

Bc = P
Ktrvs

(4.9)

where K ranges from 5 to 50 for a threshold from 0.5 to 0.9 [3].

According to the relation between the coherence bandwidth and the signal bandwidth,
a wireless communication system can be categorized as under flat fading or under
frequency-selective fading. Flat fading refers to the case in which the bandwidth of the
transmitted signal is much smaller than the coherence bandwidth, making the channel
frequency response rather coherent (flat) inside the signal band. On the other hand, in the
frequency-selective fading case, the signal bandwidth is larger than the channel coherence
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Figure 4.3. Channel frequency response and signal bands for flat fading and frequency-selective
fading

bandwidth. Consequently, different frequency components of the signal suffer different
amplitude attenuations and phase shifts, making it harder to equalize the received signal for
accurate detection. Figure 4.3 illustrates the scenarios of flat fading and frequency-selective
fading.

Doppler Spread: Frequency Dispersion

Wireless communication frees the users from being attached to a device and gives them the
freedom of moving around during communication. When either the transmitter, the receiver
or the scatterers is in motion, the received signal will be dispersed in frequency as a result of
the Doppler effect. For instance, if a pure tone is transmitted from a fixed transmitter, then a
moving receiver will receive a signal whose spectrum has been shifted by a finite frequency.
The frequency shift is related to the speed of the motion and the angle between the signal
arrival direction and the direction of motion. Figure 4.4 depicts a typical scenario, in which a
receiver is moving with a constant speed V; the Doppler frequency shift fp between the
signals received at point A and point B is

Ap  Vcosh
= — = 4.1
fo 2mAt A (4.10)
where
A¢:2nAl-cos9:2nV-At-c059 (@.11)

A A
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Figure 4.4. Illustration of a signal reception under the Doppler effect

is the phase shift between the two locations; / is the distance between point A and point B;
and A is the wavelength of the carrier signal.

The above scenario considers only one signal path. In practice, there can be several
paths between the transmitter and the receiver. Then, the received signal power spectral
density will be spread over a bandwidth limited by the maximum Doppler frequency,
fm =V/A. To characterize the extent of such frequency spreading of the received
signal, Doppler spread of a channel can be defined. At first, transmit a pure tone with
frequency f. and measure the received signal power spectrum. This spectrum is called
the Doppler spectrum and can be denoted as Sp(f). Normally, the spectrum will be
spread across [f. —fi, fe +fu]. The mean frequency of this spectrum is calculated
according to

J_c: /_OOfSnorm(f)dfa (4'12)

where

_ So(f)
Snorm(f) - m

Then, the RMS Doppler spread Brys is defined as

Brms = \/ l w(f — 1) Snom (f)df - (4.13)

The Doppler spread is obviously bounded by the maximum Doppler frequency. Its exact
value depends on the shape of the Doppler spectrum.

A classical Doppler spectrum is derived by assuming that the local scatterers are
uniformly distributed and the receiving antenna is omnidirectional. Then, all scattered
signals arrive with the same amplitude but their phases and arrival angles are both uniformly
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Figure 4.5. The classical Doppler spectrum

distributed. In this case, the combined received signal power around f will be contributed by
the scattered components arriving from an angle at around

0= cos! <f;—f‘) (4.14)

Now, let the two derivations signal power be equivalent; then, one has
Sp(f)ldf| = Sp(6)|d6), (4.15)

where Sp(f) is the power spectral density of the received signal with respect to frequency,
while Sp(0) is the received signal power spectral density with respect to the arrival angle.
Note that Sp(0) is a constant due to the above uniform-distribution assumption.
Consequently, Sp(f) can be derived by differentiating Equation (4.14) with respect to f
and

do

&Uﬁﬁﬁ

d((f —fe) /fm)
df

L= (f =L 11
L p<F<ftfa (4.16)

N

Figure 4.5 plots the classical Doppler spectrum with center frequency f. and Doppler
frequency f,,.

To characterize the time variation of the channel as opposed to the signal spectrum
spreading, one can compute the auto-correlation function of the channel response at a certain
frequency w.r.t. some time difference Af¢, ®yy(At). The coherence time 7, is defined as the
size of the time interval when the magnitude of ® gy (Ar) stays above a certain threshold. In
other words, within a time interval shorter than the coherence time, the channel can be
assumed time-invariant. Obviously, slower relative motion introduces smaller f,,, and thus a
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Figure 4.6. A typical signal power angular profile

slower varying channel and a larger coherence time. A rule of thumb between the coherence
time and the maximum Doppler frequency is given by [1]

0423

T, 7 (4.17)

Depending on how fast the channel is varying with respect to the signal symbol period, a
channel can also be categorized as slow fading or fast fading. In the slow fading channel, the
channel impulse response remains unchanged in one symbol time (Tsym), ie. Toym < T;. On
the other hand, when Ty, > T, the signal within one symbol receives channel effects that
are changing quite quickly and, in this case, the channel is under fast fading. It should be
noted that the slow or fast fading channel is related to only the coherence time of the channel
and not the actual delay or the delay spread of the channel.

Angle Spread: Space Dispersion

Through a multipath wireless channel, the transmitted signals along different paths not only
experience different levels of attenuation and phase shift, but also arrive at the receiver from
different directions, namely different angle-of-arrivals (AOA). When there is only one LOS
path, the signal arrives from a single angle. As there are more and more paths, the range of
AOA gets broader. Figure 4.6 shows a typical power spectrum with respect to the AOA.
Similarly, at the transmitter end, one can also define angle-of-departure (AOD). The angle
spread of AOA and that of AOD are both important parameters that describe the extent of
signal spreading in spatial angle.

To compute the angle spread of the AOA, one first finds the mean AOA from the angle
power spectrum, P(6), according to

9:/ OP o (0)d6, (4.18)

o0
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where Pom(0) is the normalized angle power spectrum,

_ PO
Pnorm(g) - W (419)

Then, the RMS angle spread 6rys is defined as

Orms = \/ [ h (6 — 6)*Prorm (6)d6. (4.20)

Since the power of the received signal fluctuates as the receiver antenna rotates, angle
spreading results in selective fading due to antenna orientation. In addition, the character-
istics of a multipath channel also depend on the location of the transmitter or the receiver.
Consider a fixed transmitter; as the receiver moves, the channel response will also change
accordingly. As in the previous two situations, one can compute or measure the auto-
correlation function of the channel response at a certain time and frequency w.r.t. space
displacement Ar, @y (Ar). Then, the degree of space selective fading can be characterized
by the coherence distance D., which is defined as the spatial displacement when the
magnitude of the auto-correlation function remains higher than a threshold. In other words,
the coherence distance of a multipath channel is the minimum distance between two nearby
receiver locations that will receive signals affected quite differently by the channel.

4.3 Front-End Electronics Effects

In baseband receiver design, the designer has to consider not only the degradation caused by
the imperfect channel and noise, but also the non-idealities resulting from the RF and analog
parts in the transmitter and the receiver. These non-idealities include carrier frequency offset,
sampling clock offset, phase noise, IQ imbalance, DC offset and power amplifier (PA) non-
linearity.

4.3.1 Carrier Frequency Olffset

Carrier frequency offset (CFO) occurs when the local oscillator signal for down conversion
in the receiver does not synchronize with the carrier signal contained in the received signal.
This phenomenon can be attributed to two factors: frequency mismatch in the transmitter
and the receiver oscillators, and the Doppler effect as the transmitter and/or the receiver is
moving. When this occurs, the received signal will be shifted in frequency, as shown in
Figure 4.7.

For an OFDM system, the orthogonality among subcarriers is maintained only if the
receiver uses a local oscillation signal that is synchronous with the carrier signal contained in
the received signal. Otherwise, mismatch in carrier frequency can result in inter-carrier
interference (ICI). Practically, the oscillators in the transmitter and the receiver can never be
oscillating at identical frequency. Hence, carrier frequency offset always exists, even if there
is no Doppler effect.

In a standard-compliant communication system, such as the IEEE 802.11a wireless LAN,
the oscillator precision tolerance is specified to be less than £20 ppm, so that the CFO is in
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Figure 4.7. The received baseband signal spectrum (S, (f)) is shifted by the CFO (Af) with respect to
the transmitted signal (S,(f))
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the range from —40 ppm to 440 ppm. For example, if the TX oscillator runs at a frequency
that is 20 ppm above the nominal frequency and if the RX oscillator is running at 20 ppm
below, then the received baseband signal will have a CFO of 40 ppm. With a carrier
frequency of 5.2 GHz in this standard, the CFO is up to 208 KHz. In addition, if the
transmitter and/or the receiver is moving, the Doppler effect adds some hundreds of Hz in
frequency spreading. Compared with the CFO resulting from the oscillator mismatch, the
Doppler effect in this case is relatively minor.

4.3.2 Sampling Clock Offset

Sampling clock offset (SCO) is quite similar to the CFO, as they both originate from oscillator
mismatch and the Doppler effect. When oscillators with mismatched frequencies are used to
drive the sampling clocks of the DAC in the transmitter and the ADC in the receiver, SCO may
occur. Figure 4.8(a) illustrates an example in which the sampling clock mismatch causes the
received waveform to be sampled at time instants that are progressively skewing.

Motion between the transmitter and the receiver effectively makes the signal waveform to
contract or expand in time. Therefore, even without sampling clock mismatch, the sampled
waveform at the receiver can still be suffering errors in sampling times, as in the previous
case. Figure 4.8(b) shows a case in which the Doppler effect causes the received waveform
to expand and thus sample-time error occurs, even though the ADC and DAC are

synchronously clocked.
N \ (1)

Z(t)

x(t)

|

—eee

!

(a) (b)

Figure 4.8. (a) Sampling error occurs when the baseband transmitted signal x(f) and the baseband
received signal z(¢) are sampled at different clock rates. (b) Baseband received signal z(r) is expanded
due to the Doppler effect, resulting in sampling error, even without clock rate mismatch
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4.3.3 Phase Noise

Phase noise in an oscillation signal is related to its jitter. The former is usually described in
the frequency domain as the noise spectrum centerd at the oscillation frequency, while the
latter is represented in the time domain to measure how precise the oscillation periodicity is.
Phase noise occurs because oscillators cannot generate pure sinusoidal waves with impulsive
spectra. Real-life oscillation signal spectra have a vestigial sideband around the oscillation
frequency.

The phase noise 8, of a free-running oscillator output signal can be modeled as a discrete-
time Wiener-Levy process [4] and

‘gn(tn) = en(tnfl) + ¢(ln), (421)

where /(#,) is the phase increment at time #,. Note that ¥(#,) is an i.i.d. Gaussian-distributed
random variable with variance

oy, = 27BT, (4.22)

where B represents the two-sided 3-dB bandwidth, and 7 is the sampling interval. The
power spectral density of the local oscillation (LO) signal with such phase noise, e/2%</+/(1)
is given by [5]

2 1
B )2
T [1 + <2<fBﬁ-)> }

When such an LO signal is used in the receiver down-converting mixer, the resulting
baseband signal spectrum will be the passband signal spectrum convolved with the LO
spectrum with non-zero bandwidth. As a result, the frequency components in the original
signal will now be ‘blended’ with their neighbouring components. OFDM receivers are very
sensitive to this spectral spreading, as it may introduce common phase error on all
subcarriers as well as ICI among subcarriers [6]. In practical OFDM receivers, the LO
signal is generated by a frequency synthesizer based on a phase-locked loop (PLL). In the
PLL, the oscillation frequency of the controlled oscillator is usually locked to a free-running
oscillator, such as a crystal oscillator. In this case, [7] offers a typical spectrum for the phase-
noise-inflicted LO signal.

(4.23)

4.3.4 1Q Imbalance and DC Offset

Direct conversion, also known as zero-IF or homodyne, receiver structure translates the RF
(passband) signal directly from the carrier frequency (f.) to DC (baseband) using one stage
of mixing. The traditional heterodyne receiver structure needs an intermediate frequency
(IF) stage between the RF and baseband signals. The direct conversion receiver structure has
several advantages: no IF stage, no image-rejection filter and easy integration due to low
component count. However, a direction conversion RF front-end suffers from two major
drawbacks, namely 1Q imbalance and DC offset [8].
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Figure 4.9. Architecture of the direct conversion receiver

IQ Imbalance

A direct conversion receiver uses two quadrature sinusoidal signals to perform the so-called
quadrature down-conversion. This process requires shifting the local oscillator (LO) by 90
degrees to produce the quadrature sinusoidal component. Figure 4.9 depicts the structure of
such a direct conversion receiver. When there exist mismatches between the gain and phase of
the two sinusoidal signals and/or mismatch along the two branches of down-conversion
mixers, gain amplifier and low-pass filters, the quadrature baseband signals will be corrupted.

Suppose the received passband signal is identical to the transmitted signal and is given as

y(t) = Re{x(t)e"} = x;(t)cos(27f.t) — xo(t)sin(27f.1), (4.24)

where x(1) = x;(¢) + jxo(r) is the transmitted baseband signal. Assume that the gain error is
20 1ogif—g dB and the phase error is ¢ degrees. Then we can model such imbalance using
mismatched local oscillator output signals

2(1 + «) cos (2nf.t — ¢/2)

4.25

—2(1 — a) sin (27f.t + ¢/2). (4.25)
Multiplying the passband signal by the two LO signals and passing through a pair of low-
pass filters, one has the demodulated baseband signals as

(1) =(1+a) [x,(t) cos @) — xo(f) sin (?)}

Yo(t) =(1—a) [xQ(t) cos (g) — x;(t) sin (g)} .

The above equation clearly indicates that IQ imbalance causes interference between the I
and Q signals. Figure 4.10 depicts an example of how the IQ imbalance can distort the QPSK
baseband signals.

To analyze IQ imbalance in the frequency domain, Equation (4.26) can be rewritten as

(4.26)

() = % (1) +jxo(1)

_ [Cos (‘ﬁ) + jorsin (‘é’)]x(z) + [a cos @) - jsin@)]x*(t) (4.27)

= Ax(t) + Bx* (1),
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Figure 4.10. 1Q imbalance effect on QPSK signals: (a) gain error in LO signals, (b) phase error in LO
signals

where * denotes complex conjugate. In an OFDM system, the baseband signal consists of
several subcarriers; complex conjugating the baseband signal of the k-th subcarrier carrying
data X; is identical to carrying X; on the (—k)-th subcarrier

*
<(Xk,1 +jxk‘Q)ef'2”"f“) = (Xes — Xig)e 7 = XienHA,

Equivalently, the received baseband OFDM signal under the IQ imbalance effect is given by
X, = AX; + BX",. (4.28)

In conclusion, besides a complex gain imposed on current subcarrier data X;, IQ imbalance
also introduces ICI from the mirror subcarrier. The ICI term makes OFDM receivers very
sensitive to the IQ imbalance effect. To solve this problem, the designer can request stringent
specification of the matching of the two branches in the front-end or compensate the
imbalance in the baseband receiver [9].

DC Offset

DC offset arises from self-mixing and nonlinearity in the front-end [8,10]. Components with
even-order nonlinearity will generate a large DC value at its output when there is a strong in-
band input. For example, an amplifier has a nonlinear output response as

a1 x(1) + axx?(1).

Assume that there is a single-tone interferer, A cos(2mft), within the passband of this
amplifier; then, the amplifier output is

(1/2)a2A” + a1 A cos(27ft) 4 (1/2)a2A? cos(4nft). (4.29)

Note that the first term is a DC component related to the interferer.
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Figure 4.11. DC offset generation mechanisms: (a) LO leakage, (b) LO re-radiation and
(c) interference leakage

The self-mixing is due to the finite isolation between the LO and RF input ports of a
mixer, which is typical of silicon-based ICs. Self-mixing has three possible mechanisms: (1)
LO leakage (static DC), (2) LO re-radiation (dynamic DC), and (3) strong in-band
interferers. The LO signal can leak with sufficiently high power to the input port of the
mixer or even that of the low-noise amplifier (LNA). The leaked LO signal can then come
back into the mixer RF input port and mix with itself, thereby generating a static DC
component at the mixer output, as depicted in Figure 4.11(a). The LO signal also can leak to
the antenna and be re-radiated; the re-radiated LO signal can reflect off obstructions and be
recaptured by the front-end, resulting in a time-varying or dynamic DC offset, as shown in
Figure 4.11(b). A strong nearby interferer, such as another user’s leaked LO, can also find a
path to the mixer LO input port and mix with itself (interferer self-mixing) to produce a
dynamic DC offset. Figure 4.11(c) illustrates such a phenomenon.

The DC offset can be much stronger than the desired signal, such as more than 40 dB in a
GSM system. When this happens, the DC offset will saturate all the following stages and
make the receiver fail. Popular schemes for handling DC offset include AC-coupling, offset
estimation/cancelling and many other methods that use adaptive techniques [8].

4.3.5 Power Amplifier Nonlinearity

The power amplifier (PA) in the transmitter is often one of the most power-consuming blocks
in a wireless communication device. The efficiency of the power amplifier very likely
determines the system power consumption level and, thus, the battery life of the commu-
nication device. The PA efficiency is measured in terms of the output power delivered to the
load divided by the power delivered from the power supply.

No different from other amplifiers, PAs exhibit nonlinear behavior and saturating gain at
large input levels. Their transfer characteristics may exhibit a certain degree of nonlinearity,
depending on the specifications. In Section 2.2.2, a piecewise linear PA transfer character-
istic has been used to explain the output back-off in PA operation. When taking power
efficiency into account, PAs usually operate near the saturation region, which is highly
nonlinear. Nonlinear amplification distorts transmission signal, and OFDM signals in
particular are very sensitive to this effect. Hence, PA linearity becomes an important issue
in wireless communication system design.

The linearity of a PA is often characterized by two input-power levels: P;;z and IIP3.
As shown in Figure 4.12, the 1-dB compression point (Py4p) is the input power level at



74 OFDM Baseband Receiver Design for Wireless Communications

A " //
o I Ir,”
z | ‘
5 I,
)
2 oL
3 1dB )
= F1 Y
% | |
o | |
| |
| |
| |
1 1 >
Prag 1IP3 Input power

(dB)

Figure 4.12. Illustration of PA nonlinearity

which the actual output power is exactly 1 dB lower than the ideal output power of a
perfectly linear amplifier. The input referred third-order intercept point (IIP3) refers to
the input power level at which two output power versus input power characteristics
intercept. One line indicates the extrapolated first-harmonic output power versus the
input power and the other plots the extrapolated third-harmonic output power versus the
input power.

Constellation Distortion

The nonlinear characteristics of power amplifiers introduce two types of distortion: AM/AM
(amplitude modulation/amplitude modulation) and AM/PM (amplitude modulation/phase
modulation) effects. They result in output signal amplitude and phase modulation when the
input signal envelope fluctuates. This can bring about severe signal constellation distortion,
especially when non-constant-envelope modulation schemes are used, which is very often
the case in spectral-efficient communication systems.

Inter-Modulation Distortion

Using a single tone as the input of a nonlinear PA, the output waveform will contain the
original sine wave as well as its harmonics. These harmonic terms can be eliminated by
filtering. However, when more than one tone is present, the distortion may be at the same
frequency as the input signal. These distortions are known as inter-modulation distortion
(IMD), which cannot be eliminated by filtering.

4.4 Channel Model

Considering all the above effects and the multipath fading channel, an equivalent channel
model for baseband transceiver design can be constructed. Figure 4.13 illustrates the block
diagram of one such baseband channel model. The model includes all the effects discussed
above, namely PA nonlinearity, multipath fading, AWGN, CFO, SCO, phase noise, 1Q
imbalance and DC offset.
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Figure 4.13. Equivalent baseband channel model

4.4.1 Model for Front-End Impairments

Power Amplifier Nonlinearity

A very popular nonlinear power amplifier model is proposed by Saleh [11]. It is a nonlinear
memoryless transformation between the complex envelopes of the single-tone input and the
single-tone output signals. The amplified signal can be expressed as

(1) = y(1)G(ly()]), (4.30)

where the amplifier gain is given by

(4.31)

Obviously, the AM/AM and AM/PM effects are now modeled as two functions: A(-) and
®(-). For a typical traveling-wave-tube amplifier, they are modeled as

V&
Alr) =— 4.32
() =115 (432)

2

1)¢l"
D(r)=—— 4.33
") = (4.33)

where v, is the small-signal gain. In [5], a plausible choice of the parameters is given and
vy = 1,1, =0.25,v5 = /12 and n, = 0.25.



76 OFDM Baseband Receiver Design for Wireless Communications

For a solid-state PA, the two functions become [5]

A(r) = 1t (our g P (4.34)

Vgl

4
P(r) = vy (—) : (4.35)
Ao
where p controls the transition from the linear region to the saturation region.

Carrier Frequency Offset

In an equivalent baseband channel model, the CFO can be simulated by multiplying
exp(j2Aft) to model the phase rotation, where Af is the CFO. The formula can be
implemented by a phase accumulator with input equal to Af and its output connected to a
phase-to-complex-sinusoid converter. Then, a complex multiplier rotates the baseband signal
using the generated complex sinusoidal waveform.

Phase Noise

The Wiener phase noise effect can be simulated by a phase accumulator whose input is a
Gaussian random number with a predefined variance. The phase accumulator output can be
combined with the phase of the CFO model mentioned above. Then, both the phase noise
model and the CFO model can share one set of complex sinusoid generation and complex
multiplication.

1Q Imbalance

IQ imbalance can be simulated by computing the gain and phase imbalance and applying
them to the baseband signal by means of several real multipliers and adders.

DC offset

The DC offset can be simulated by inflicting a time-invariant DC offset to the baseband
signal using complex addition. The dynamic DC offset is usually harder to model, as it is
quite random. One can use a slowly varying sinusoidal waveform and/or some randomly on—
off rectangular waveform to model dynamic DC offset.

Sampling Clock Offset

To simulate the SCO in the baseband equivalent channel, one can use interpolation to generate
samples at times that are not at exact multiples of the sampling interval. An ideal interpolator is
a digital filter whose impulse response is a sinc function. However, it has infinite taps and is
non-causal. Therefore, a low-complexity piecewise parabolic interpolator (Farrow structure)
[12] is often adopted to model the SCO effect in the baseband equivalent channel. Note that
though the Farrow structure is simple and easy to implement, it can cause severe magnitude
degradation, especially for high-frequency components of the signal. As such, a fractional-
delay all-pass filter, which has a very flat frequency response, can be adopted instead [13].



Signal Propagation and Channel Model 77

Additive Noise

Electronic and thermal noises are inherent in wireless channels and analog circuits in the RF
front-end. Flicker noise and shot noise are also major sources of noises in electronic devices.
For simplicity, however, in a baseband channel model, all noises are combined and modeled
as an additive complex Gaussian random process. The real part and imaginary part are
independent and identically distributed with zero mean and variance a%, /2.

4.4.2 Multipath Rayleigh Fader Model

Stationary Multipath Model

In a stationary multipath model, the delays, magnitudes and phase shifts of all the paths are
randomly decided but are constant throughout. A well known power delay profile was
proposed by Saleh and Valenzuela [14]. In their model, signals along different paths arrive in
clusters and the first arrival time of each cluster is modeled as a Poisson process with rate A.
Within each cluster, subsequent individual paths arrive according to another Possion process
with rate A. Typically, A > A; hence, each cluster contains many paths. According to the
model, the conditional probability density functions of the /-th cluster and the r-th path of the
[-th cluster are given, respectively, by

p(TTi-y) = Ae™AMT-Te0) 1 =12, (4.36)

and

POy = ae N 1 r=1,2,. (4.37)
where T; is the arrival time of the [-th cluster and T,(l) is the arrival time of the r-th path,
measured from the beginning of the I-th cluster.

Given an instance of all arrival path delays, the corresponding channel impulse response
takes the form of

=3

=0 r

b, S(r —T; — 70 ZZ,B eris(r — T, — 7). (4.38)
1=0 r=0

Mg

Il
o

The phase shift of the r-th arrival path in the /-th cluster, 6,;, is a uniform random variable
over [0, 27) and the magnitude of the gain of that path is 8, ;, which is a Rayleigh-distributed
random variable, whose mean-squared value is described by the double-exponential decay
formula given by

L= Bre el (4.39)

where f? is the average power of the zeroth path of the zeroth cluster, and I'; and I', are
power decay time constants for the clusters and paths, respectively. In principle, the number
of clusters and the number paths in one cluster can both be infinite. However, practically,
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they should be chosen appropriately, according to the effective delay spread of the channel
being modeled.

Non-Stationary Fading Model

To model the time-varying characteristic of a non-stationary channel, it is necessary to
include a time-varying random process for each path gain, shown as y, in Figure 4.13. A
fading model that assumes many uniformly distributed scattering objects around the receiver
was proposed in 1974 by Jakes [15]. Under such an assumption, a fading waveform can be
modeled as a sum of sinusoids. When a pure tone is passed through this fading model, the
auto-correlation of the received signal becomes a Bessel function in f,,7, where f, is the
maximum Doppler frequency and 7 is the time difference. Taking the Fourier transform of
this auto-correlation function, an approximation to the classical U-shaped Doppler spectrum
of Equation (4.16) is obtained.

However, the original model suffers from non-zero cross-correlation between the multiple
fading waveforms that it generates. Hence, in [15], a modified model with zero cross-
correlation among generated fading waveforms was proposed. With N a power of two, the
formula for the r-th fading waveform generated by this model takes the form of

[2 S
y, (1) = ﬁo Ay (cos ¢; + jsingy) cos(2mfit + 6,), (4.40)
=1

where No = N/4; ¢, = Inw/No; fi = fmcosay; ap = 2n(l —0.5)/N; 6,; is a random phase
shift uniformly distributed in [0,27); and A,; denotes the /-th element of the r-th Walsh-
Hadamard codeword with length Ny. Given that log(Ny) = s + 1, the length-N, Walsh-
Hadamard code is an orthogonal code given by

_ rslstrs1ls—1++rolo
Ar I (_ 1) ’

where
r=r24r 27 44,
=12+ 112 4o 4D,
and ry, r_y,- -+, ro,ls,ls—1, - - -, o are binary numbers that equal either 1 or 0. Note that the

Walsh-Hadamard codewords are orthogonal to one another:

1 No—1
]
No =5 "

I, r=1,

o r2l (4.41)

4.4.3 Channel Models Used in Standards

Generally speaking, channel power delay profiles that can be used to evaluate and compare
receiver quality are usually specified in wireless communication standard documents. For
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example, in cellular communications, the GSM standard and the third-generation partner
project (3GPP) both specify several different modes of operations and their associative
channel models [16,17]. In broadcasting, DVB-T standard also specifies two different
channel models for the developers to test and evaluate receiver designs [18]. The original
802.11 wireless LAN standard used the Saleh and Valenzuela cluster model and generated
channels of different RMS delay spreads for simulation. In the recent IEEE 802.11n task
group, the cluster model is extended to MIMO transmission scenarios [19]. In the following,
details about some of these channel models are presented.

3GPP

The 3GPP provides several models to facilitate computer simulation of 3G receivers under
development [17]. The channel impulse response is assumed to be

h(r;1) = > h(D)8(7 = 7). (4.42)

The path gain £,(¢) is the product of the pass loss B, and the fading waveform y, (), which
has a Rayleigh-distributed magnitude and the classical Doppler spectrum specified in
Equation (4.16). If a direct wave exists, which corresponds to a non-fading path, y,(t)
becomes a sinusoidal wave with the specified Doppler frequency. The default mobile speeds
for the different scenarios suggested by 3GPP are listed in Table 4.1. The models for the
typical urban, rural area and hilly terrain scenarios are listed in Tables 4.2, 4.3 and 4.4,
respectively [17].

802.11n Wireless LAN

The IEEE 802.11n is the next-generation high-throughput wireless LAN using the multiple-
antenna technology. In [19], channel models for single-antenna RX-TX (SISO) as well as
multiple-antenna (MIMO) are provided. There are a total of six channel models: A, B, C, D,
E and F. In the models, several clusters are given and, for each path, not only the excess
delay and the power level, but also angle-of-arrival (AOA)/angle-of-departure (AOD) and
angle spreads (AS) at RX/TX are specified. Three channel models from [19] are listed in
Tables 4.5, 4.6 and 4.7. They correspond to models with delay spreads of 30, 50 and 100 ns,
respectively.

Table 4.1. Default mobile speeds for the channel

models

Channel model Mobile speed

Typical urban 3 km/hr
50 km/hr
120 km/hr

Rural area 120 km/hr
250 km/hr

Hilly terrain 120 km/hr
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Table 4.2. Channel model for typical urban area [17]

Tap Delay (p.s) Average relative power (dB) Doppler spectrum
1 0 —5.7 Classical
2 0.217 —-7.6 Classical
3 0.512 —10.1 Classical
4 0.514 —10.2 Classical
5 0.517 —10.2 Classical
6 0.674 —11.5 Classical
7 0.882 —13.4 Classical
8 1.230 —16.3 Classical
9 1.287 —-16.9 Classical
10 1.311 —17.1 Classical
11 1.349 —174 Classical
12 1.533 —19.0 Classical
13 1.535 —19.0 Classical
14 1.622 —19.8 Classical
15 1.818 -21.5 Classical
16 1.836 -21.6 Classical
17 1.884 —22.1 Classical
18 1.943 —22.6 Classical
19 2.048 —23.5 Classical
20 2.140 —24.3 Classical

IEEE 802.11n systems mainly operate in indoor environments, where the transmitter and
the receiver are usually fixed while people may move in between. Therefore, in [19], a new
Doppler spectrum is specified and

Sp(f) ]

x——,
1 4+ A(f /Brwms)

where Bryis is the Doppler spread and A is a constant. This Doppler spectrum for an indoor
channel is ‘bell’-shaped and is quite different from the classical U-shaped spectrum. Typical

(4.43)

Table 4.3. Channel model for rural area [17]

Tap Delay (ps) Average relative power (dB) Doppler spectrum
1 0 —-5.2 Direct path
JSp = 0.y

2 0.042 —6.4 Classical

3 0.101 —8.4 Classical

4 0.129 -9.3 Classical

5 0.149 —10.0 Classical

6 0.245 —13.1 Classical

7 0.312 —15.3 Classical

8 0.410 —18.5 Classical

9 0.469 —204 Classical
10 0.528 —22.4 Classical
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Table 4.4. Channel model for hilly terrain area [17]

Tap Delay (p.s) Average relative power (dB) Doppler spectrum
1 0 -3.6 Classical
2 0.356 —8.9 Classical
3 0.441 —10.2 Classical
4 0.528 —11.5 Classical
5 0.546 —11.8 Classical
6 0.609 —12.7 Classical
7 0.625 —13.0 Classical
8 0.842 —16.2 Classical
9 0.916 —-17.3 Classical
10 0.941 —17.7 Classical
11 15.000 —17.6 Classical
12 16.172 —-22.7 Classical
13 16.492 —24.1 Classical
14 16.876 —25.8 Classical
15 16.882 —25.8 Classical
16 16.978 —26.2 Classical
17 17.615 —29.0 Classical
18 17.827 —-29.9 Classical
19 17.849 -30.0 Classical
20 18.016 —-30.7 Classical

Table 4.5. Channel model C for IEEE 802.11n [19]. AOA, AOD and AS are all in degrees

Cluster 1 Cluster 2

Tap 7 Power AS AS Power AS AS

(ns) dB) AOA (RX) AOD (TX) (dB) AOA (RX) AOD (TX)
1 0 0 290.3 246 135 247
2 10 =21 290.3 246 135 247
3 20 —43 290.3 246 135 247
4 30 —6.5 290.3 246 135 247
5 40 —-8.6 290.3 246 135 247
6 50 —10.8 2903 246 135 247
7 60 —13.0 290.3 246 135 247 -5.0 3323 224 564 225
8 70 —152  290.3 246 135 247 -7.2 3323 224 564 225
9 80 —17.3  290.3 246 135 247 -9.3 332.3 224 56.4 225
10 90 —195 2903 246 135 247 —115 332.3 224 564 225
11 110 —13.7 332.3 22.4 564 225
12 140 —15.8 332.3 224 56.4 225
13 170 —18.0 3323 224 564 225
14 200 —20.2 332.3 22.4 564 225
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Doppler spread is given at about 6 Hz for a 5.25-GHz center frequency and 3 Hz for a 2.4-
GHz center frequency.

For each tap in the profile of a specific channel model, the extension from SISO channel to
MIMO channel is quite elaborate and involves several steps, as follows [19-21]:

e generate independent fading waveform;

e calculate a matrix specifying the correlation properties of all pairs of TX and RX antennas
using the AS, AOA and AOD; and

e construct the correlated fading waveforms for all pairs of TX/RX antennas.
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Synchronization

Synchronization is a major task in wireless communication receivers. Normally, the
phase and frequency of the carrier signal as well as those of the digital clock signal
must be retrieved and maintained at all times to ensure reliable receiver operation.

5.1 Introduction

The synchronization issue is inevitable in all signal transmission systems. In digital
transmission, though the bit streams are inherently discrete-time signals, all physical
media, such as radio channels or transmission lines, are continuous-time in nature. In
wireless communications, most physical transmission media are inefficient in transmitting
baseband signals. Consequently, the digital baseband transmitted signal has to be converted
to a continuous-time waveform and then modulated by a higher-frequency carrier signal.
After the modulated signal passes through the physical media, several inverse processing
procedures, including sampling/digitization and demodulation, are applied. Figure 5.1
illustrates a simplified diagram of a wireless communication system.

In wireless communication receivers, coherent demodulation needs to make use of a
local oscillation (LO) signal that has exactly the same carrier frequency and phase as the
carrier signal contained in the received signal. Furthermore, accurate sampling clock
frequency and phase allow the demodulator to recover the transmitted digital data more
effectively. Unfortunately, the receiver is unsynchronized with the transmitter most of the
time and thus does not have matching timing reference from which the carrier signal and
the sampling clock signal can be regenerated. As is often the case, the receiver derives its
LO and clock signals from a controlled oscillator. As such, oscillator mismatch causes
carrier frequency/phase error and clock frequency/phase error. In reality, the controlled
oscillator not only cannot maintain a stable frequency/phase in its output signal, but also
suffers from time-varying phase noise. Even with perfect oscillator matching, the unknown
propagation delay between the transmitter and the receiver introduces additional phase
offset in the LO and the clock signals. Besides, the Doppler effect due to relative motion
between the transmitter and the receiver imposes additional frequency shift on the received
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Figure 5.1. Block diagram of a simplified wireless communication system

signal. All these unavoidable impairments undermine the demodulator performance and
can even render the demodulator useless if they are not properly tackled. OFDM
communication systems, based on the orthogonality among subcarrier signals, are more
vulnerable to these synchronization errors than conventional single-carrier communication
systems.

This chapter will discuss synchronization errors and explain their respective effects.
System performance degradation due to synchronization errors will also be discussed. In the
past, numerous algorithms that tried solving the synchronization issues in OFDM systems
have been developed. These algorithms will be covered according to the type of synchro-
nization errors that they solve. Finally, several effective schemes for time-domain and
frequency-domain synchronization error compensation will also be treated.

5.2 Synchronization Issues
5.2.1 Synchronization Errors

Figure 5.2 illustrates possible synchronization errors in OFDM baseband signals. For clarity,
noise, fading and interference are not considered:

e Carrier frequency offset (CFO), Af, causes the received complex baseband signal to rotate
at a frequency of Af.

e Carrier phase error, ¢(t), introduces an additional phase rotation term in the received
complex baseband signal.

e Sampling clock offset (SCO), §, results in sampling the received continuous-time wave-
form at an interval of (1 + §)7; instead of the ideal T.

e Symbol timing offset, T,, refers to the error in the symbol boundary at the receiver from the
actual boundary in the received waveform.

5.2.2 Effects of Synchronization Errors

OFDM systems have efficient spectrum utilization due to the overlapping spectra of
subcarrier signals. However, this is only true when the orthogonality among subcarriers is
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Figure 5.2. Synchronization errors in OFDM baseband signals

preserved, namely, when there is perfect carrier and clock synchronization. If this is not
the case, system performance will be degraded due to inter-symbol interference (ISI) and
inter-carrier interference (ICI). In the following, synchronization errors and their effects on
the received frequency-domain signals will be discussed in detail.

An OFDM baseband symbol is generated by modulating N complex data using the inverse
discrete Fourier transform (IDFT) on N subcarriers. The subcarrier spacing is 1/7, where T
is the duration of N time-domain samples. Note that in order to combat ISI, a cyclic prefix of
N, samples is inserted at the beginning of each symbol. Consequently, each OFDM symbol
has N + N, samples. The n-th time-domain sample of the i-th transmitted symbol can be
expressed as

N/2
(N + N, Ts 1\7TA Ts =Xj, =— Xi ejZnnk/N
x(l( + g) + Ngls+n ) Xj, N Z % (5.1)
k=—N/2+1
]1:—Ng)...7N_‘l7

where x(f) is the transmitted signal, and X is the k-th complex-value frequency-domain
signal of the i-th symbol.

Assume that the received signal has been corrupted by a time-varying multipath fading
channel and the impulse response at time ¢ is given by

h(t,0) = 3 by (1) - 8(x — 7,(1)), (5.2)
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where t denotes the time delay variable; the gain and delay of the r-th path are denoted by
h, (1) and 7,(¢), respectively. By convolving the transmitted signal with the channel impulse
response and adding the channel noise, v(7), the received signal is given by

Zh x(t = 7.(t)) + v(2). (5.3)

Further assume that the channel is almost stationary, namely, %,(t) = h,, 7,(t) = 7,. The
frequency-domain channel distortion, Hy, becomes

Zh ¢TI (5.4)

Carrier Frequency Offset (CFO)

Given a carrier frequency offset, Af, the received continuous-time signal will be rotated by a
constant frequency and is in the form of

A
Zin = 2(1)*7 ﬁ|t:i(N+N§)Tx+Nng+nTx' (55)

The carrier frequency offset can be first normalized with respect to subcarrier spacing
(fs = 1/(NTy)) and then decomposed into the integral component (¢;) and fractional
component (¢): Af = (¢ +¢)fs and —0.5 < ¢ < 0.5. The received frequency-domain
signal then becomes

SIN(TT€r) WMo Ne( oy v
Zik = Xik—He—¢, - =—mery v ata) Ry

Nsin(%f)
N2 )
T Z X,H, sm(n(.q :—(éf{r:;llik) k)) eﬂ” i(N+Ng) +Ng(gl+£/)ejﬂN%((,+gf+]7k) (5.6)
I=—N/2+1,l#k—¢ N sin(=——)

+ Vig.

The second term of the above equation denotes the ICI, namely signals from other
subcarriers that interfere with the desired subcarrier signal. Also note that V;; is the channel
noise component in the k-th subcarrier of the i-th symbol. The fractional carrier frequency
offset, ¢, results in attenuation in magnitude, phase shift and ICI, while the integer carrier
frequency offset, ¢;, causes index shift as well as phase shift in the received frequency-
domain signals. Note that the phase shift is identical in every subcarrier and is also
proportional to the symbol index i.

Carrier Phase Offset

The carrier phase offset contains an initial constant phase offset between the transmitter and
the receiver as well as the phase noise from oscillators and other transceiver components.
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Usually, the phase noise in a receiver can be modelled as a Wiener-Lévy process [1] with a
power spectral density in the form of

_2_ 1
7B 2f 27
1+<§>]

where B defines the two-sided 3-dB bandwidth. The received frequency-domain signal with
a carrier phase offset, /(% t%)_ is given by

S(f) (5.7)

N
g P | — E Bin
Zl,k - Xl.kae] 0 (N £ e )

L o[ 13 o ooty (5.8)
§ § in o] ST (K=
+ Xi’]Hlelo N e/Pine s
I=—N/2+1,1#k n=0

+ Vi,ka

where ¢, , is the phase noise sampled at the n-th sample in the i-th symbol and ¢, is the
constant phase offset at the beginning of i-th symbol. The carrier phase offset has two
effects: ICI and extra phase shift. The latter is due to the constant phase offset and the
averaged phase noise. Note that as the 3-dB bandwidth of the phase noise becomes small
compared with the symbol rate, 1/T, the signal suffers less ICL. In other words, if the phase
noise is relatively constant within an OFDM symbol, there is very little ICIL.

Sampling Clock Offset (SCO)
If the received continuous-time signal is sampled at an interval of (1 + §)7 rather than the
ideal T, then the n-th received sample of the i-th symbol takes the form of

Zin = ZOlmivang) ()TN, (1) Toan( 4oy, 1= —Ngy o, N = 1. (5.9)

Assume that there is no ISI contamination inside the DFT window; then the k-th frequency-
domain received signal of the i-th symbol is given by

sin(7wdk) ., NN tNg o N1
Zi,k — Xi,ka ( ) 27T & 6ke/7r ~ ok

N sin(Z)
N/2 : .
Y X 5111(77'((1”(4(‘1 fgf;{)k)) 2P ey el (148)1k] (5.10)
I=—N 211 Ik N sin(=—x—)
+ Vik.

From Equation (5.10), it is clear that the sampling clock offset, §, causes magnitude
attenuation and phase shift in the transmitted signal. Note that the phase shift has constant
increment proportional to k and § as the symbol index i increases. Besides, inter-carrier
interference (the second term in the above formula) is also introduced.
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Figure 5.3. Scenarios of DFT window location

Symbol Timing Offset

Assume that the channel maximum excess delay t,,, is shorter than the guard interval; the
DFT window adopted in the receiver can have several scenarios, as shown in Figure 5.3.
When the DFT window is too early (by 7;) and the signal in the window is not contaminated
by the previous symbol, the transformed received signal is still free of ISI. In this case,
additional phase shift is introduced in the transformed signal and

Zk — Xkae*jz”Tdk/(NTQ + Vk> (511)

where Z;, Xy and V; are the received frequency-domain signal, the transmitted frequency-
domain signal and the noise signal of the k-th subcarrier, respectively. Note that without loss
of generality, one can consider only one symbol; hence, the subscript i is dropped.

On the other hand, when the DFT window leads or lags by a large degree, ISI will be
introduced and both the magnitude and phase of Z; will be distorted [2]:

V- Mal/Zs g‘”/ Is gpntib/ 6T 4 181 1 v, (5.12)

Z = X H;
Note that there exists a slight decrease in the transformed signal magnitude. This is because
of the N samples collected for DFT operation; only N — |T,|/T; samples are from the desired
symbol. The contribution of the other samples is expressed in the ISI term.

5.2.3 Consideration for Estimation and Compensation

In OFDM receivers, signal processing can be applied ‘in the time domain’ or ‘in the frequency
domain’. For receiver synchronization, the issue is where to estimate and where to compensate.
In the time domain or in the frequency domain? For this question, the receiver designer needs
to consider transmission types, system resources, latency, performance and other factors.
The transmission types can be categorized as packet-based or frame-based. In the packet-
based systems, such as the IEEE 802.11a/g wireless LAN, user data are organized into
packets, and the maximum length of one packet is limited so that channel impairments and
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synchronization parameters remain almost stationary within one packet. Each packet starts
with some preamble signals to facilitate receiver synchronization. What follows is the header
that contains important packet information, such as modulation type, code rate, packet length,
etc. After the header, the user data then compose the rest of the packet. With such a packet
structure in the 802.11a/g wireless LAN, the receiver must be ready for signal detection right after
reception of the preamble signals. This makes it necessary for the synchronization block to
response promptly, namely to estimate and compensate for synchronization errors in the received
signal as quickly as the signal is received. Because the DFT block requires many cycles to
compute the frequency-domain signal, most synchronization tasks of the 802.11a/g receiver are
usually conducted in the time domain. Moreover, the preamble signals are periodic repetitions and
have a good auto-correlation property, making time-domain signal processing preferable.

In the frame-based OFDM systems like digital audio broadcasting (DAB) and digital
video broadcasting-terrestrial (DVB-T), data are transmitted continuously. The receiver can
spend longer on synchronization before the users notice anything. However, since the
receiver may be in operation for quite a while, tracking mechanisms with adaptive
compensation for time-varying channel effects and impairments are necessary. Therefore,
for the receivers of frame-based OFDM systems, the designers have more latitude in
choosing where to estimate the synchronization errors and where to compensate them.

Although the aforementioned synchronization errors mainly incur phase shift in the
received frequency-domain signals, ISI and ICI are two sources of interference not to be
taken lightly. To mitigate the ISI, it is necessary to adjust the DFT window to within the ISI-
free region. Likewise, time-domain CFO/SCO compensation is mandatory when ICI is to be
suppressed. Finally, frequency-domain estimation algorithms often have limitation in their
capability and one must ensure that the synchronization errors are within the frequency-
domain estimators’ limits. Usually, this is achieved through time-domain estimation/
compensation of coarse synchronization errors.

In OFDM receivers, both the CFO and SCO estimation/compensation blocks are phase-
locked loops. Loop delay can play an important role in the convergence performance of a
phase-locked loop. In OFDM receivers, frequency-domain synchronization estimation experi-
ences delay of about two symbols—one symbol duration for FFT operation and another one for
bit-reverse reordering of the transformed signals [3]. Hence, a synchronization loop that adopts
time-domain compensation based on frequency-domain estimation results can expect no less
than two symbols of loop delay, making it harder for the loop to converge.

5.3 Detection/Estimation of Synchronization Errors

In this section, various time-domain and frequency-domain algorithms for estimating
synchronization errors mentioned in the previous section will be described.

5.3.1 Symbol Timing Detection

As soon as the receiver starts up, it must search for the presence of OFDM symbols in the
received signal. Usually, symbol detection exploits some form of repetition in the received
OFDM signal. This can be the cyclic prefix inserted in the guard interval or the preambles
consisting of identical periods, such as the preambles of IEEE 802.11a/g and the IEEE
802.16e-2005 OFDM mode signals, as shown in Figure 5.4. In the figure, ‘CP’ refers to
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Figure 5.4. Time-domain periodic repetitions in (a) general OFDM symbols, (b) preambles of IEEE
802.11a and (c) preambles of IEEE 802.16e-2005 OFDM mode

the cyclic prefix and the number inside the block indicates the number of samples in one
period.

Taking advantage of the repetition in OFDM signals, numerous symbol (timing) detection
schemes have been proposed. However, due to CFO, SCO and other channel impairments,
these schemes often achieve only coarse symbol timing detection. Additional timing
refinement algorithms must be implemented to improve timing accuracy in the receiver
and avoid ISI completely. In other words, usually, there are two phases of timing
synchronization in OFDM receivers: initial coarse symbol timing detection and ensuing
fine symbol timing detection.

Coarse Symbol Timing Detection

Denote the received time-domain baseband samples under consideration, z,,,m =0, 1,---.
Let the repetition interval length be denoted as R and the separation between two adjacent
intervals be defined as L.

Delay and Correlate

The delay and correlate (DC) algorithm for the symbol timing detection algorithm is quite
straightforward. It searches for repetition in the received signal using a correlator and a
maximum searcher. The time index of the sample with the maximum auto-correlation of the
received signal is found by [4]:

R—1
Opc(m) = | Y zm—rZprirls
; t (5.13)

mpc = arg max ®pc(m).
m
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This DC algorithm is simple in complexity, but there are a couple of drawbacks. First of all,
the peak magnitude of the ®pc(m) in different symbols may fluctuate because the power of
Z,, varies with time. Secondly, when the correlation window moves away from the repeated
periods, the magnitude of the correlator output may not fall off as expected, since the
correlation between two unrelated segments of noisy OFDM signal is random, especially
when the SNR is low. In this case, low correlation length (R) can lead to a large error in the
detected symbol boundary.

ML Metric

A maximum likelihood (ML) timing synchronization algorithm for OFDM receivers is
proposed in [5]. Based on the assumption that the received signals are uncorrelated except
for the replicas, this method evaluates

R-1 R-1
v (m) =21 Y Zn-rzp il = P Y (zm—r + zmrs ),
r=0 r=0 (514)

iy = arg max Oy (m),
m

where
A 1

1 (0207 5-15)

0

and o2 /o? is the signal-to-noise ratio (SNR). The complexity of the ML algorithm is quite
high because of the hardware for estimating p. Besides, error in SNR estimation often
renders it less reliable than other methods.

MMSE Metric

A minimum mean squared error (MMSE) criterion for joint symbol and carrier frequency
synchronization that exploits the periodicity of the signal was proposed in [6]. The metric for
searching symbol boundary is given by

R—1 , R—1 ) R—1
Dyimise (m) = Z |zm—r|” + Z |zm—r—r|” — 2| Z Zm—rZm_r_ |,
r=0 r=0 r=0

PIMMSE = arg mnin Dyvse(m).

(5.16)

Note that the MMSE metric is equivalent to a special case of the ML metric with p = 1. In
the ML and MMSE symbol timing detection algorithms, consideration of the signal power,
|zm_,.\2 and |zm_,_L\2, indeed improves the timing uncertainty related to the received signal
power fluctuation in the delayed correlation algorithm. Moreover, it has been shown that
both ML and MMSE algorithms outperform the delay and correlate algorithm in symbol
timing detection [7].

Normalized Metrics
Another group of symbol timing detection algorithms adopt a power-normalized metric. The
metric was first proposed by Schmidl and Cox [8]. This method uses a preamble that consists
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of two identical segments, each of which has N/2 samples. The symbol timing detection
metric takes the form of

N/2-1 2
B 12250 Tyl

(Ve lamir?)?

The maximum of ®g(m) indicates the end of the preamble.

Minn et al. [9] proposed a more general preamble structure consisting of U identical
segments with different polarities. The sign of each segment is assigned with a view to
achieving the steepest possible roll-off correlation. For U = 4, a typical preamble has the
following form,

s (m) (5.17)

[~A A —A — A, (5.18)

where A is the preamble segment with N /4 samples. The timing detection metric for this
preamble is given by

2 N/4—1 B 2
41 s s+ D) Y g eyl

Dyi(m) N1
3 (Zi:o Zr:/() |mer7uN/4‘2)2

7 (5.19)

where s(u) is the sign of the u-th preamble segment.

The main drawback of the delay-and-correlation, ML and MMSE algorithms is that
when the preamble has more than two identical segments (e.g. the short preambles in
IEEE 802.11a/g and IEEE 802.16e-2005), there will be a plateau or a wide basin in the
correlator output waveforms. The same phenomenon can also be observed in the
Schmidl’s algorithm. The width of the plateau or the basin is approximately (depending
on the SNR and the thresholds that decide the two edges) equal to the length of the
extra cyclic prefix/segments minus the length of the channel maximum excess delay.
Figure 5.5 illustrates this effect for the three algorithms under an AWGN channel with
zero channel excess delay. Theoretically, the plateau/basin indicates the ISI-free region
for the DFT window. In reality, however, noises contained in the received signal may
cause the maximum/minimum to drift away from the optimal point. Consequently, a
moving average with a length longer than the plateau/basin helps to filter out the noise
component and improve the detection accuracy. Another remedy is to use a longer period
in the preamble and thus a longer window of correlation. This effectively enhances the
signal-to-noise ratio of the metrics and thus can also make the timing detection more
robust.

Figure 5.6 depicts waveforms of the Schmidl’s algorithm and the Minn’s algorithm [10].
The simulation was conducted under the perfect channel, namely no noise and channel
distortion, so as to illustrate the characteristics of the two normalized metrics. The OFDM
symbol has 1024 samples plus a guard interval of 128 samples. As is clear from the figure,
the Schmidl’s algorithm produces a plateau due to the extra cyclic extension of the guard
interval, while the Minn’s algorithm indeed does away with the plateau and has a sharp roll-
off in its metric.
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Figure 5.7. Diagram of the circuit that computes the DC metric
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It is worth mentioning that the windowed correlation of all the above metrics can be re-
formulated in a recursive form. For example, the delay and correlation output at sample
m + 1 can be obtained from the result at sample m by

R-1 R—1

* * * *
E R R ) S <§ Zerm—r—L> + (12111 = Gt 1-RZp i1 —p—1)- (5.20)
r=0 r=0

Note that only one complex multiplication, one addition and one subtraction are needed to
compute a new output. As an example of this hardware reduction, Figure 5.7 depicts the
architecture that computes the DC metric.

Fine Symbol Timing Detection

Usually, coarse symbol timing detection algorithms acquire only rough timing information,
and there may still exist a large timing error. A further refinement step that finds more
accurate symbol timing is therefore necessary. In the frame-based OFDM systems, averaging
over a number of symbols makes a viable solution, since there is large slack in the
acquisition time budget in this type of system and, as the averaging interval is extended, the
acquired timing information is more robust.

For the packet-based systems, unfortunately, an ISI-free DFT window must be derived as
soon as possible in order to proceed with tasks such as channel estimation and packet header
detection. If the fine symbol timing cannot be obtained in time, delay lines are needed to
buffer the received signal.

The mechanism for fine symbol timing detection mainly relies on matching the time-
domain received waveform with the preamble waveform to obtain the channel impulse
response (CIR) and then the optimal symbol timing. Another timing detection algorithm
obtains the channel impulse response from the estimated channel frequency response
through inverse DFT. However, this algorithm has long latency due to the need for the
extra inverse DFT operation.

Cross-Correlation

Instead of correlating the noisy received waveform with a delayed version of the noisy received
waveform, as in the coarse symbol timing detection algorithm, the receiver can correlate the
received noisy signal with the ‘clean’ preamble waveform using a matched filter [11]. The
optimal timing can be obtained by first computing the cross-correlation function

0-1
b (m) = sz+q Py (5.21)
g=0
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where Q is the length of the preamble and ¢ = 0, -- -, Q — 1, denote preamble samples. Then
find the location at which its maximum magnitude occurs:

MMax = arg max | D, (m)]. (5.22)

In practice, OFDM systems usually use a PN-code-like preamble in the transmitter; hence,
the preamble matched filter output also provides an estimate of the CIR [12], from which the
optimal symbol timing can be derived. Let the periodic auto-correlation function of a
preamble, p,, be defined as

®,,(n) = , (5.23)

0-1
qu .pr‘I—”]Q
q=0

where || o denotes the modulo-Q operation. As an example, Figure 5.8 shows the periodic
auto-correlation function of the long preamble in the IEEE 802.16e-2005 OFDM mode
system. Note that with only one-sample shift in the time index between the two waveforms
(n = £1), the attenuation is obvious, which is similar to that of the impulse function.
Therefore, the output waveform of the matched filter for such a preamble represents an
estimate of the channel impulse response.

Example:

Figure 5.9 depicts the simulated output magnitude of the matched filter when receiving a
preamble signal. The channel used in the simulation has three taps, each two samples
apart and 3-dB attenuation in power. Note that the simulated magnitude waveform indeed
resembles the three-tap channel profile used in the simulation.

Magnitude (dB)

3% -10 0 10 20
Deviation (sample)

Figure 5.8. Impulse-like auto-correlation function of the long preamble in the IEEE 802.16e-2005
OFDM mode



98 OFDM Baseband Receiver Design for Wireless Communications

o © o o o
w EN ) ) N

Magnitude

o
(™)

04}

Sample index

Figure 5.9. Resolved channel profile from a matched filter output

Another algorithm selects the earliest sample with magnitude greater than some threshold,
usually some percentage of the peak magnitude [13]. For instance,

ity = min{m| |D,(m)| > y|®z, (famax)|}, (5.24)

where 0 < y < 1 and |®_,(1imax)| is the peak magnitude of ®,,. The threshold (y) must be
chosen judiciously; it must be small enough to reject the IST and large enough to avoid false
alarm. In practice, using the first multipath component rather than later paths as the start of
the DFT window often reduces the probability of ISI contamination.

The architecture of a matched filter, which calculates one cross-correlation output sample
every clock cycle, is illustrated in Figure 5.10(a). This design is a transposed finite-impulse-
response (FIR) filter structure. A direct FIR filter structure moves all the delay elements to the
top branch and has a longer latency. Note that in both architectures, there are as many complex
multipliers as there are taps. The complexity can become prohibitive as Q gets large. In order
to reduce the complexity, quantizing both the input signals and the coefficients to shorter word-
length can help to strike a balance between accuracy and hardware complexity [14]. Another
low-complexity implementation is the correlator bank, as shown in Figure 5.10(b). Only one
complex multiplier and accumulator (MAC) is required for each correlation lag. As a result,
the needed hardware complexity is proportional to the search range.

Frequency Response Estimate

Another method of estimating the CIR is from the frequency-domain channel frequency
response [15]. If F~ ! denotes the N x N IDFT matrix, then the time-domain channel impulse
response h = [h (V/2)+1 h_ (N/2)+ hN/z] can be obtained by

h=F"'.-X"!.g (5.25)
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Figure 5.10. (a) Architecture of the transposed matched filter and (b) architecture of the correlator bank

where z = [Z,(Nmﬂ Z_(N2)s2t -ZN/Z]T is the received frequency-domain subcarrier data
and X is a diagonal matrix whose i-th diagonal element is the known transmitted signal at the
i-th subcarrier. Then, starting from izo onwards, once ﬁm exceeds a threshold, the index m is
regarded as the symbol timing. Note that this method introduces extra latency due to the
inverse Fourier transformation block.

Frequency-Domain Phase Shift

Symbol timing offset results in phase shift of the frequency-domain signals, as indicated in
Equations (5.11) and (5.12). Hence, frequency-domain signal phases can provide informa-
tion for fine symbol timing detection. Unfortunately, the frequency-domain signal phase is
also influenced by the channel phase. To get rid of the channel effect during timing offset
estimation, one can compute the phase difference between adjacent subcarriers, given that
adjacent subcarriers usually suffer similar channel fading and that the common channel
phase is eliminated. The symbol timing offset estimation is then obtained as

Fips = % z(Z(zkHz;)(xkﬂx,j)*) (5.26)

k

where / denotes the phase of the complex number; Z; and X; are the received frequency-
domain signal and the transmitted frequency-domain signal of the k-th subcarrier, respectively.
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All cross-correlation-based algorithms and frequency-domain based algorithms cannot
handle the signal with large residual CFO [13]. Thus, carrier frequency offset must be
compensated in advance. However, as will become evident in the following, the fractional
carrier frequency offset, ¢, can be jointly estimated when the coarse symbol timing is
detected. Hence, it can be compensated prior to the fine symbol timing detection. As for the
integer carrier frequency offset (¢;), several sets of matched filter/correlator banks, each
using coefficients modulated by different values of integer CFO, can jointly detect the
integer CFO and the fine symbol timing. For the frequency-response-estimate and the
frequency-domain-phase-shift methods, the integer carrier frequency offset causes a
frequency shift of subcarriers and renders them ineffective. Hence, compensation of the
integer CFO must be performed before the fine symbol timing operation.

5.3.2 Carrier Frequency Offset Estimation

Usually, the CFO is normalized with respect to the subcarrier spacing fs = 1/(NTy), where
T, is the sample period. The integer part of the normalized value is called integer CFO, while
the fractional part is called fractional CFO.

Fractional CFO Estimation

Maximum Likelihood Estimation

An estimate of the carrier frequency offset, if within a certain limit, can be obtained
simultaneously when the coarse symbol timing is acquired by the algorithms mentioned
earlier. The maximum likelihood CFO estimator is given by

27
27TLT <ZZW' rzm r L) (5 )

Note that the phase can only be resolved in [, 7], and the above formula estimates only
the part of the CFO that is within [—1/(2LT;), 1/(2LT,)] Hz. If L = N, then Af = &ff, the
part of the CFO that is within plus and minus half subcarrier spacing, a.k.a. fractional CFO.
In the case in which L > 1/(AfT;), frequency ambiguity occurs, and the total CFO must be
resolved by additional integer CFO estimation.

Example:

In the DVB-T system, there is no particular training symbol for symbol timing detection,
and the CP associated with each OFDM symbol is adopted for repetition detection.
Therefore, the distance L between two segments is equal to NV and the range of estimated
CFO is within [—0.5f5, 0.5f5]. In the IEEE 802.16e-2005 OFDM mode, the short preamble
has four repetitions, each having N/4 samples, and thus —2fs < Af < 2fs.

BLUE
If the preamble has U identical repetitions, where U > 2, then another best linear unbiased
estimator (BLUE) exploiting the correlation of the repeated segments is possible [16].
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Assume that there are R samples in a segment, so, in total, UR = N samples are available.
The BLUE estimation algorithm starts with computing several linear auto-correlation
functions with uR samples of delay:

1 N—1
> ity 0Su<K. (5.28)

m=uR

q)BLUE(u) = N — uR

Then, the phase differences between all pairs of two auto-correlation functions with delay
difference of R are computed

pu) = [H{PpLve(w)} — {Pprve(u — 1)}],, 1<u<K, (5.29)

where [-], denotes a modulo-27 operation and K is a design parameter less than U. Note
that each ¢(u) represents an estimate of the CFO, scaled by a constant. The smaller the
constant u, the better accuracy it achieves. To gain an effective CFO estimate, the BLUE
estimator uses a weighted average of all ¢(u) and computes

N U X
Af/fS = ZZ Wu¢(”)> (530)
u=1

where

(U—-u)(U—-u+1)-K({U-K)
K(4K? —6UK +302 —1)

w, =3 (5.31)

The optimal value for K achieving the minimal variance of A/\f is U/2. The range of
estimated carrier frequency offset is —Ufs/2 < Af < Ufs/2.

With some modification, this estimator can also be applied to preambles consisting of
several repeated segments with specific sign changes. With proper acquired symbol timing,
the received U segments of the preamble are multiplied by their respective signs, and then
the same method as the BLUE can be applied [9].

Integer CFO Estimation

In the IEEE 802.16e-2005 OFDM mode standard, the oscillator deviation is within +8 ppm.
With the highest possible carrier frequency of 10.68 GHz, the maximum carrier frequency
offset is about =171 KHz when the transmitter LO and the receiver LO both have largest yet
opposite-sign frequency deviations, which is also equivalent to £11 subcarrier spacing (fs).
In the 6-MHz DVB-T system, assuming that the oscillator deviation is within £20 ppm and
the carrier frequency is around 800 MHz, the maximum carrier frequency offset can be up to
+38 subcarrier spacing (fs) in the 8K transmission mode. From the previous discussion, it is
clear that the estimated carrier frequency offset obtained simultaneously in the coarse
symbol boundary detection has ambiguity in frequency. In the following, the algorithms for
resolving such frequency ambiguity in the estimated carrier frequency offset will be
presented.
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Time-Domain Correlation

In the 802.16e-2005 OFDM mode, the initial estimated carrier frequency offset is within
[—2f5,2fs]. Besides this estimation, additional frequency offset of +12f;, +8f; or +4f; is
possible given a CFO range of +11fs. In order to estimate this additional integer carrier
frequency offset, a matched filter matching the fractional-CFO-compensated received signal
against the modulated long preamble waveforms can be used [17]. The coefficients of the
matched filter are the complex conjugate of the long preamble and they are modulated by a
sinusoidal wave whose frequency is a possible integer CFO mentioned above. The output of
the matched filter will have a maximum peak value if its coefficients are modulated by the
carrier with the correct integer CFO. It is possible to deploy one such matched filter for each
possible integer CFO. In this case, seven matched filters are needed. In [17], the authors
proposed to use only one set of matched filter hardware that handles different integer CFOs
sequentially. In addition, as suggested previously in the symbol timing detection subsection,
the coefficients of the matched filter can be quantized to —1, 0, 1 to reduce hardware
complexity.

Example:

Assume that in an 802.16e-2005 OFDM mode system, the received signal suffers a carrier
frequency offset of 4.2 f5. As soon as the coarse symbol timing is detected, the fractional
carrier frequency offset of about 0.2 fg can be estimated and compensated. Then, the
compensated signal is passed to the matched filter with several sets of integer-CFO-
modulated long preamble as coefficients. Figure 5.11 depicts the matched filter output
waveforms for three cases of different integer CFO. It is clear that only the output
waveform with coefficients modulated by the carrier frequency offset of +4 fg has a
distinctive peak, indicating that the integer CFO is +4 f5.

Frequency-Domain Auto-Correlation

Besides the time-domain matched filter with modulated preamble method, there exist a few
integer CFO detection algorithms that resort to frequency-domain correlation. Let Z;  be the
received frequency-domain signal at the k-th subcarrier of the i-th symbol.

In the DVB-T signals, there are no special training symbols or preambles; hence,
continual pilot subcarriers are utilized for integer CFO synchronization. As the integer
carrier frequency offset causes frequency shift of the received frequency-domain signals, the
following correlation function between the signal values on a set of subcarriers of two
consecutive symbols can be computed to detect the continual pilot subcarriers [18-20]:

J—1
CDFDAC(g) = Zzi,q,'+gz;kfl,q/-+g7 8= 07 +1 ) iZ, Tty (532)
j=0

where the indices of J pilot subcarriers are denoted by o, j = 0,1, ---,J — 1. Note that if the
k-th subcarrier carries random data, then the product inside the summation of the above
formula is zero mean. On the other hand, if the k-th subcarrier carries a time-invariant
continual pilot value and if the channel is quasi-stationary, the product will have an average
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Figure 5.11. Matched filter output waveforms for three different values of integer CFO when the
received signal suffers an integer carrier frequency offset of +4 fg

magnitude equivalent to that of the squared pilot signal. The integer CFO can be found by
locating the subcarrier index offset g with the largest |Prpac(g)|:

g =arg m;lx | Prpac(g)]- (5.33)

The above scheme works quite well because the channel phase can be cancelled when the
channel is quasi-stationary. However, under fast-fading channels, the performance of this
algorithm will be much degraded. Furthermore, the magnitude of the ®ppac(g) becomes
attenuated if many of the subcarriers being considered are deeply faded. Hence, enough pilot
subcarriers are necessary to guarantee low probability of simultaneous fading on pilot
subcarriers. To implement this method, one complex multiplier and several accumulators are
needed. The computation complexity of the frequency-domain auto-correlation method is
thus lower than that of the aforementioned time-domain matched filter approach.

Frequency-Domain Cross-Correlation

In the OFDM systems, usually the frequency-domain pilot power is made larger than that of
the data subcarriers. The receiver can utilize such a property and find the set of subcarriers
with maximum overall power:

J—1
g =arg max Y |Zig ol (5.34)
8 -
Jj=0
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Although this algorithm uses only one symbol and thus can resist the impact of fast-fading
channels, frequency-domain channel response can influence its performance. Therefore, its
validity also depends on a large number of pilot subcarriers.

Frequency-Domain PN-Correlator

A low-complexity integer CFO detection algorithm adopting a differential PN-code encod-
ing on the pilot subcarriers is proposed in [21]. Let the length of the PN code be M and
denote it as ¢,,,m =0, 1,---,M — 1. Without loss of generality, let X,, = 1 and set

X,

i :C[j]Mon j:()ala"'a*]_za (535)

j 9

where [-],, denotes modulo M. The algorithm calculates

J=2
q)PN(g) = Zzi'“ergZ:a/JrlJrch]M ’ (536)
j=0
and the integer carrier frequency offset is given by
g = arg max Ppn(g). (5.37)
4

In contrast to the previous frequency-domain auto-correlation (FDAC) algorithm, this
approach can resist fast-fading channels to a much larger degree, since it considers only one
symbol. However, coherent fading between adjacent pilot subcarriers is implied in the
algorithm. If this is not true, then the effectiveness of the algorithm can be compromised. As
in the algorithms mentioned above, more pilot subcarriers make the probability of accurate
detection higher.

5.3.3 Residual CFO and SCO Estimation

Although the CFO in the received signal has been estimated and compensated in the
receiver, still some residual CFO may exist. Besides, the CFO contained in the received
signal may very well be time-varying and, thus, it needs to be continuously tracked. The
received signal also suffers from sampling clock offset (SCO), which may cause a gradual
drift of the safe DFT window in addition to extra phase shift in the received frequency-
domain signals. In the frame-based OFDM systems, both the residual CFO tracking and the
SCO tracking are inevitable, since the receiver may operate for a long while. In the packet-
based OFDM systems, however, the influences of these two offsets depend on the packet
length and the magnitude of the offsets.

The sampling clock offset may not be easily estimated from the time-domain signal.
However, it can be examined through the phase shift of frequency-domain pilot signals. The
residual CFO can also be estimated in a similar way. In many OFDM wireless communica-
tion standards, such as DVB-T, IEEE 802.11a/g and IEEE 802.16e-2005 OFDM mode,
dedicated pilot subcarriers are allocated to facilitate receiver synchronization.

As Equation (5.6) indicates, the phase shifts in the received frequency-domain data caused
by the CFO are identical at all subcarriers provided that the ICI is ignored. On the other hand,
the SCO causes phase shifts that are proportional to respective subcarrier indices. Figure 5.12
shows the simulated effect on the phase of the frequency-domain data of two adjacent OFDM
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Figure 5.12. Phases of subcarrier data in two OFDM symbols with carrier frequency offset equal to
0.05 subcarrier spacing, § = —100 ppm and Gaussian noise

symbols when the symbols are distorted by noise, CFO and SCO. The CFO is 0.05 fs and the
SCO ratio, §, is —100 ppm. The received data contain ICI and noise, and therefore the phases
deviate from the two ideal straight lines. Conventionally, the SCO can be estimated by
computing a slope from the plot of measured pilot subcarrier phase differences versus pilot
subcarrier indices [22]. Recently, joint estimation of CFO and SCO has also been studied
extensively. In the following, two joint estimation algorithms will be discussed.

Joint LLS Estimator

In [23], the linear least squares (LLS) algorithm is applied to the plot of pilot subcarrier
phase differences versus pilot subcarrier indices in order to obtain the intercept and the slope
of the best-fit line, which are related to the CFO and SCO, respectively. Assume that the pilot
subcarriers are symmetrical to the DC subcarrier. Define the phase difference between two
OFDM symbols at the pilot subcarrier o; as 6;:

0; = Z(Zi,ajZ;il’aj), j=0,1,---,J—1. (5.38)
The LLS algorithm for the residual carrier frequency offset and sampling clock offset is
given by

J—1
>0
=0

& = @ (5.39)
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and

(JZI 9;‘%‘)
5= /0 o (5.40)
N+N,
(271 T) <§) af)

Such an estimation algorithm that is based on the phase difference across two OFDM
symbols can remove the common channel fading terms in slow-fade scenarios. Conse-
quently, estimation schemes such as this can be applied before channel estimation and
equalization.

Joint WLS Estimator

Though the joint LLS estimation algorithm provides accurate estimation results in the
AWGN channel, diverse channel responses on the pilot subcarriers can render its estimation
useless. For instance, phases of several deeply faded pilot subcarriers, when entered into the
estimation of the joint LLS formulas, can contribute a large error in the estimation results.
On the other hand, the phases of those subcarriers with little fading are naturally more
reliable. Consequently, weighting the subcarrier data is advantageous, and data of deeply-
faded subcarriers should be assigned smaller weights to minimize their adverse effect on
estimation accuracy.

The weighted least squares (WLS) algorithm for joint estimation of CFO and SCO [24]
estimates the two offsets as

J—1 J—1 J—1 J—1
Jj=0 J=0 Jj=0 J=0
¢ = . (5.41)
NAN, J—1 J—1 J—1
(o) | () (S ) - (5
j=0 j=0 j=0

J—1 J—1 J-1 J—1
(Z Wj) <Z Wﬂj%’) - <Z Wj“j) (Z Wﬂj)
. =0 =0 =0 j=0
5— . (5.42)
J

and

The weight w; should be inversely proportional to the variance of phase error, which depends
on noise, ICI and the complex channel gain. Usually, the residual synchronization error is so
small that the ICI term can be neglected and w; depends only on the channel gain of the pilot
subcarrier:

w; o [Hy, | (5.43)
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In many wireless communication receivers, the CFO and SCO are derived from the same
oscillator source, such as receivers for the IEEE 802.11a/g WLAN standard. The joint
estimation algorithm can then be reduced to estimate one oscillator offset, 6. The normalized
CFO is € = § x f.T, where f. is the carrier frequency and T = 1/fs is the symbol time.
Furthermore, if the pilot subcarriers are uniformly distributed with a spacing of
D subcarriers, the phase difference 6; takes the form of

N+ N,
9,':27'[ * 8
: N

N + N,

:QHL
N

(@8 +€) + ¢
(5.45)
(JD +f.T)s + ¢,

where ¢; comes from ICI and AWGN. Then, the WLS estimate for § is reduced to

= DD (5.45)
T2 wi(D +f.T)

5.3.4 Carrier Phase Estimation

The carrier phase offset contains the constant phase difference between the received signal
and the receiver oscillator as well as the random phase noise caused by transceiver RF/
analog electronics. The constant phase difference is harmless and can be absorbed in the
channel response, which will be dealt with in the equalizer. Unfortunately, the phase noise
can result in unpredictable phase shift in the received frequency-domain signals. Pilot
subcarriers usually help to estimate the variation of the carrier phase in the frequency-
domain signals:

. Zia
b = z(Z m) (5.46)

J

where é&i is the estimated common phase error (CPE) of the i-th symbol, and IEI(,,] and X, are
the channel estimate and the transmitted data at the subcarrier «;, respectively.

The carrier phase estimation is important in the packet-based OFDM systems because in
these systems, the channel estimates are acquired in the beginning of a packet. Hence, by
examining the phase of the received pilot subcarrier signals, the phase-noise-induced
common phase error term can be obtained and then properly compensated. Carrier phase
estimation is also essential in the frame-based OFDM systems when the channel response
has to be interpolated along the time direction, such as channel estimates for data subcarriers
from those of the scattered pilots in the DVB-T system. Removing the common phase error
term diminishes noises contained in the estimated channel gains and, thus, more accurate
channel interpolation results can be achieved.

5.4 Recovery of Synchronization Errors

As the synchronization errors are estimated, the receiver will process the received signal to
remove or mitigate the effects from these errors. Clearly, orthogonality among subcarriers
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must be restored first, otherwise the ICI will be incurred and the receiver performance will
be deteriorated. Recently, the trend in communication transceiver implementation is to adopt
fully digital baseband processors. This means that free-running oscillators are used to
generate the carrier frequency as well as the sampling clock that drives the analog-to-digital
converters (ADC) and the baseband processor. The CFO/SCO, caused by oscillator
mismatch and the Doppler effect, is recovered by digital signal processing techniques
instead of adjusting the local oscillation (LO) frequency in the demodulator and the clock
generator. The following discussions will focus on the digital solutions of compensating the
OFDM synchronization errors, both in the time domain and in the frequency domain.

5.4.1 Carrier Frequency Offset Compensation

Equation (5.6) indicates that ICI arises due to fractional CFO, ¢;. In [25], analytic analysis
showed that in the AWGN channel and when the number of subcarriers is large, the SNR
degradation due to the fractional CFO, Dgng, is given by

10 , E,

7 dB. 547
310" (5:47)

Dsnr ~

In order to suppress the ICI and thereby reduce SNR degradation, the residual carrier
frequency offset must be sufficiently small. For example, when using the 64-QAM
constellation, it is better to keep the residual CFO below 0.01 fs to ensure that
Dsnr < 0.3 dB for moderate signal-to-noise ratio (E;/Np). On the other hand, when
QPSK is used, the residual CFO can be up to 0.03 f;.

Time-Domain Derotator

To compensate for the CFO and limit the residual CFO, a time-domain derotator is
commonly used. The derotator is simply a complex multiplier, which rotates the com-
plex-valued input by a phase. The phase for de-rotation is controlled by a numerical-
controlled oscillator (NCO) and it is fed to the multiplier in the form of cosine/sine values of
the phase. Ideally, the NCO should be running at a frequency that is the negative of the CFO
contained in the received signal so as to remove the CFO completely. In practice, this is
never true, since the CFO is not a constant and is buried in the signal with noises/
interferences, so the true CFO is not easy to come by all the time. Usually, a phase-locked
loop is adopted in the receiver for estimating and compensating the CFO. Through the
feedback loop, the residual error can be maintained within a certain level and the receiver
remains synchronized with the carrier.

Figure 5.13 depicts one baseband receiver with such a configuration. The frequency-
domain CFO estimator generates CFO estimates continuously, which may be contaminated
by noises and interferences. Then, a loop filter is used to filter out unwanted components.
Then, the filtered signal for frequency control is passed into the NCO, which outputs the
digital sinusoidal waveform to the complex multiplier. Note that the DFT and the bit-reversal
blocks induce long latency in the loop. In [26], the effect of extra loop delay is analyzed. The
analysis pointed out that the stability region of feasible filter coefficients becomes smaller
and that the loop bandwidth may be decreased. This is crucial in the acquisition mode when
a fast response is required. However, when it is applied in the tracking mode, the
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Figure 5.13. OFDM baseband receiver architecture with a CFO synchronization phase-locked loop
that uses time-domain compensation
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Figure 5.14. OFDM baseband receiver architecture using a frequency-domain interpolator to
compensate the carrier frequency offset

requirement of smaller jitter agrees with the narrower loop bandwidth. The above
demonstrates a good example, showing that, in most cases, trade-offs must be considered
in designing the architecture of an OFDM baseband receiver.

Frequency-Domain Interpolator

To avoid the long delay in the CFO frequency-domain estimation/time-domain compensa-
tion loop, the receiver can compensate the CFO in the frequency domain. In this case, a
phase rotator for compensating the frequency-domain receiver signals is inadequate, since
severe ICI may have been induced. As such, it is necessary to adopt a frequency-domain
interpolator [27], which interpolates among the received frequency-domain signals to get
signals at the exact frequencies and thereby mitigates the ICI. Such a receiver structure is
illustrated in Figure 5.14. The ICI terms are proportional to the coefficients of the sinc
function if rectangular window is applied to the time-domain-received signal before the DFT
operation. Consequently, near-by subcarriers affect the desired subcarrier to a greater extent.
The farther away a subcarrier is from the target subcarriers, the smaller the corresponding
induced interference. Interpolators with more taps can help to eliminate the ICI more
thoroughly and reconstruct the subcarrier in question. Note, however, that an interpolator
with many taps requires much higher complexity than the time-domain de-rotator.
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Figure 5.15. OFDM baseband receiver architecture with time-domain sampling clock offset
compensation using an interpolator

5.4.2 Sampling Clock Offset Compensation

ICI is also incurred by the sampling clock offset, as shown in Equation (5.10). To be precise,
signal attenuation and the magnitude of ICI are proportional to § and the subcarrier index k.
In [28], the SNR degradation in the k-th subcarrier, Dgng «, due to the SCO is analyzed and is
given by

1 E,
Dsxrx ~ 101ogo (1 + 3(n5k)2N> dB. (5.48)
0

The formula is derived under the assumptions that the number of subcarriers is large; the ICI
is the dominant factor; and the channel is AWGN. Evidently, substantial degradation in SNR
occurs at the subcarrier with larger index k.

Time-Domain Interpolator

In the OFDM communication systems with a large number of subcarriers such as the DVB-T
system with 8K subcarriers, time-domain SCO compensation should be adopted. Otherwise,
signal distortion in the high-frequency subcarriers will become unbearable. To this end, an
interpolator capable of calculating samples with fractional delay is a possible solution. The
block diagram of such an OFDM baseband receiver is shown in Figure 5.15.

The ideal interpolator to implement fractional delay uses the sinc function as its
coefficients:

sin(7rx) ’

sinc(x) = (5.49)

X
Unfortunately, the sinc function is infinitely long and noncausal, making it infeasible in real-
time implementation. Nevertheless, it elicits other interpolator solutions to the fractional
delay problem. Among the various types of interpolators, the polynomial-based interpolators
are more advantageous [29]. The polynomial-based interpolators usually have good
frequency characteristics. In addition, their coefficients are easily computed online, making
them amenable to real-time implementation.
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Figure 5.16. Frequency-domain magnitude response of the piecewise-parabolic interpolator with
different fractional delays (u,,)

Among different polynomial orders, the second-order piecewise-parabolic interpolator has
adequate complexity as well as moderate magnitude distortion when compared to the first-
order linear interpolator and the third-order cubic interpolator. Assume that a sampling clock
offset ratio 8 is detected, and that the interpolator needs to re-sample the signal (z,,) with a
sample interval of 1-§. The interpolator output (re-sampled signal), g, is formulated as

qn = Tm,+2 * (_OSM”[ + 05“’&) + Zmy+1 (ISM,, - 05/"%)

(5.50)
+ 2, - (1 = 0.5, — 0.502) + 2z, -1 - (=051, +0.5u2),
where m, = [n(1 —§8)] and u, =n(l —=8) —m,, 0 < pu, < 1.

The magnitude responses of the above interpolator for different fractional delays are
plotted in Figure 5.16. The piecewise-parabolic interpolator introduces magnitude shaping in
the frequency domain, which must be handled by the equalizer. Also note that the magnitude
distortion depends on the fractional delay, u,. Therefore, the equalizer coefficients need to
be adjusted according to the time-varying interpolator magnitude frequency response, even
though the channel is stationary. Finally, the subcarriers in the high-frequency band are
subject to severe attenuation and, hence, usually, the signal needs to be over-sampled.

All-Pass Fractional-Delay Filter

A finite-order all-pass digital filter with a near-linear phase response that corresponds to a
fractional-sample delay can be the ideal solution to SCO compensation. In general, the
infinite impulse response (IIR) filter structure can achieve unit magnitude response (all-pass
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Figure 5.17. OFDM baseband receiver architecture that uses the frequency-domain phase rotator for
SCO compensation

criterion) more easily. The transfer function of one such class of all-pass digital filters is
given by
MA@ e M(ag+arz+ - +ayd)

H(z) = - , 551
@) A(z) ag+aiz7' + - +ayz™V (5:51)

where N is the order of the digital filter; the numerator polynomial is a mirrored version of
the denominator A(z); and the coefficients are assumed to be real-valued. To implement a
fractional-delay filter, it is imperative to make the phase response of the filter as linear as
possible. Besides, since this type of filter has the IIR structure, their stability must be
carefully examined. An all-pass fractional-delay filter with maximally flat group delay at
zero frequency has been proposed [30]. The coefficients of such a filter that corresponds to a
fractional delay (d) take the form of

“k:(_l)k(i)ﬁ’ k=0,1,2....N, (5.52)

where d is in the range [—0.5,0.5], and (d), is the k-term product of d,(d + 1),---, and
(d4+k—1). In SCO compensation, the fractional delay is time-varying and thus the
coefficients must be computed constantly, which may require considerable hardware
complexity [31]. Fortunately, the fractional delay is usually expressed as a fixed-point
number and thus coefficients can be stored in tables addressed by d. Such an implementation
can greatly reduce the complexity of the SCO compensation block [32].

Frequency-Domain Rotator

In the case in which the OFDM communication system has few subcarriers or when the SCO
can be controlled within a very small range, the ICI term can be ignored. Hence, only the
phase shift of the received frequency-domain signal, which is proportional to the subcarrier
index, needs to be corrected. A frequency-domain phase rotator is inserted before the
equalizer to reduce the loop latency as well as to avoid the magnitude distortion. The OFDM
receiver that uses frequency-domain phase rotator for SCO compensation is depicted in
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Figure 5.17. In this receiver, the sampling clock offset estimate is first filtered and then
integrated to generate the fractional delay. Subsequently, the fractional delay is used to
correct the phase shift of the subcarrier data. Meanwhile, the DFT window is adjusted when
the fractional delay overflows (> 1) or underflows (< 0).
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6

Channel Estimation
and Equalization

Channel estimation provides information about distortion of the transmission signal
when it propagates through the channel. This information is then used by
equalizers so that the fading effect and/or co-channel interference can be removed
and the original transmitted signal can be restored.

6.1 Introduction

Channel estimation plays an important role in a communication receiver. In order to mitigate
hostile channel effects on the received signal, precise channel estimation is required to
provide information for further processing of the received signal. Channel estimators can be
categorized as non-data-aided or data-aided. Non-data-aided or blind channel estimators
estimate channel response by statistics of the received signals. No specialized reference
(training) signals are needed and the transmission efficiency is retained for systems using
such channel estimation schemes. However, without precise knowledge of the transmitted
signals, a large number of data must be collected in order to obtain reliable estimation. On
the other hand, the data-aided channel estimators require known reference (training) signals
to be transmitted. Rapid and accurate channel estimation can be achieved by comparing the
received and transmitted reference signals. A sufficient number of such reference signals
must be inserted according to the degree of channel variation, namely coherence time and
coherence bandwidth of the channel under estimation.

OFDM has been known to be quite spectral efficient over frequency-selective fading
channels. By dividing a frequency-selective-faded signal band into a large number of
narrow-band flat-fading subchannels, high-rate transmission is then achieved by using a
compact constellation on each subcarrier. To obtain precise channel estimation for equal-
izing each subcarrier, most OFDM-based communication standards, such as DVB-T, IEEE
802.11a/g and IEEE 802.16e, provide some forms of reference signals, namely preamble or
pilot signals. As a result, this chapter will focus mainly on the data-aided channel estimation
algorithms for OFDM communications.
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Once channel estimates at data subcarriers are derived, the receiver performs equalization
to compensate for signal distortion. A simple one-tap equalizer is often employed in OFDM
systems to deal with flat-faded signals on each subcarrier. However, there are times at which
the multipath channel varies so fast that the channel state cannot be regarded as unchanged
within one symbol period. In such cases, interference among subcarriers, also known as
inter-carrier interference (ICI), is induced and must be eliminated in the receiver.

In this chapter, several popular pilot (reference signal) arrangements in OFDM systems
will be first introduced. Then, channel estimation algorithms based on different pilot patterns
will be addressed. Adaptive channel estimation algorithms that can track the state of the
channel when it varies with time will also be discussed. Then, channel equalization schemes
as well as ICI cancellation for OFDM signals that travel through highly time-selective fading
channels will be covered.

6.2 Pilot Pattern

In OFDM systems, usually dedicated pilot subcarriers are interlaced with data subcarriers.
Several possible pilot patterns are depicted in Figure 6.1. The full circles denote the pilot
subcarriers while open circles designate data subcarriers. A pilot pattern can be described
by a 2 x 2 sampling matrix Y = [y, y,] [1]. Two spanning vectors, y, = [y;; y»]" and
Yo = D2 yzz]T, generate the doubly periodic sub-lattice of all pilots in the time—frequency
lattice. Five pilot patterns are commonly seen in OFDM systems:

e One pilot symbol full of pilot subcarriers for every y® symbol, also known as the block type:

Yp = [y(f ﬂ (6.1)

and y® = 7 in Figure 6.1(a).
e Pilot subcarriers at some predefined locations y© subcarriers apart for all symbols, also
known as the comb type:

ve= |y ¢ (62)

and y© = 5 in Figure 6.1(b).

e Pilot subcarriers with fixed spacing in both time and frequency [2]. The periods in time
and frequency are yX and )%, respectively:

R
_In 0
Y = [0 yg], (6.3)

and y¥ = 4,8 = 4 in Figure 6.1(c).
e Pilot subcarriers with regular shift in time and frequency [3]:

P
_{n 1

and y§' = 4,y =3 in Figure 6.1(d).
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Figure 6.1.
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e Pilot subcarriers with hexagonal distribution in the time—frequency lattice [1]:

H H
Yi Vi

Yy = . H] (6.5)
Y, ¥

and y! =2 y¥ =3 in Figure 6.1(e).

In the block-type pilot arrangement, one specific symbol full of pilot subcarriers is
transmitted periodically, such as the preamble symbols in the IEEE 802.16e-2005 OFDM
mode standard. A receiver can obtain estimation for channel gains at all subcarriers from this
preamble symbol and then apply estimated channel gains to equalize the data symbols that
follow. These pilot symbols must appear at a frequency tens of times higher than the Doppler
frequency in order to ensure the validity of the channel estimates. In other words, the interval
between two consecutive pilot symbols must be significantly shorter than the channel
coherence time. Consequently, block-type pilot pattern is suitable for systems operating
under slow-fading channels.

For the comb-type arrangement, a number of subcarriers are reserved for pilot signals,
which are transmitted continuously. Channel estimation can then be performed unin-
terruptedly based on these pilot subcarriers in every symbol. The spacing of pilot
subcarriers must be less than the coherence bandwidth of the channel. The receiver can
thus compute the channel estimates for non-pilot subcarriers through the estimated
frequency-domain channel responses at the pilot subcarriers. It is widely accepted
that effective and accurate channel estimation in fast-fading channels must rely on the
comb-type pilot arrangement [4].

For the remaining three pilot patterns, pilot subcarriers provide sub-sampling of the
two-dimensional channel responses. Since pilot subcarriers are distributed in the shapes of
rectangles, parallelograms or hexagons in the time—frequency lattice, the sampling theorem
must be obeyed in both dimensions to avoid the aliasing effect. These scattered pilot
arrangements reduce the pilot density and thus improve spectral efficiency. The pilot density
is inversely proportional to the area of the quadrilateral spanned by the two vectors of the
sampling matrix and is given by

det(ly; va))I, (6.6)

where det(+) is the determinant of a matrix. According to [5], if the two-dimensional channel
spectrum is circularly bandlimited, the most efficient pilot pattern is a hexagonal grid, since
it requires 13.4% fewer samples than the rectangular grid. Although the choice of the pilot
pattern relates to a two-dimensional sampling problem, it may very well be treated as two
one-dimensional sampling problems, since radio channels have uncorrelated characteristics
in time and frequency [6].

6.3 Pilot-Based Channel Estimation

Figure 6.2 shows a typical block diagram of a baseband OFDM system based on pilot-aided
channel estimation. The inverse DFT block transforms frequency-domain data, X, on the
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k-th subcarrier into time-domain samples x,, as

R
X,,,:]T] Z Xkeﬂrmk/Na I’l:—Ng,"',O,"',N—l, (67)
k=—N/2

where N is the number of total subcarriers and N, is the number of guard interval samples
reserved for coping with time-domain dispersion of the channel.
Assume that the impulse response of the multipath fading channel is given by

h(t,7) =Y h(1) - 8(r —7), (6.8)

where the gain and delay of the r-th path are denoted by £,(f) and 7,, respectively. The
path gains, &,(t), are wide-sense stationary (WSS) narrow-band complex Gaussian processes
and are mutually independent. The received signal, which has been corrupted by the
multipath fading channel and contaminated by the additive white Gaussian noise (v(7)),
takes the form of

) =Y () - x(7 — 1) + w(r), (6.9)

where x(7) is the continuous-time representation of the transmitted discrete-time signal, x,,.
After converting the received continuous-time signal back to a discrete-time signal, z,, the
receiver then removes the cyclic prefix and transforms z, to the frequency domain:

N-1
Zk:ZZn.esznnk/N’ k=-N/2,--- ,N/2—1. (6.10)
n=0

Assume that the duration of the cyclic prefix is long enough so that there is no inter-
symbol interference (IS1). Furthermore, assume that the channel is almost stationary within
one symbol period, namely #,(t) = h,; then, the frequency-domain channel response at
subcarrier k, Hy, is given by

He = he 7, (6.11)

where Ty is the sample interval. Denote V; as the frequency-domain counterpart of v(7); the
frequency-domain received baseband data Z; then becomes

Zy = XiHy + V. (6.12)
Due to the time-domain sampling effect, the equivalent discrete-time channel impulse

response (CIR), g, forn =0,1,---,N — 1, is the summation of discrete-time circular sinc
waveforms—one per arrival path and weighted by the path gain h,. Each circular sinc
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Figure 6.3. Energy leakage in discrete-time channel impulse magnitude response

waveform is coupled with rotating phasor due to the fractional time difference between the
arrival time of that path and the sampling time instant:

RER
Y e
N, = —N/2
LR

§ : § h e ]ZUTSNeJZn’

k— N/2 1 (613)
n(~(7-7))
sin| T F—l’l
—Zh e TN S .
(7 (T
Ssi{ —{——n
)

If the delay 7, does not coincide with a sample point, which is usually the case, energy
leakage will occur [7]. Figure 6.3 depicts the discrete-time channel impulse magnitude
response of a two-path channel, §(7 — 0.5T) + 8(7 — 5.5T). Note that the FFT size is set to
64. It is clear that the signal energy has spread to all other taps in g,. However, most of the
energy is still concentrated around the original pulse locations. The received time-domain
signals z, can be viewed as the circular convolution of the transmitted sequence (x,) and the
discrete-time channel impulse response (g,) plus noise.
Define the DFT matrix, F, as

| o AN/DUN L gm2n(=N/2-(N=1)/N

F= : : : (6.14)

| e RAN2-D)UN . pm2u(N/2-1)-(N=1)/N
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After rewriting Equation (6.12) in matrix-vector notation, the received signal vector takes
the form of

z=XFg+v=Xh+v, (6.15)
where
2=1Z np Z.njpy1 - ZN/2—1]T,
g=[g0 &1 - ngl]T,
v=1[Vonn Vonjpg oo VN/271]T, (6.16)
h=[H_yy H_yjpyr - HN/z—l}Ta
X = diag[X_n/» X_njop1 -+ Xnjo-il,

and diag[-] constructs a matrix using the arguments as the diagonal elements.

Now, suppose that the channel responses at all data subcarriers are estimated using pilot
subcarriers and are denoted as Hy, k = —N /2,-+-,0,--- N/2 — 1; the received data can
then be equalized by

N/
X =25 k=-N/2,---,0,--- \N/2—1. (6.17)
Hy

Previously, the pilot patterns have been categorized into the block type, the comb type and
the grid type (rectangle, parallelogram and hexagon). In the following, channel estimation
algorithms for these three types of pilot patterns will be introduced.

6.3.1 Channel Estimation by Block-Type Pilot Symbols

To facilitate discussing channel estimators based upon the block-type pilot pattern, only the
pilot symbol is examined in the received signals. Consequently, X; is known to the receiver
for all k.

MMSE Estimator

Assume that the equivalent time-domain channel impulse response, g, is a random vector
with Gaussian distribution and is uncorrelated with the noise, v. Assume that v has a
covariance matrix G%IN, where Iy is the N x N identity matrix. Then, the minimum
mean-squared error (MMSE) estimator that minimizes E{(g —g)" (g —g)} takes the
form of [7]

gvvse = RzR,,'z, (6.18)

where
Ry, = E{gz"} = Ry F'X” (6.19)

is the cross-covariance matrix between g and z;

R,, = E{z2"} = XFRF*X" + o’Iy (6.20)
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is the auto-covariance matrix of z; Rgg is the auto-covariance matrix of g, assumed to
be known in advance. As a result, the MMSE frequency-domain channel response
o A~ A~ A T . .

hyvse = [Hoyja -+ Hyjpo Hypp-i]' is given by

hyivise = Fgyimse- (6.21)

Low-Rank Approximation

The MMSE channel estimator can be written more explicitly by substituting Equations
(6.15) and (6.18) into Equation (6.21):

hyvse = Run(Rin + UE(XHX)_I)_I (X'z), (6.22)

where Ryn = E{hh"} is the auto-covariance matrix of h. In MMSE channel estimation,
matrix inversion is required for each symbol. Low-rank approximation is proposed to reduce
the complexity of the MMSE estimator [8]. In this method, (XHX)_1 is replaced by its
expectation, E{(X”X)'}. Then, since Ryy is a square and Hermitian matrix, rank reduction
is achieved through eigen decomposition, which decomposes the channel auto-covariance
matrix into

Ry, = UAUZ. (6.23)
Note that U is an unitary matrix consisting of eigenvectors. The diagonal matrix A is equal

to diag[ho A1 Az -+ An_p], where Ao > Ay > A > -+ > An_y, and X, is its eigenvalue.
The rank-p MMSE channel estimation is [8]

hgp = UA,UX 'z, (6.24)

The n-th entry of the diagonal matrix A, is

An
M —0.1.---.p—1
py =14 dmt(a/SNR) TP (6.25)
0 n:pap+17"'7N_la
where
o = E{|Xc}E{|1/X[*} (6.26)

is a constant determined by the constellation. For example, « = 17/9 for 16-point QAM
modulation.

It has been shown that the minimum rank p in the channel estimation problems
approximately corresponds to N, [8]. It can be interpreted that the eigenvalue A, is the
channel power of the n-th transform coefficient. Hence, after about N, taps, the effective
channel power almost vanishes and thus can be neglected. The block diagram of this
low-rank channel estimator is depicted in Figure 6.4.



124 OFDM Baseband Receiver Design for Wireless Communications

—1
XfN/Z

Po
Zno 4>®—> 4>®—> —— Fpp
: L P

—1
XN/2—1

N/2-1 — H.

N/2-1

!
[

Figure 6.4. Block diagram of the low-rank channel estimator by eigen decomposition

Least-Squares Estimator

The least-squares (LS) channel estimator is also a maximum likelihood (ML) estimator,
which assumes that the time-domain channel impulse response is deterministic and
tries to find ;¢ which minimizes (z — XFg)”(z — XFg). The LS solution is then given
by [7]

hys = F(FXXF)'FX"g. (6.27)

Note that in block-type pilot symbols, matrices F and X are invertible square matrices;
hence,

by s = FOF X (XH) " (FY) ) FiXHz = X'z (6.28)

Reduced-Order ML Estimator

A reduced-order ML estimator that exploits the finite length of the channel impulse
response is proposed in [9]. It assumes that the maximum excess delay is shorter than the
length of cyclic prefix (N,), so the LS channel estimation is just the frequency-domain
counterpart of the finite-length time-domain channel impulse response estimation q plus
noise u, and

s =F [g] +u (6.29)

Retaining only the first N, time-domain channel impulse response samples and nullifying the
remaining noisy samples can enhance the estimation quality. So, defining F; as the matrix
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containing the first N, columns in F and F = (F/ F1)71F7 as the pseudo-inverse of F;, then
the reduced-order ML estimate is given by

hy = F/F/hys. (6.30)

It can be interpreted as transforming the frequency-domain LS estimate to the time domain,
eliminating the noisy samples in the tail of the waveform, and then transforming back to the
frequency domain.

Discussions

The channel response (either time-domain or frequency-domain) is inherently a random
process. The MMSE and the low-rank approximation estimators regard the channel response
as a stationary random vector. Consequently, the statistics about this random vector, such as
the covariance matrix and the signal-to-noise ratio (SNR), can help the estimation. However,
it also implies that knowledge about the channel covariance matrix and the operating SNR
necessitates additional time and complexity to come by. On the other hand, the channel
response is regarded as a deterministic yet unknown vector in the LS and reduced-order ML
channel estimation. This assumption basically uses a snap shot to represent the slow-varying
random process.

With the knowledge of extra statistical information, the MMSE estimator can outperform
the LS estimator. Nevertheless, in high-SNR scenarios, the MMSE estimator boils down to
the LS estimator. Both the low-rank approximation and the reduced-order ML estimator
eliminate the noisy part of the estimated channel impulse response. Hence, the reduced-order
ML estimator gets better estimation quality than the LS estimator. However, the low-rank
approximation loses statistical information contained in the noise subspace and performs
poorer than the original MMSE estimator.

6.3.2 Channel Estimation by Comb-Type Pilot Symbols

In OFDM systems with comb-type pilots, the MMSE criterion and the ML criterion
mentioned in the previous section can still be used [10, 11]. However, the ML estimator
and the low-rank approach can be derived if and only if the number of pilot subcarriers is
greater than the number of channel taps or the length of the guard interval. The MMSE
estimator, on the other hand, can be applied without such a constraint. In [10] and [11],
interested readers can obtain similar derivations as Equations (6.18), (6.24) and (6.30) for the
comb-type pilot-aided channel estimation.

In addition to these approaches, a variety of comb-type pilot-aided channel estimation
schemes have been proposed. Among them, two classes of methods are very popular, namely
time-domain windowing and frequency-domain interpolation. In the following, some
definitions are first introduced before further discussion on this topic. As shown in
Figure 6.5, there are a total of N subcarriers. Among these N subcarriers, only N, + 1
subcarriers are used for transmission, and the others are reserved as guard bands on both
ends of the signal spectrum. There are M, + 1 non-zero pilot subcarriers for channel
estimation inserted in the N, + 1 subcarriers, where M, = N, /D. Note that D is an integer
and that M = N/D.
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Figure 6.5. Comb-type pilot subcarriers allocation

In the time-domain windowing algorithms, time-domain channel impulse response (CIR)
is reconstructed by first inverse Fourier transforming the frequency-domain channel response
at only the pilot subcarriers. In this case, the number of pilot subcarriers M,, must be greater
than the maximum excess delay to avoid aliasing, namely M > myvax /T [12]. Henceforth,
different windowing techniques are applied to the contaminated time-domain channel
impulse response in order to diminish the noise level as well as the aliasing effect. Then,
zeros are padded to form a total of N samples. Consequently, the frequency-domain channel
responses are derived by transforming the ‘cleaned-up’ time-domain CIR back to the
frequency domain. The frequency-domain interpolation algorithms up-sample the channel
frequency responses at pilot subcarriers and then apply various interpolators to estimate the
channel responses at data subcarriers.

Mathematically, the two classes of channel estimation algorithms can be shown to be
equivalent. From the received frequency-domain signals at the pilot subcarriers, the channel
responses at the pilot subcarriers can be given by

HmD:ZmD/XmDa m = 7M,,/2,"',Mp/2. (631)

Applying the M-points IDFT to these channel responses, one then has the noisy recon-
structed time-domain channel impulse response, g,, as

| M2
qn =77 HmDejann/M =¢gn + Vn,
Mmszp/z (6.32)

n=0,1,--,M—1,

where v, denotes the noise term. Note that the reconstructed CIR, g,, is not equivalent to the
original CIR, g,. This is because the guard bands cause low-pass filtering of g, and the
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sub-sampling in the frequency-domain pilot subcarriers results in folding of the original
channel impulse response with a period of M samples. As such, the reconstructed channel
impulse response is

sin(7r(N, + 1)n/N) _R=
I =8 ® Nsin(mn/N) 20: nel (6:33)

Assume that a time-domain window is applied to g, and the window is given by

W= W p/2i10a Womjasasa 0 Wajrid] s (6.34)

where d denotes the left boundary of the window. Then, the frequency-domain channel
estimates can be derived from Fourier transforming the windowed channel impulse response
as

M/2+d
. ~ —j2nnk /N
H, = E gnwne™ /
n=—M/2+1+d
M, /2 M/2+d

1 ~ .
= Z H,.p Z wye/2m(k=mD)/N (6.35)

m=—M, /2+1 n=—M/24+1+d

= Z I:I mD Wk—mD .

m=—M,/2+1

The equation above can be interpreted as interpolation in the frequency domain using H,,p as
the base points and the interpolation coefficients

M/2+d )
Wi=— Y wue N, (6.36)
n=—M/2+1+d

Similarly, in a frequency-domain interpolation algorithm, a corresponding time-domain
window function can be derived. For a set of J-tap interpolation coefficients, W,, the
windowing function takes the form of

1 JD/2 A
W=+ > wemN, (6.37)
I=—JD/2+1

Rectangular Windowing

In the windowing method proposed in [13], the time-domain channel impulse response
samples below a certain threshold are cut off. In the same vein, the window in [14] only
keeps the more significant samples. In [15], however, the window covers M samples. All the
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above approaches can be regarded as applying a rectangular window to the reconstructed
time-domain channel impulse response as shown in Figure 6.6 except that the position and
the length of the window are different.

In low-SNR scenarios, the windows that depend on a threshold and the windows that
determine selected samples according to the sample magnitude can reduce the estimation
error level. On the contrary, in high-SNR environments, gathering more time-domain
samples as in [15] can avoid neglecting samples with smaller magnitude and thus will
have better estimation quality.

MMSE Windowing

In [12], an MMSE window that minimizes the mean-squared error (E{(h — h)”(h —h)}) is
proposed. Assume that the frequency-domain channel responses at the pilot subcarriers are

By = [H i, - H@D}T (6.38)
and the estimated channel responses are represented as

h=(HyHouy, - Hyl (6.39)

If the weighting vector w is applied to the time-domain reconstructed CIR, then his given by

h =F, - diag(w) - G,h,, (6.40)

where the function diag(-) generates a matrix whose diagonal terms are the entries in its

argument. Matrices G, and F; are the M x (M, + 1) IDFT matrix and the (N, + 1) x M
DFT matrix, respectively. They take the form of

G2(Erd+ )N (M d+1)E)/N

—_— l M N
M " o |
B+ (=N g+ d)EF)/N

Gy (6.41)
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and
e 2 (A +d+ )N min(-EE+a)/N
F,= : (6.42)
o2 (Y d+1)/N e 2+ d)/N
Note that the parameter d controls the time-domain samples for windowing.
The MMSE window is derived as [12]
. - : T R -
WMMSE = (E{dlag(Gdhp)HFf}'Fd - diag(Gyh,)}) ~E{d1ag(Gdh,,)HF5h} (6.43)
6.43

= [(GdRﬁ,,ﬁpGg)* © (Fde)] 71'diag_' (FZ' Rhﬁ,,G§1>7

where © indicates a component-wise product, and the function diag ™! (+) generates a vector
with entries from the diagonal terms of its argument matrix.

Polynomial-Based Interpolation

Typically, in the OFDM system, the pilot subcarriers over-sample the channel frequency
response by at least twofold to avoid aliasing in the time domain CIR. In other words,
M > 27vax/Ts [16]. The channel responses at non-pilot subcarriers are then interpolated
from the responses at the pilot subcarriers. Polynomial-based interpolators have been
popular in the frequency-domain interpolation algorithms due to their low implementation
complexity. Linear interpolation has been proposed to estimate the frequency-domain
channel responses at data subcarriers [17]. For the k-th subcarrier to be interpolated, let
k/D=m+ p, where 0 < u < 1, and m = Llﬁ)j, the largest integer smaller than k/D. Then,
the linear interpolation method obtains the channel response at the k-th subcarrier as [17]

Hy = HD(m+u) = (1 - M)ﬁmD + Mf](m+l)D- (644)

The estimation quality can be improved by using higher-order polynomials. However, the
implementation grows more complicated as the order increases. A piecewise second-order
polynomial interpolation is adopted in [11], and

IA{k - I:ID(m+;L)

v i N (6.45)
= CoHup + C1Hyi1yp + C2H (i i2)p,

where
Co=(1-pn)(2—p)/2
Co1=p2—p) : (6.46)

Co=—n(l—pn)/2
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Other high-order polynomial-based interpolators, such as the piecewise parabolic inter-
polator and the cubic interpolator [18], take in four base points for interpolation:

Hy = HDEer;L) ~ i ) (6.47)
= CiHum-1)p + CoHump + C_1H(py1p + C—2H(uy2)D-
In the piecewise parabolic interpolator, the coefficients are given by
Ci=—ap+au®
Co:1+(05—1)ﬂ—05,u«2. (6.48)

Ci=(a+1)pu—ap?
C_y) = —ap +ap?

Usually, « is set to 0.5 to provide better interpolation quality. On the other hand, the
coefficients of the cubic interpolator are

Cr=—3u+zu° —gu’
Co=1—gpu—p+31°
Cor=p+yu =50’

Co=—gn+gn

(6.49)

With four base points and smoother curves formed by the interpolation coefficients, the
piecewise parabolic and cubic interpolators have relatively flat main lobes in the correspond-
ing time-domain windows when compared with the linear interpolator. In addition, the high-
order polynomial-based interpolators have relatively lower sidelobes and, thus, diminishing
noisy samples in the estimated channel response.

Shifted Raised-Cosine Interpolation

In an OFDM receiver, uncertainty in timing often leads to poor demodulation performance.
Therefore, channel estimation needs to carefully consider the timing of the channel impulse
response. Suppose that the timing acquisition is accurate and the obtained symbol boundary
is aligned to the origin, then the first impulse of the CIR will lie at the origin and the rest of
the CIR appears inside the guard interval [0, N,T|. In reality, however, due to the energy
leakage, there exist pre-cursor as well as post-cursor in the reconstructed channel impulse
response. A good time-domain window must preserve the major portion of the reconstructed
channel impulse response and, at the same time, reject the aliased and noisy components.
It is clear from Figure 6.7 that the time-domain window must be shifted to the right instead
of centring at the origin. Note that shifting the window in the time domain is equivalent
to rotating the phase of the interpolation coefficients in the frequency domain.

The window must be flat over the interval where the CIR is strong so that no distortion
will be introduced [19]. At the two ends of the window, the weighting should be smaller in
order to suppress noises and the aliasing effect. Finally, smoother weighting in the time
domain entails faster fall-off in the frequency-domain interpolation coefficients, and thus
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fewer of them are needed. In light of the above considerations, a special interpolator has
been designed [20], in which raised-cosine function is used as the frequency-domain
interpolation coefficients,

sin(tMI/N)  cos(wBMI/N)  _p u/n
Wirc = : > 5 e .
aMI/N 1 —4p>(MI/N)

(6.50)

The parameter S is the roll-off factor, which decides the excess width of the window’s main
lobe. The parameter d controls the position of the window shifted to the right so as to include
as much CIR energy as possible.

Discussions

In general, the MMSE windowing algorithm achieves the best estimation performance
among all methods. One drawback is, of course, that the receiver must have all the channel
statistics available. The MMSE window has larger weights for the strong channel taps and
smaller weights for the weak channel taps. On the other hand, the rectangular windowing
algorithm simply discards all the weak channel taps and thus cannot obtain precise channel
estimates.

The corresponding time-domain windows of the polynomial-based interpolators and the
raised-cosine interpolator are depicted in Figure 6.8. Since the windows for polynomial-
based interpolators have rather significant side lobes and are centred at the origin, they can
be only used in those cases in which the pilot subcarriers sample the channel frequency
response at a high enough rate. To wit, for the channel estimation methods using the
polynomial-based interpolators, the number of pilot subcarriers must be much larger than
the normalized maximum excess delay mvax/7s otherwise there will be time-domain
aliasing. The shifted raised-cosine interpolator, on the other hand, has a window with a
flat top and no side lobe, so its window can be free of waveform distortion and aliasing. In
addition, it provides the capability of shifting the window position to allow for maximum
coverage of the CIR samples and high-fidelity channel estimation. All of the above features
make the shifted raised-cosine interpolation channel estimator attractive, especially when
there are only a limited number of pilot subcarriers.
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Figure 6.8. Time-domain window of polynomial-based interpolators and raised-cosine interpolator

6.3.3 Channel Estimation by Grid-Type Pilot Symbols

The rectangular, parallelogram-shaped and hexagonal pilot configurations sample the
channel frequency response in both time domain and frequency domain. Such arrangements
minimize the overheads spent on pilot subcarriers in channels that experience both time-
selective fading and frequency-selective fading. According to the sampling theorem, any
band-limited one-dimensional deterministic signal can be represented by samples taken at
the Nyquist rate. The theorem holds also for multi-dimensional signals.

The two-dimensional correlation function of the response of a time- and frequency-
selective channel must be derived first, before the introduction of the two-dimensional
channel estimation. Assume that the time-domain channel impulse response is

h(t, ) = Z he(t) - 8(T — 7). (6.51)

The time-varying path gain, £,(7), is a wide-sense stationary complex Guassian process with
an average power o> and mutually independent. Without loss of generality, the total path

r

power is normalized, namely > o2 = 1. The time-varying channel frequency response at

time ¢ is

H(t,f) = 1 h h(t,7)e T dr = " h(t)e 2. (6.52)

oo
The two-dimensional correlation function of the channel frequency response becomes [6]

Wy (Ar, Af) = E{H(t + At,f + A)H' (1,f)} (653)
= ¥, (A)y (A1), '
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Figure 6.9. Arbitrary sampling grid used in a two-dimensional MMSE interpolator for smoothing,
filtering and prediction

with
Yr(Af) =D ore T (6.54)

and
v, (Ar) = Jo(2nfpAt), (6.55)

where Jy(-) is the zeroth-order Bessel function of the first kind and fp is the Doppler
frequency.

From Equation (6.53), it can be clear that the two-dimensional correlation function of the
channel frequency response Wy (Ar, Af) is separable and ,(Ar) depends on the Doppler
frequency while v/;(Af) is related to the channel delay spread. This separability property
will be very important for the channel estimator design in OFDM systems with grid-type
pilot configuration.

Two-Dimensional MMSE Interpolation

The time-varying channel frequency response is a wide-sense stationary two-dimensional
random process. Since the process is observed under noise, it is impossible to have a perfect
reconstruction. The two-dimensional (2D) MMSE interpolator is the optimum linear filter/
smoother/predictor in terms of the minimum mean-squared error criterion. For the grid shape
as shown in Figure 6.9, the 2D MMSE interpolator can smooth the noise in the channel
estimates for the pilot subcarrier; filter estimates on pilots; generate the channel response for
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data subcarriers inside the pilot grid; and predict the channel response for data subcarriers
outside the pilot grid [16].

Let H;j denote the channel response at the k-th subcarrier of the i-th symbol. Further
denote the time—frequency indices of the p-th pilot subcarrier (i,,k,). Define the actual
channel frequency response at pilot subcarriers as

h, = [Hiyj, Higy -+ H I". (6.56)

iMy—1,Kngp—1

At the pilot subcarriers, the channel estimates can be represented as

h,=h, +u, (6.57)
where
h, = [H,, H,. - H 17, (6.58)

0,ko iMp—1:Knp—1

and u is the measurement noise.
The M,-tap 2D MMSE interpolator tries to estimate the channel response for the k-th
subcarrier of the i-th symbol by the following equation

M,—1
[A{iak = Z W(l7 k7 ip7kp)Hi,,,k,,' (659)
p=0

The coefficients of the 2D MMSE interpolator, W (i, k,i,, k,), minimize the mean-squared
error E{|H; — H,',k|2} for all i and k. If the above equations for all i and k are stacked, the
vector equation is given by

The solution of the 2D MMSE interpolator, Wyvsg, takes the form of

-1
Wannmse = Ry, (Ran + ooly,) (6.61)

where
Ry;, = E{hh/}, (6.62)
Ry = E{hh"}, (6.63)

o7 is the noise variance of u and I, is the M, x M, identity matrix.

Although the 2D MMSE interpolator provides the optimal channel estimates, it has high
complexity. According to the separability property, the correlation functions of the channel
frequency responses along the time axis and the frequency axis are independent. The
performance of two one-dimensional MMSE interpolators is compared with one two-
dimensional MMSE interpolator in [16] and the simulation results show that they are
quite similar. As such, channel estimation based on grid-type pilot subcarrier responses is
often treated as two one-dimensional problems.
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Double One-Dimensional Interpolations

Even though channel estimation using two one-dimensional MMSE interpolators can
approach the performance of the two-dimensional MMSE interpolator, high complexity
still prevents the use of MMSE interpolators in practical OFDM receivers. Hence, simpler
interpolators, such as polynomial interpolation or spline interpolation, are often used. In
OFDM systems with grid-type pilot patterns, applying two one-dimensional simple inter-
polators is often the case [21-25].

In [22], a DFT-based approach, a low-pass filter and a least-squares filter are compared for
interpolating channel frequency responses in the time direction. The DFT-based approach first
transforms the channel estimates at pilot subcarriers from several OFDM symbols into the
transform domain which corresponds to the Doppler spectrum. By appropriate zero-padding in
the transform domain and inverse transformation, the up-sampled channel frequency estimates
along the time axis are obtained. The low-pass filter has a flat central region but slow roll-off in
the transform domain. In contrast, the least-squares filter, generally designed by least-squares
fitting through a polynomial of a given degree, has a rippled central region but a steep slope. It
is shown that the DFT-based approach is favored only for dense pilots. The least-squares filter
outperforms the low-pass filter in cases with high mobility.

In [23], frequency estimation for digital video broadcasting-terrestrial (DVB-T) system,
which features a parallelogram-shaped pilot pattern, is investigated. Interpolation for
channel frequency responses along the time axis uses either sample-and-hold, linear
interpolation or sinc interpolation, while linear interpolation, sinc interpolation or regular-
ized least-squares interpolation is studied for the frequency-axis interpolation. Clearly, in
time-varying channels, the sample-and-hold approach has poor performance. However,
given the pilot density and the possible Doppler frequency in the DVB-T systems, the linear
interpolator has similar performance as the sinc interpolator for time-axis interpolation. In
the frequency direction, the sinc interpolator is slightly better than the linear interpolator and
the regularized least-squares interpolator.

Two-Dimensional Regression

Figure 6.10 shows the magnitude of a sample channel frequency response along the time and
frequency axes under mobility of 120 km/hr and 2.14-us maximum excess delay. The
OFDM subcarrier spacing is 5.625 KHz and 1024 subcarriers. The sampling frequency is
5.76 MHz. Smooth variation of this response appears along the time axis and the frequency
axis. With pilot subcarrier sampling the channel frequency response, a two-dimensional
regression algorithm is proposed in [26] to fit the time-varying channel frequency response
of all data subcarriers by a quadrature surface

flx,y) = ax® 4+ bxy + cy* + dx + ey + f. (6.64)

The coefficients (a,b,c,d,e,f) are determined so as to minimize the error between the
quadrature surface and the channel frequency response at pilot subcarriers:

&= Z |H’P kp lp’ | = Z |H’n kp - P S’p p

, (6.65)
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Figure 6.10. Time-varying channel frequency response

where
p=labcdef, (6.66)
and
Siyky, = 107 ipky k2 0y Ky 1) (6.67)

The optimal coefficient p can be obtained by setting the partial derivatives of the error
with respect to all coefficients to be zero (% = 0) so that

M,—1 -1
rT% _ . T *

E H; | Sipk, = E Siy ko Siy 1, P - (6.68)

p=0 p=0

Therefore, the optimal coefficients are given by

M,—1 -1 m,—1
P . T . ] . .
p - Z Slpvkpsip,kp Z Hl,,,k],sl],,k,, 9 (6.69)
p=0 p=0

and the estimated channel responses are
I:Ii,k = PTSi,k- (6.70)

With the grid-type pilot pattern, the matrix inversion in the 2D regression algorithm is
fixed and can be pre-computed. The estimation error mainly depends on the density of pilot
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subcarriers. If the channel frequency response suffers deep fading in the time axis or
frequency axis within the observed time—frequency block, the 2D regression cannot generate
a proper fit.

Discussions

As usual, the 2D MMSE interpolator achieves optimal estimation in terms of minimum mean
squared estimation errors at the cost of huge complexity. Although the double one-dimensional
interpolation approach is much simpler, it somewhat sacrifices the system performance. What
is worse, interpolation in the time direction requires a lot of temporary storage to buffer the
data. It is noteworthy to know that the 2D MMSE interpolator can be applied to arbitrary pilot
patterns and the mean-squared error of its channel estimates only depends on the pilot density,
but not the pilot pattern. However, the same cannot be said about the double one-dimensional
interpolation method because its performance is affected by both the pilot pattern and the pilot
density [25]. The 2D-regression algorithm can be adopted for arbitrary pilot patterns, too. Its
performance is also closely related to the pilot density.

6.4 Adaptive Channel Estimation

In order to find the optimal coefficients of the 2D MMSE interpolator, the receiver has to
possess precise information about the channel statistics. In practice, however, this information
is not readily available. Instead of using the a priori information of channel statistics explicitly,
there are several possible approaches, known as the adaptive filters, that can follow the channel
statistics and self-adjust their coefficients to track the channel characteristics.

In [27,28], two-dimensional adaptive channel estimation algorithms, namely normalized
least-mean-square (NLMS) and recursive least-squares (RLS) adaptive filters, are proposed
to make full use of the correlation of doubly-selective (time-selective and frequency-
selective) fading channels. Both the adaptive filters involve three basic iterative steps:
filtering to perform channel estimation; computing estimation error; updating the coefficients
of the filter [27,28]. Even though both adaptive algorithms can track channel variation, they
still require a few symbols to converge. Thus, they are only suitable for those cases in which
the normalized Doppler frequency (with respect to the symbol rate) is below 0.01.

In addition to NLMS and RLS algorithms, a Kalman-filtering approach can also track the
dynamics of time-varying channels [29]. This approach also provides a recursive solution in
terms of state-space concepts to the minimum mean-squared estimation error problem of
nonstationary signals. The state is the minimal requirement of the data that uniquely describe
the dynamic behavior of the system. Each updated estimate of the state is calculated from the
previous estimate and the current observation. Thus, the storage of the entire past observed
data is unnecessary.

In summary, the RLS algorithm has fast rate of convergence compared with the NLMS
algorithm, while the NLMS is simple and can be commonly adopted in hardware
implementation. Both the RLS algorithm and the Kalman-filtering approach are computation
intensive, since they need to explicitly evaluate the correlation of the input or the error
signals. However, the RLS algorithm is a special case of the Kalman filtering approach for a
stationary state-space model. Hence, the Kalman filtering approach can have better tracking
properties in fast-fading channels with the dynamic state-space model.



138 OFDM Baseband Receiver Design for Wireless Communications

6.5 Equalization
6.5.1 One-Tap Equalizer

OFDM systems are favored over single-carrier modulations in that the simple one-tap
frequency-domain equalizer (FDE) can equalize OFDM signals that go through frequency-
selective fading channels. In channels whose impulse responses remain constant within one
OFDM symbol period, the received signal at each subcarrier takes the form of

Zix = Hi Xix + Vig. (6.71)

One-tap equalizers restore the transmitted signal by

Xix = GiZix, (6.72)

where G is the equalizer coefficient at the k-th subcarrier during the i-th symbol.
Regardless of noise, the zero-forcing equalizer simply uses the inverse of the channel
response (G = H;, ) and forces the frequency-selective-faded signals back to flat faded
ones. However, it may result in noise enhancement in the subcarriers that suffer deep fading.
The MMSE equalizer, which tries to minimize E{|X;; — X;z|*}, takes the noise compo-
nent into account and equalizes the signal by

(6.73)

This equalizer has the advantage that the noise enhancement problem in low-SNR cases is
gone. Also when SNR is high enough, it is clear that the MMSE equalizer approaches the
zero-forcing equalizer.

As in the channel estimation problems, adaptive algorithms can adjust the equalizer
coefficients to minimize E{|X;; — X;|*} without prior channel information. The equalized
signal )A(,-,k is compared with a reference signal to obtain an error signal, e;x. Then, the
equalizer coefficients are adjusted according to the error signal:

Gtk = Gik — gik€ik; (6.74)

where g; is the gain factor, depending on the NLMS/RLS algorithm. The reference signal
can be known pilot data in the training mode or the slicer output in the decision-directed
mode.

6.5.2 Multiple-Tap Equalizer

In fast-fading channels, channel response not only changes from the previous symbol to the
current symbol, but also varies within one symbol period. The fast channel variation within
one symbol period brings about inter-carrier interference, which further deteriorates
the system performance. One-tap equalizers cannot cope with such situations. As such,
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multiple-tap equalizers which may cancel inter-carrier interference from adjacent subcarriers
are required.

Assume that the time-varying discrete channel impulse response at the n-th sample in the
i-th symbol of finite length R, with R < N, given by [qo(i,n) qi(i,n) --- qg-1(i,n)]. The
received signal after convolving the transmitted signal with the channel impulse response
becomes

R—1
Zin = qu(lv n)xi.[nfr],\, =+ Vin, (675)

r=0

where [-], denotes the modulo-N operation, and v; , is Gaussian noise. Then, the frequency-
domain data can be obtained by taking the discrete Fourier transform of z; ,:

N—1
—j2mnk /N
Zi,k = E Zin€ J /
n=0

N—1 [ R—1 1 N/2 . , .
S (St (4 X e ey,

n=0 \ r=0 K=—N/2+1 (676)

N/2 R—1 1 N—-1 ' '

_ Z Xiﬁk’ . Z N Z Qr(i7 n)efﬂrm(kfk )/N e*jZm‘k /N + Vi,k

K=—N/2+1 r=0 n=0
=H; i Xix + ZHin,k’Xi,k’ + Vik,

Kk

where V;; is the equivalent frequency-domain noise term of v;,, and H;y represents the
interference gain from subcarrier k' to the subcarrier k due to the fast-fading channel. The
first term in Equation (6.76) contains the desired signal and the second term is the
inter-carrier interferences from other subcarriers. Note that

R—-1

1 & : : -
Hipp = Z (N Z g (i, n)e 2=k )/N) e IHkIN, (6.77)
0 n=0

r=l

If k' = k, then

R-1 N—1
1 ,
Hi,k,k = Z (N Z QV(i; n)) e_f27'[rk/N7 (678)

r=0 n=0

which can be interpreted as the transformation of the time-averaged channel impulse
response. Moreover, if the channel is time-invariant over one symbol period, then H;y; is
equivalent to H;y, as in the case of stationary channels, and H;x = 0 for k # k'. It means
the inter-carrier interference terms all vanish and the orthogonality among subcarriers is
preserved. Otherwise, H;; must be processed in order to get rid of the inter-carrier
interferences.
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In [30], it is assumed that variation of each channel path gain is linear within one OFDM
symbol when the normalized Doppler frequency with respect to one subcarrier spacing is
smaller than 0.1. The time domain channel impulse response is first obtained by pilot
symbols. Then, time-varying channel impulse response at each sample is calculated by linear
interpolation, and H;;p can be calculated according to Equation (6.77). Under the
assumption of linear variation, only s adjacent subcarriers contribute significant interfer-
ences, namely H;p = 0 for [k — k| > s/2. Given the estimation of all interference gains,
the signal can be restored and ICI component cancelled by

Xix = Z GiiwZiy, (6.79)
K ~K[<s/2

where G can be obtained from all H;; x through matrix inversion.

Bibliography

[1] M. J. Fernandez-Getino Garcia, S. Zazo and J. M. Paez-Borrallo, ‘Pilot pattern for channel estimation in
OFDM’, IEE Electronics Letters, vol. 36, no. 12, Jun. 2000, pp. 1049-1050.

[2] T. Mueller, K. Brueninghaus and H. Rohling, ‘Performance of coherent OFDM-CDMA for broadband mobile
communications’, Kluwer Wireless Personal Commun., vol. 2, no. 4, 1996, pp. 295-305.

[3] ETSI, ‘Digital Video Broadcasting (DVB): Implementation guidelines for DVB terrestrial services; transmis-
sion aspects’, ETSI Technical Report TR 100.190 v1.1.1, Dec. 1997.

[4] S. Coleri, M. Ergen, A. Puri and A. Bahai, ‘Channel estimation techniques based on pilot arrangement in OFDM
systems’, IEEE Trans. Broadcast., vol. 48, no. 3, Sep. 2002, pp. 223-229.

[5] D. E. Dudgeon and R. M. Mersereau, Multidimensional Digital Dignal Processing. Eaglewood Cliffs, NJ:
Prentice Hall, 1984.

[6] Y. Li, L. J. Cimini and N. R. Sollenberger, ‘Robust channel estimation for OFDM systems with rapid dispersive
fading channels’, IEEE Trans. Commun., vol. 46, no. 7, Jul. 1998, pp. 902-915.

[7]1 J. -J van de Beek, O. Edfors, M. Sandell, S. K. Wilson and P. O. Borjesson, ‘On channel estimation in OFDM
systems’, in Proc. of IEEE Vehicular Technology Conference, vol. 2, Jul. 1995, pp. 815-819.

[8] O. Edfors, M. Sandell, J.-J van de Beek, S. K. Wilson and P. O. Borjesson, ‘OFDM channel estimation by
singular value decomposition’, IEEE Trans. Commmun., vol. 46, no. 7, Jul. 1998, pp. 931-939.

[9] L. Deneire, P. Vandenameele, L. van der Perre, B. Guselinckx and M. Engels, ‘A low-complexity ML channel
estimator for OFDM’, IEEE Trans. Commun., vol. 51, no. 2, Feb. 2003, pp. 135-140.

[10] M. Morelli and U. Mengali, ‘A comparion of pilot-aided channel estimation methods for OFDM systems’, IEEE
Trans. Signal Processing, vol. 49, no. 12, Dec. 2001.

[11] M. H. Hsieh and C. H. Wei, ‘Channel estimation for OFDM systems based on comb-type pilot arrangement in
frequency selective fading channels’, IEEE Trans. Consumer Electron., vol. 44, no. 1, Feb. 1998, pp. 217-225.

[12] B. Yang, Z. Cao and K. B. Letaief, ‘Analysis of low-complexity windowed DFT-based MMSE channel estimator
for OFDM systems’, IEEE Trans. Commun., vol. 49, no. 11, Nov. 2001, pp. 1977-1987.

[13] Y. Zhao and A. Huang, ‘A novel channel estimation method for OFDM mobile communication systems based on
pilot signals and transform domain processing’, in Proc. of IEEE Vehicular Technology Conference, vol. 3, May
1997, pp. 2089-2093.

[14] H. Minn and V. K. Bhargava, ‘An investigation into time-domain approach for OFDM channel estimation’,
IEEE Trans. Broadcast., vol. 46, Dec. 2000, pp. 240-248.

[15] M. J. Fernandez-Getino Garcia, J. M. Paez-Borrallo and S. Zazo, ‘DFT-based channel estimation in 2D-pilot-
symbol-aided OFDM wireless systems’, in Proc. of IEEE Vehicular Technology Conference, vol. 2 , 2001, pp.
810-814.

[16] P. Hoeher, S. Kaiser and P. Robertson, ‘“Two dimensional pilot-symbol-aided channel estimation by Wiener
filtering’, in Proc. of IEEE International Conference on Acoustics, Speech, and Signal Processing, vol. 3, 1997,
pp. 1845-1848.



Channel Estimation and Equalization 141

[17] J. Rinne and M. Renfors, ‘Pilot spacing in orthogonal frequency division multiplexing systems on practical
channels’, IEEE Trans. Consumer Electron., vol. 42, no. 4, Nov. 1996, pp. 959-962.

[18] L. Erup, F. M. Gardner and R. A. Harris, ‘Interpolation in digital modems — part II: Implementation and
performance’, IEEE Trans. Commun., vol. 41, no. 6, Jun. 1993, pp. 998-1008.

[19] H. Tang, K. Y. Lau and R. W. Brodersen, ‘Interpolation-based maximum likelihood channel estimation using
OFDM pilot symbols’, in Proc. of IEEE Global Telecommunications Conference, vol. 2, 2002, pp. 1860-1864.

[20] P. Y. Tsai and T. D. Chiueh, ‘Frequency-domain interpolation-based channel estimation in pilot-aided OFDM
systems’, in Proc. of IEEE Vehicular Technology Conference, vol. 1, May 2004, pp. 420—424.

[21] C. E. Toso, P. Combelles, J. Golbrun, et al., ‘0.5-um CMOS circuits for demodulation and decoding of an
OFDM-based digital TV signal conforming to the European DVB-T standard’, IEEE J. Solid State Circuits, vol.
33, no. 11, Nov. 1998, pp. 1781-1792.

[22] A. A. Hutter, R. Hasholzner and J. S. Hammerschmidt, ‘Channel estimation for mobile OFDM systems’, in
Proc. of IEEE Vehicular Technology Conference, vol. 1, Sep. 1999, pp. 305-309.

[23] S. H. Chen, W. H. He, H. S. Chen and Y. Lee, ‘Mode detection, Synchronization and channel estimation for
DVB-T OFDM’, in Proc. of IEEE Global Telecommunications Conference, vol. 5, pp. 2416-2420.

[24] J. W. Choi and Y. H. Lee, ‘Design of 2-D channel estimation filters for OFDM systems’, in Proc. of IEEE 2005
International Conference on Communication, vol. 4, May 2005, pp. 2568-2572.

[25] J. W. Choi and Y. H. Lee, ‘Optimal pilot pattern for channel estimation in OFDM systems’, IEEE Trans. Wireless
Commun., vol. 4, no. 5, Sept. 2005, pp. 2083-2088.

[26] M. X. Chang and Y. T. Su, ‘2D regression channel estimation for equalizing OFDM signals’, in Proc. of IEEE
Vehicular Technology Conference, vol. 1, May 2000, pp. 240-244.

[27] X. Hou, S. Li, D. Li, C. Yin and G. Yue, ‘On two-dimensional adaptive channel estimation in OFDM systems’,
in Proc. of IEEE Vehicular Technology Conference, vol. 1, Sep. 2004, pp. 498-502.

[28] X. Hou, S. Li, C. Yin and G. Yue, ‘Two-dimensional recursive least square adaptive channel estimation for
OFDM systems’, in Proc. of International Conference on Wireless Communications, Networking and Mobile
Computing, vol. 1, Sep. 2005, pp. 232-236.

[29] W. Chen and R. Zhang, ‘Kalman-filter channel estimator for OFDM systems in time and frequency-selective
fading environment’, in Proc. of 2004 IEEE International Conference on Acoustics, Speech, and Signal
Processing, vol. 4, May 2004, pp. 377-380.

[30] W. G. Jeon, K. H. Chang and Y. S. Cho, ‘An equalization technique for orthogonal frequency-division
multiplexing systems in time-variant multipath channels’, IEEE Trans. Commun., vol. 47, no. 1, Jan. 1999, pp.
27-32.



7

MIMO Techniques

Multiple antenna configuration at the transmitter and/or the receiver can greatly
enhance the capacity and performance of wireless communication systems. The
multiple-input multiple-output (MIMO) technology, with multiple antennas at the
transmitter and/or the receiver, has been integrated into many OFDM systems.

7.1 Introduction

According to the number of transmit (TX) antennas and the number of receive (RX)
antennas, wireless systems can be classified as single-input single-output (SISO), single-
input multiple-output (SIMO), multiple-input single-output (MISO) and multiple-input
multiple-output (MIMO) systems, in which the input and output are with respect to the
channel between the transmitter and the receiver, as shown in Figure 7.1. The advantages of
employing multiple antennas and related signal processing include [1,2]:

e Array gain As multiple copies of the signals are received at a receiver with more than one
antenna, the signals can be combined coherently to achieve gain in effective SNR. Such gain s
usually called array gain. Combining methods such as equal-gain combining (EGC) and
maximal ratio combining (MRC) are very popular [3]. In an SIMO system, the average SNR
increase is proportional to the number of receive antennas. In the case of multiple transmit
antennas, however, array gain can also be obtained, provided that spatial pre-coding based on the
channel information is implemented. With this pre-coding, the multiple copies of transmitted
signals supposedly will arrive at the single receiving antenna coherently.

Diversity gain In a SISO system without signal redundancy, deeply faded signals
are beyond detection. On the other hand, in wireless systems with multiple TX antennas
and/or multiple RX antennas, signals can be transmitted/received with diversity so as to
combat channel fading. Receive diversity in MIMO systems refers to the combination of
independently faded signals from different receive antennas so that the processed signal
suffers less fading than that of the receiver with only one antenna. Similarly, using coding
that transmits redundant information from multiple TX antennas, transmit diversity can be
achieved. Well known spatial coding techniques include space—time trellis codes (STTC)
[4], space—time block codes (STBC) [5,6], space—frequency block codes (SFBC), and
space—time—frequency block codes (STFBC) [7].
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Figure 7.1. Illustration of transmitters/receivers with different antenna configurations

e Capacity gain MIMO technology brings one very important enhancement to wireless
communications: gain in transmission rate. By multiplexing the transmitted data streams
among different antennas, namely spatial multiplexing, an increase in data rate can be
attained. This rate increase is proportional to the minimum of the number of TX antennas
and the number of RX antennas. If either the transmitter or the receiver has a single
antenna, then there exists no obvious capacity gain. Hence, spatial multiplexing is mainly
applied to MIMO systems. Note that several data streams are simultaneously transmitted
over the air and received at the RX antennas. At the receiver, these signals need to be
processed to recover the information contained in the individual data streams.

e Beamforming When combining the received signals from multiple antennas, it is possible
to create strong differentiation in gains for signals that arrive from different angles. The
beam-forming technique [8] has traditionally been applied in the transmitter or the
receiver to control the directionality of the transmit/receive antenna pattern. With proper
knowledge of the channel and accordingly setting the combining coefficients, a beam-
forming receiver can increase the antenna gain along the direction of the intended
transmitter while at the same time suppressing the interferences from other directions.

Lured by these advantages, researchers have intensively studied the use of multiple antennas
and, thus, this field has grown rapidly, both in theory and in implementation during the past
few years [9]. The enhancement in spectral efficiency has resulted in the adoption of MIMO
technology in several wireless standards. In this chapter, a brief introduction of channel
capacity under different transmit/receive antenna configurations will be given first. Then,
diversity gain attained by special signal arrangements in the spatial domain will be
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illustrated. Incorporation of the MIMO techniques into wireless OFDM systems will then be
discussed. Moreover, this chapter will also cover how SISO OFDM transceivers should be
extended to enjoy MIMO advantages, especially in terms of synchronization and channel
estimation. Finally, several MIMO encoding and detection schemes will be presented.

7.2 MIMO Basics
7.2.1 Capacity

A fundamental theory of communication channel capacity (C) was first proposed by Claude
Shannon for additive white Gaussian channels in 1948. This theorem stipulates that the
maximum error-free data rate that a channel can convey is given by

C =log,(1+ p) bps/Hz, (7.1)

where p is the signal-to-noise ratio (SNR). Since then, Shannon bound represents an upper
limit in spectral efficiency.

In stochastic channels, the ergodic channel capacity is used instead. This capacity uses the
ensemble average capacity over distribution of channel gains. In the SISO system with a
random complex channel gain, &, the ergodic channel capacity takes the form of [10]

C = E{log,(1 + p|n|*)} bps/Hz. (7.2)

Without loss of generality, the capacity of MIMO channels with P transmit antennas and
Q receive antennas is first considered. Assume that the channel response from the p-th
transmit antenna to the g-th receive antenna is denoted by 4(9?). The channel matrix is then
given by

p00 .. pOP-1)

H= ) (7.3)
pQ-10) ... ple-1pP-1)

For the case without prior channel state information at the transmitter but with perfect channel
knowledge at the receiver, the ergodic capacity of the MIMO channel takes the form of [1]

c— E{logz [det (IQ + 'EHHHH } bps/Hz, (7.4)

where I is the Q x Q identity matrix. By using eigen-decomposition, HH” can be written as
HH"” = UAU”, (7.5)

where U is a unitary matrix containing eigenvectors and the diagonal matrix A has R non-zero
eigenvalues A, for 0 < r < R. After some derivation, Equation (7.4) can be formulated as [1]

CzE{Rz_flogz(l—F%A,)} bps/Hz. (7.6)
r=0
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Clearly, the above equation implies that the capacity of a MIMO channel is the sum of R
parallel SISO sub-channels.

For a SIMO channel, namely P =1, the channel vector is denoted by
hsivo = [0 B0 ... p@=101 " After eigen-decomposition, there is only one non-zero
eigenvalue Ao, which is equal to ||hsnvlo||2, where || - || is the L, norm of the vector that is
equal to the square root of the sum of the squared elements in the vector. The ergodic
capacity of a SIMO channel becomes [1]

C = E{log, (1 + pllhsvol[*)}  bps/Hz. (7.7)

From the above equation, adding more receive antennas increases the |[hspvol|” linearly and
the ergodic capacity logarithmically. On the other hand, consider the ergodic capacity of a
MISO channel with hyyso = [0 AOD ... pOP=1] " Similarly, with one eigenvalue
Ao = ||hM150||2, the ergodic capacity in this case is given by [1]

C= E{log2(1 n I@ ||hMISO||2)} bps/Hz. (7.8)

No capacity gain is achieved, even with more transmit antennas, as, on average, the increase
in ||hgnvo||* and P terms in the equation tend to cancel each other out.

When the channel is known to the transmitter, the maximum MIMO capacity can be
achieved via the water-pouring optimization [1]. Assume that y, represents the optimal
transmit energy for the r-th SISO sub-channel from the water-pouring algorithm and
Zf;ol y, = P. The ergodic capacity is then given by [1]

C:E{§10g2(1+y,£k,)} bps/Hz. (7.9)

r=0

In summary, the ergodic capacity scales linearly with the number of antennas for the
spatially uncorrelated MIMO channels. In addition, the ergodic SIMO capacity is slightly
greater than the ergodic MISO capacity, even if the number of receive antennas in a SIMO
system is equal to the number of transmit antennas in a MISO system. It is because in the
MISO system, the transmitter, lacking the channel state information, is incapable of
exploiting transmit array gain. Furthermore, from Equations (7.6) and (7.9), the ergodic
capacity of the MIMO channels will decrease as the rank R of the channel matrix is reduced,
which happens when the rows or the columns of H get more and more correlated.

7.2.2 Diversity

Diversity refers to the schemes that introduce more than one reception of the signals related
to a single piece of information. Different receptions can be contributed by signals
transmitted from different antennas, over different frequencies, at different time slots/
symbols, or along different electromagnetic (EM) wave polarizations. Usually, each signal
suffers different degrees of fading so that the transmitted information is unresolved only
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when all the different copies of the signals are severely faded. Consequently, diversity has
been adopted widely to combat fading and co-channel interference. There are four types of
diversity techniques in wireless communications:

e Time diversity Information is transmitted redundantly in the temporal domain. Time
diversity is attained when the redundancy information is separated in the time domain by
longer than the channel coherence time.

e Frequency diversity Similar to the time diversity, the frequency diversity technique
transmits redundant signals about a piece of information on carriers that are spaced by
frequency separations wider than the coherent bandwidth of the channel.

e Space diversity Multiple antennas separated in the spatial domain are used to offer
space diversity provided that rich-scattering environments create uncorrelated multipath
fading in different spatial streams. In downlink, transmit diversity is preferred due
to the size limitation of mobile units, while receive diversity is much more feasible in
uplink.

e Polarization diversity EM waves with different polarizations have different propagation,
reflection and scattering characteristics. Transmitting and receiving multiple copies of the
signal using antennas with different polarizations also helps to enhance the performance of
a wireless link.

It is intuitive that with diversity, the error probability scales exponentially with the order of
diversity, assuming that different versions of the signal suffer independent fading. Hence, the
diversity gain (G4) can be found as the ratio between the slopes of probability curves at the
high-SNR region for the diversity reception case and the no-diversity reception case, when
both error probability curves are plotted as a function of SNR on a log—log scale [4]. In other
words, for a wireless link with diversity gain G, the error probability at the high-SNR region

satisfies o <%) o (=G, log (%2)7 (7.10)

where p; and p, are SNRs for two channel conditions. Figure 7.2 depicts error probability
curves for several different cases with and without diversity gain.

7.3 MIMO-OFDM

OFDM has the advantage of converting a wideband frequency-selective fading channel into
numerous narrow-band flat-fading sub-channels. Hence, channel fading can be mitigated by
a simple one-tap equalizer. On the other hand, MIMO techniques bring about a significant
performance boost for wireless communications under flat-fading channels. As a result, by
combining MIMO and OFDM, new high-speed wireless communication systems enjoy the
benefits from both technologies.

Figure 7.3 depicts a typical MIMO-OFDM system architecture with P transmit antennas
and Q receive antennas. User data are first encoded by a channel encoder block, which may
consist of one or more channel encoders. Afterwards, the MIMO encoder parses the data
from the channel encoder block into several spatial streams. Recall that the signals
transmitted by the OFDM transmitters can be represented on a symbol—subcarrier grid in
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Figure 7.2. Performance improvement with diversity gain
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Figure 7.3. A MIMO-OFDM system with P transmit antennas and Q receive antennas

the time—frequency plane. Now, in the MIMO-OFDM systems, a third spatial dimension is
introduced, and, thus, the MIMO encoder output signals can be formatted in either space—
time blocks, space—frequency blocks or space-time—frequency blocks. Signals at different
symbols and subcarriers but with the same space coordinate are fed into a single OFDM
modulator, connected to its own transmit antenna.

Let x%} and zfi) denote the n-th baseband sample of the i-th symbol at the p-th transmit
antenna and at the g-th receive antenna, respectively. After OFDM demodulation, a MIMO
detector is required to restore the original information that is transmitted. At this stage, the
main objective is to eliminate or mitigate the effect of inter-antenna interference. Following
the MIMO detector, a channel decoder then corrects most of the erroneous bits to achieve a
better system error rate.
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Figure 7.4. Preamble design for MIMO-OFDM systems

In such a MIMO-OFDM configuration, the considerations for inserting the training/
reference signals, namely pilot signals/preambles, are totally different. Thus, synchroniza-
tion and channel estimation tasks in a MIMO—OFDM receiver must be revisited. Instead of
allocating pilot signals efficiently, the research on pilot patterns in MIMO-OFDM systems
mainly focuses on estimating channel frequency response at all data subcarriers for each
transmit-receive antenna pair. In the following, pilot insertion in MIMO—-OFDM systems is
first examined, and then related modifications on synchronization and channel estimation in
MIMO-OFDM receivers are addressed.

7.3.1 MIMO Pilot Pattern

As in conventional SISO-OFDM systems, preamble structure plays a crucial role in
synchronization and channel equalization in MIMO-OFDM systems. In [11], P preamble
segments, each having S samples, are designed. Note that S = N/U, where U is an integer
that divides N so as to shorten the preamble interval and speed up initial synchronization.
Figure 7.4 depicts a preamble structure with P segments, each with N, guard interval
samples. An S-sample segment is generated by using non-zero pilot subcarriers spaced U
subcarriers apart, transforming to the time domain by N-point IDFT, and keeping only the
first § samples. Note that one preamble segment is U times shorter than one OFDM symbol.
Denote the /-th frequency-domain pilot signal in the i-th preamble segment transmitted by
antenna p as Xi(p)(l). The preamble structure is given by

S . A
X X - xe P

Comb-type pilot patterns have also been proposed for MIMO—-OFDM systems [12]. In this
scheme, pilot signals across P symbols can be collected to form a space—time pilot block. An
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Figure 7.5. Space—time pilot insertion in MIMO-OFDM systems

example with P = 2 is illustrated in Figure 7.5. Note that one space—time pilot block is made
up of P full OFDM symbols and the channel is assumed stationary in that period.
Consequently, this pilot configuration is not suitable for fast-fading channels. Define
X,(f;) (1) as the pilot signal at the I-th pilot subcarrier in the i-th symbol from the p-th antenna
and the space—time pilot signal block for pilot subcarrier / takes the form of

0 1 _
X{,ozm X{,o;a) X{S 13(1)
0 P—1
FST(l): Xt,l (l) Xt,l (l) Xt,l (l) . (712)
x990 xW@ - x50

The third pilot-insertion scheme is proposed in particular for fast-fading channels [13]. This
scheme inserts pilot subcarriers in a space—frequency manner rather than among multiple
OFDM symbols, as in the space—time pilot-insertion scheme. Assume that the channel impulse
response has a maximum excess delay of M samples. Then, M equally spaced pilot subcarriers
are adequate to estimate the channel impulse response correctly. A pilot-subcarrier set includes
M subcarriers that are equally spaced with a spacing of D subcarriers, where D = N /M. Since
the lowest-frequency pilot subcarrier can be located at subcarrier 0,1,2,---,or D — 1, there
are D distinct pilot-subcarrier sets. In SISO-OFDM systems, any one of these D sets can be
used for channel estimation. In MIMO-OFDM systems, however, at least P pilot-subcarrier
sets are required to estimate the channel responses associated with P transmit antennas. The
space—frequency pilot signal matrix is defined as

X900 X0 - X )
(0) (1) (P-1)
se(l) = Xf.1<l) Xf.l(l> Xf,l ) (7.13)
0 —1
X () X0 - x5

where X}’?(l) represents the I-th pilot subcarrier in the i-th set transmitted by the p-th
antenna. The pilot insertion configuration with M =D =4 and P =2 is shown in
Figure 7.6. Note that the pilot subcarrier density is higher than that of the space-time
pilot-insertion scheme depicted in Figure 7.5. This is because the channel is assumed in fast
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Figure 7.6. Space—frequency pilot insertion in MIMO-OFDM systems

fading and, thus, more pilot resources are needed to estimate the channel response in every
symbol.

The three square matrices I'pr(!), I'st(!) and I'sp(!) for the three schemes are often
designed as unitary matrices. The reason will be clear later, when MIMO channel estimation
is discussed. For instance, in the case of real-valued pilot signals, matrices I'pr (/), I'st(/)
and I'sg(/) of size 2 x 2 can take the form of

%[_11 ” (7.14)

If four transmit antennas are used, the following matrix from the space—time block codes [6]
can be used:

1 1 1 1
If-1 1 -1 1
20-1 1 1 -1 (7.13)
-1 -1 1 1
For complex-valued pilot signals, the 2 x 2 unitary matrix can be chosen as [12]
1L {1 1
So=—1. L 7.16
= (7.16)
Extending from the above matrix, one can derive the P x P unitary matrix for P equal to a
power of two using
1S S }
S, =— 7.17
s S 7

recursively. For those cases in which P is not a power of two, the P x P DFT matrix with
entries proportional to e 7>/ can be used [13].

7.3.2 MIMO-OFDM Synchronization

Since pilot signals of different transmit antennas have a certain relationship (Equations
(7.14)—(7.17)), MIMO-OFDM systems can adopt the synchronization techniques in SISO—
OFDM systems with only slight modification. For details about OFDM synchronization
algorithms, the readers are referred to Chapter 5 of this book.
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Figure 7.7. Symbol timings of different receive branches in MIMO-OFDM systems

Symbol Timing Detection

In [11,14,15], the delay and correlate algorithm and the normalized metric are adopted for
the coarse symbol timing detection in MIMO-OFDM receivers. All of them still take
advantage of the cyclic prefix in OFDM signals. The signals may arrive at the receive
antennas at different times, causing slight misalignment of the symbol timings among the
receive branches, as shown in Figure 7.7. As the misalignment is usually very small for
normal antenna separation, one single symbol timing for all receive branches is usually
assumed. The delay and correlate metric in the g-th receive branch takes the form of [11]

=

O m) =139 &, ),

I

i
=

(7.18)

ml? = arg max @g& (m),

where R denotes the correlation length; L indicates the separation between two adjacent
replicas/repetitions; and Z;(r(zi ) is the received time-domain samples in the g-th receive branch.
The acquired symbol timings from all receive branches corresponding to the peak values of
CIDI()"& (m) are then averaged to obtain the estimated symbol timing.

A normalized metric for coarse symbol timing detection in MIMO-OFDM systems is
proposed in [14,15]. This metric inherently gives more weight to the receive branches with
stronger signal levels, and

-1 R—1 *12
DD D I N

(X2 Sy 2 P (7.19)

m = argmax Py (m).

(DNM (m) =

As to the fine symbol timing detection in MIMO-OFDM receivers, both the time-domain
cross-correlation [11,14] and the frequency-response—estimate algorithm can be employed
[15]. Extending directly from the time-domain cross-correlation algorithm in SISO-OFDM
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systems, the fine symbol timing detector for MIMO receivers requires P cross-correlations at
each of the Q receive branches:

P—1 S—1
e = argmax > |32l (s7)' (7.20)
p=0 r=0

where S is the length of preamble segment sﬁp) from transmit antenna p. When the preambles

from P transmit antennas are related, as in Equations (7.14)—(7.17), then matching with any
preamble is sufficient. The refined timing can be derived by finding the time index
corresponding to the peak of the sum of all the correlator outputs or averaging the optimal
time indices obtained in all receive branches.

In the frequency-response—estimate algorithm for MIMO systems, a superimposed time-
domain MIMO channel response g,(,;’ ) is first derived in each receive branch. To avoid ISI, the
fine symbol timing in each receive path is selected as the earliest arrival path with magnitude
greater than some threshold of the peak in the obtained channel response:

iy = minm | 16491 > g | (7.21)
where y is the threshold ratio and gg& denotes the peak magnitude in g,‘,?). Note that this fine
symbol timing detection must be done after the carrier frequency offset (including integer
CFO and fractional CFO) has been compensated. The final symbol timing can be similarly
derived from all }’h({ﬂ or gf,? ),

Carrier Frequency Offset Estimation

In MIMO-OFDM systems, the transmit antennas are often co-located, and so are the receive
antennas. Hence, it is valid to assume that only one oscillator is referenced in either the
transmitter side or the receiver side. As a result, a single carrier frequency offset is to be
estimated for the multiple receive branches. The maximum likelihood estimation for the
fractional carrier frequency offset is quite popular in MIMO-OFDM systems [11,14,15].

Another fractional carrier frequency offset estimation algorithm for MIMO-OFDM
systems applies different weights to the receive signals according to the respective degrees
of channel fading [16]. The preamble is designed so that each transmit antenna uses non-
overlapping subcarriers to facilitate separation of signals from different transmit antennas.
At each receive branch, the cross-correlation between the received signal and the known
preamble is examined. The magnitude of the cross-correlation output reflects the channel
fading between the corresponding transmit and receive antenna pair. Based on the channel
fading information, weights are applied to the received signals to emphasize those with
stronger channel gains and, at the same time, suppress those that are deeply faded. Then, the
carrier frequency offset is estimated based on the phase of delay correlation output of
weighted signals.

For integer carrier frequency offset, frequency-domain cross-correlation [11] and
frequency-domain PN-correlation [15] can be used with slight modification. First,
the received signals must be compensated by the estimated fractional carrier frequency
offset. Then, the compensated signals are transformed into the frequency domain. The
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frequency-domain cross-correlation algorithm for one specific receive antenna is similar to that
in the SISO case:

( —argmax |Z a1+e, a/ B (7.22)

where X,Ep ) and Z,Eq) denote the transmitted and received signals at the k-th subcarrier from
transmit antenna p to receive antena ¢, and «; denotes the /-th pilot subcarrier. Because only
one correct estimate of the integer frequency offset is allowed, inconsistent estimates from
receive branches invalidate themselves. In this case, the cross-correlation output of only one
receive antenna (preferably the one with strongest reception) is used.

Note that Equations (7.14)—(7.17) do not specify the relationship between neighboring
pilot subcarriers. Differential encoding using a PN-sequence on adjacent pilot subcarriers
can further be applied. The frequency-domain pilot-subcarrier signals of all receive branches
are first summed:

Zoi = Z zZ.. (7.23)

The phase differences between adjacent pilot subcarriers are matched to the known
PN-sequence to detect the possible frequency shift caused by the integer carrier frequency
offset. Given that the pilot signals are encoded with a PN-sequence c; of length M
(see Equation (5.35)), the integer carrier frequency offset can be estimated by

| Zl ZOtHrélZ;/H-&-c,C[Z]M |

> 2 > 2
Zl |Za/+61| ’ Zl |Zaz+1+(1‘ (724)
¢ = argmax Ppn(er),

Dpn(¢r) =

where [-],, is modulo-M operation. Note that in this method, similar fading on two
neighboring pilot subcarriers is assumed. In other words, the channel coherent bandwidth
must be wider than the frequency separation between two neighboring pilot subcarriers.

Residual Carrier Frequency Offset and Sampling Clock Offset Estimation

In [17], a maximum likelihood estimation algorithm for CFO and SCO tracking in the
MIMO-OFDM systems is proposed. In this method, the received frequency-domain signals
are assumed to suffer from interferences and noises modelled as Gaussian distributions.
Given the MIMO channel responses matrix at the [-th pilot subcarrier as
Hg”m . ng)’P -1
H,, = - , (7.25)
10 pglo-1pn)

o o

and known pilot signals from all transmit antennas,

X, = [X©O x( ... xP=D)T

7] 7] o ’

(7.26)
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the maximum likelihood estimate of the CFO takes the form of

L—-1
s —arg (ZI:O ZZHO‘/XOQ)

P }LV N, , (7.27)
where z,, = [Z(S,(,)) Zé}) e Zé;Q_l)]T denotes the received signals at subcarrier ¢; in Q receive

branches. As there is no close-form solution for SCO maximum likelihood estimation, the

estimated SCO is approximated by
H
_, arg <(zZHa,xm) (ngajxaj) )

N+Ng — o ’
277 N =0 I=0,l#j o= g

L—1

~

(7.28)

Il
=]

where L is the number of pilot subcarriers. If the space—time pilot insertion block is repeated
every P OFDM symbols, then the pilot phase differences across P symbols can be computed
and the LLS and WLS tracking algorithms in Section 5.3.3 can estimate the CFO and SCO
in the MIMO-OFDM systems. Of course, the two algorithms are effective only when the
channel does not change significantly during any P-OFDM-symbol period.

7.3.3 MIMO-OFDM Channel Estimation

Channel estimation becomes more complicated for MIMO-OFDM systems since a channel
matrix of the dimension Q x P is to be estimated. The estimation is usually performed in
conjunction with either space—time pilot insertion or space—frequency pilot insertion.

Space-Time Pilot Insertion

For the systems with space—time pilot insertion, the channel is assumed stationary for the
P-symbol duration; in other words,

H = Hfy = = HE oy Y apio, (7.29)

where H, 52’;’) represents the channel frequency response at the [-th pilot subcarrier in symbol i

from antenna p to antenna g. Let the pilot signals at subcarrier ¢; transmitted by the p-th
(r)

antenna be Xgy, = [X,(pa), Xl(‘i)l " Xl(fr>P . a,] , then the P x P pilot matrix Dy, is given by
0 1 P-1
DD‘/ = [X<S"l">,otl X(ST).DQ e X(ST,Ct[)}' (730)

A P x 1 vector consisting of the received %)ﬂot s1gnals at subcarrier ¢; for P symbols in the

g-th receive branch can be formulated as zST @ Zl o Zl +>1 o Z[(ff Pl ]”. Denote
0 1 P—1)T
h(SqF),ou = [Hi(,‘(]x’, ) Hi(,l(]x’, ) T Hi(,l(]x’, )} . (731)

The received signal matrix becomes

Z(S(![?pq = D"‘I : hé‘Z[?Val + V(Sq[?,uq’ (732)
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where V<S"T)_a1 is the noise vector and

T
V(Sqf),m = [Vl(?l)] Vi(jz)l,oq e Vi(zlfl,al] . (733)
Hence, a straightforward frequency-domain channel estimation can be derived from

Equation (7.32) if the matrix Dy, is invertible and

i (2)
h(S(!T,Ol[ = DO[[ Z<S’12.,011

(7.34)
= h(S(IT?,al + D011V<S(1T>,(¥1'

Prov1ded that the total power of the pilot signals transmitted by all antennas is constrained
by Z |Xl O”| = P, then the MSE of the above channel estimator is given by

1 - (q) 2
5 Elhsr o, — g, |17}
1 _ _
= SE(D, v, (D, v )}

= {00}

(7.35)

Ay

> o2

= Yy

where o2 is the variance of the noise term Vézz and rr{-} is the trace of a matrix. The equality

holds only when Dy, is a unitary matrix [12]. In other words, the pilot matrix D,, should be a
unitary matrix so as to minimize the MSE in channel estimation.

Space-Frequency Pilot Insertion

In space—frequency pilot insertion for MIMO—-OFDM systems under channels of M-sample
maximum excess delay, P distinct pilot-subcarrier sets need to be allocated [13]. Note that
D =N/M and P < D. Define

: a.p) (ap) (@p) T
g0 = [t gl gt )]", (7.36)
where g,(-q’p ) is the r-th tap in the channel impulse response associated with transmit antenna
p and receive antenna g. Let Fy; be the M x M matrix whose (m, r)-th element is e 727"P/N
then the channel frequency response of subcarrier mD + [ from transmit antenna p to receive
antenna g can be expressed as

Hr(nDJ)rz = (Fu),Rig"?, (7.37)
where R; is an M x M diagonal matrix whose r-th diagonal entry is e 7>™"/¥ and (Fy,),, is
the m-th row of matrix Fy;. The time index i in the subscript is dropped for clarity.

Let the transmitted signals at the subcarriers of the [-th pilot-subcarrier set from antenna
p be formulated as a diagonal matrix

P _ 4 ) () (r)
Oy’ =diag{[X;" Xpip -+ X(M—I)DJrﬂ,]}' (7.38)
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The received signal vector for the pilot-subcarrier set §; takes the form of

2, = O FyRyg®? + -+ O VFyRy g ") 4 v (7.39)
where
Z(S(Q-ﬂz = [Z/g[) ZI(Jqlﬂ, Z((Z4)—1)0+ﬁl]T (7.40)
and
vsin = Vi Vil Vivois)” (7.41)

Assume that a total of P pilot-subcarrier sets are used and denote these pilot sets as f,
Bis- -+ Bp_1, where 0 < By < B; < --- < Bp_; < D. Stacking the received signals of these
P pilot-subcarrier sets yields

(9)
Zsk g,

(9)
ZsF g,

(9)
L ZSF.py |

O/(S?FMR/SO O FuR; - OF VFyRy, g(20)

O)FyRs  OyFyR; -  Of "FyRy || gV

(7.42)

0 1 P-1) (
_Off}p),lFMRﬂpq O/(3P>,,FMR15P71 e O;(fip,l FMRIBP—] i g
(q)
VSE g,

()
VSE.B,

V(q)
RE X

= Sg 4 vl

Accordingly, the least-squares estimate of the channel impulse response g'? can be given by

g = (S18)"'s""z). (7.43)

Using a special unitary space—frequency pilot matrix such as Equation (7.13), the compli-
cated matrix inversion (S” S)71 can be avoided. Then, the estimated channel frequency
responses can be given by

0 = (Ip ® Fy.)S"2, (7.44)
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where ® denotes the Kronecker product, Fy s is the N x M matrix whose (n,m) element is
e*j27mm/N and

90

h? — : (7.45)

7.4 MIMO Encoding and Detection

MIMO techniques can be categorized into three main types. The first type uses coding
techniques to provide spatial diversity, such as space block codes; the second type uses
spatial multiplexing to achieve capacity gain; and the third type exploits the knowledge of
the channel and de-correlates the channel matrix so as to minimize interferences among
antennas. In the following, the encoding strategies at the transmitter and related MIMO
detection algorithms at the receiver for these three types of techniques will be presented.

7.4.1 Space Block Codes
Encoding

A simple space—time block code was proposed by Alamouti [5], and this code uses
orthogonal codewords to achieve full diversity between two transmit antennas without the
knowledge of channel state information. The data stream is encoded in 2 X 2 space—time
blocks with redundancy across time slots and transmit antennas, as shown in Figure 7.8. Data
in a space—time block are represented as

51 52
S = [—s§ ST}, (7.46)
where the entries in rows and columns denote signals at time slots and transmit antennas,
respectively. It is apparent that two symbols are transmitted in two time slots and thus a code
rate of 1 is achieved. Note that since the two columns are orthogonal, the maximum
likelihood decoding is reduced to simple linear processing at the receiver.

In [6], several orthogonal space—time codes designed for more transmit antennas were
presented. The full-rate and delay-optimal designs with real entries of the form %sy,- - -, %5,
were shown for the two, four and eight transmit antennas. For the 2 x 2 code, the space—time
block code matrix is given by

Gy = [ 51 SZ} (7.47)
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Figure 7.8. Signal transmission of the 2 x 2 space—time block code

The 4 x 4 design and the 8 x 8 design take the form of

Gy, =

and

S1
e
3
-
Gs1 = s
56
—s

—53

respectively.

S1 52
—52 5
—3S3 S4
—S8S4 —S53

) 83 S4

81 S4 —3S3
—S84 81 V)
§3 782 8
—S6 —S87  —S8
S5 —58 87
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—87 S6 S5

853 S4
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M (7.48)
51 —82
52 S1
N
S6 TS5 —S§ 87
S7 AYS —S5 —3S86
53 —87 S6 =S85
, (7.49)
51 52 53 S4
—S82 51 —S84 853
—S3 S4 81 —82
—8S4 —83 ) s1

For complex symbols such as the PSK and QAM constellations, the full-rate orthogonal
design with entries taking the form of =+si,£s;,--- £, and =£s7, %53, -+, £s, has been
shown to exist only for n =2 [6], namely the Alamouti code in Equation (7.46). For
transmission using three and four transmit antennas, orthogonal codes exist with reduced
code rates. The rate 1/2 codes with three and four transmit antennas are given by

Ssip0="1

51
—5
—53

52
N
S4

53
—84

: (7.50)
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and

i S1 S2 53 S4 T

—82 S1 —S84 53

—S3 S4 51 —82

—S8S4 —83 52 51

Ssip=1 , . . . | (7.51)

S 52 53 S4

=S ST =S8

e L R S o4

e B A

respectively. The code rate can be increased to 3/4 by using the signals with varying
magnitudes. Examples of these orthogonal codes include

S

9

S1 \Y) 75
* * 53
59 Vi
Sszpa= 1| 55 s —sesitnes (7.52)
V2 2 2
S5 S Ssi=sjtsts)
V2 2 2
and
83 83
Stoo® G V3
g * 83 _5
20 V2 v
S4,3/4 = 55 £ —s51 =5 +52—5; 51—85] =525, (753)
V2 V2 2 2
55 S SsimSsitsts) _ sitsis—s)
V2 V2 2 2
Detection

To detect the transmitted symbols in space—time block codes, all the Q x P channel
responses must be stationary within one space-time code block. Let the two frequency-
domain signals at subcarrier k of two consecutive OFDM symbols be coded using the
Alamouti code and transmitted from two antennas. The received signals at that subcarrier of
two corresponding OFDM symbols at the g-th receive antenna become

Zéq) = HIE%O)SI + H,Eq’l)SZ + V(()qk)
(q)

(7.54)
qu) = _ngq'o)s; + H/Eqﬁl)sif +Viks

where H,Eq’p ) is the channel frequency response from antenna p to antenna g, and s, is the
transmitted frequency-domain data from antenna p—1 during the zeroth OFDM symbol, and

Zi(_Z) and VISZ) are the received signal and the noise of the subcarrier in the i-th OFDM symbol
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at the g-th receive antenna, respectively. The maximum-likelihood symbol detector then
searches all possible values of (sy,s,) to find the minimium of the metric

fQ

(|Z(<)qk) HIE%O)S] 7HI(€‘IA,1)S2|2 + |Z§7k> H(‘IO) * H(‘Iv ) o | ) (755)

1
[=)

Due to the orthogonality between the codewords, the cross-terms associated with the product
518 are cancelled. Thus, detection of §; and § is achieved by minimizing the following two
metrics separately:

q=0 p=0

2 0-1 1
+ (—1 +y > 1 2) Is1[? (7.56)

,0)% * 1
GO 1 20 >>]

and

2 0-1 1
5 +<—1+ S HE >|9| (7.57)

=0 p=0

<« (@)% 17(q,0
lZ —zlkH‘”>]—

The linear decoding approach can also be applied to space—time block codes with three and
four transmit antennas [6].

7.4.2 Spatial Multiplexing

In spatial multiplexing MIMO systems, the input data stream is first parsed into several sub-
streams, known as layers, and then each sub-stream is transmitted by the transmit antennas.
As a result, the streams are multiplexed in the spatial domain, hence the name of the
technique.

Encoding

In 1996, G. J. Foschini at Bell Lab. first proposed a diagonal layered space—time scheme,
also known as the Diagonal Bell Labs Layered Space-Time (D-BLAST) scheme [18]. Given
P transmit antennas, the original data stream is divided into P sub-streams, and data in each
sub-stream is processed by a channel encoder and mapped into complex symbols. To share
the resources in the space and time dimensions, each sub-stream is periodically cycled
through the set of transmit antennas, as shown in Figure 7.9. Hence, each layer can take
advantage of spatial diversity and will not be in deep fade all the time.

Based on D-BLAST, the vertical-BLAST (V-BLAST) scheme, was subsequently developed
in 1998. V-BLAST can be regarded as a simplified version of D-BALST with reduced
decoding complexity [10]. Rather than allocating each sub-stream diagonally across space
and time, the data stream is split into sub-streams by a de-multiplexer, as shown in
Figure 7.10. Symbols from the channel encoder are arranged vertically in the space-time
coordinate; thus, this technique is named V-BLAST. Correlation between different layers
due to the multiplexing makes joint detection of all layers inevitable.
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In addition to V-BLAST, the horizontal-BLAST (H-BLAST) scheme, shown in Figure 7.11,
can also achieve spatial multiplexing. In H-BLAST, each sub-stream is processed by a channel
encoder and fed to a transmit antenna, and thus spatial diversity is lost.

Detection

Given the P x 1 transmitted signals x = [X© X() ... X(P-1)" and the Q x P channel
matrix H as in Equation (7.3), the received signals can be expressed as

7(0)
z(1)
z= . =Hx+v, (7.58)
z(0-1)
Time —
Layer 1 € a

[hloftlefalcfe]a]
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Figure 7.10. V-BLAST spatial multiplexing transmission



MIMO Techniques 163

Time Channel coding Layer 1 djc|b|a
> ]
D and mapping
[nofrfefefc]o]a]
& || Channel coding Layer 2 hlo]f|e
> and mapping
Data a
stream 3 i
g Channel coding Layer 3 Kol
8 and mapping
Channel coding Layer 4 Progpngm
> ]
and mapping
-—
Time

Figure 7.11. H-BLAST spatial multiplexing transmission

where v represents the noise vector. Since there are P unknowns and Q equations, these
unknowns can be solved if Q > P.

Zero-Forcing (ZF)
The zero-forcing (ZF) detector simply derives the transmitted signals by solving Equation
(7.58) regardless of the noise,

X = Ggzpz, (7.59)
where Gzp is the pseudo-inverse of the matrix H and is given by
Gz =Hf = (H'H) 'HY. (7.60)
Despite its simplicity, this approach suffers from the noise enhancement problem.

Minimum Mean-Squared Error (MMSE)

The minimum mean-squared error (MMSE) algorithm detects the transmitted signal
through minimizing E{(x — x)" (X — x)}. The detector calculates the transmitted signal
vector by

X = GMMSEZ (7.61)
with
Guuse = RuR,), (7.62)
where the cross-correlation matrix Ry, can be reduced and
Ry, = E{xz"} = R H" = o’H". (7.63)
In addition, the auto-correlation matrix can also re-formulated as

Ry, = E{zz"} = [o*(HH") + 0”1, (7.64)
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where 0’)2( and 0"2} are the signal power and noise power, respectively. Hence, the MMSE
matrix takes the form of

L1 1!
Guuse = H? {HHH + Q] = {HHH + P] H", (7.65)
P P

where p = 02 /0? is the signal-to-noise ratio. Evidently, with the SNR information, the
MMSE detector avoids amplifying the noise and thus performs better than the ZF detector. It
is worth noting that when the SNR is high, the MMSE detector approaches the ZF detector.
On the other hand, the MMSE detector becomes a matched filter when the SNR is very low.

Ordered Successive Interference Cancellation (OSIC)

Both the ZF and the MMSE algorithms are linear detectors. There also exist nonlinear
algorithms that can solve the detection problem for the data that have been spatially
multiplexed. The well known ordered successive interference cancellation (OSIC) method
was proposed when the V-BLAST prototype was announced [19]. The concept behind the
OSIC algorithm is to detect the strongest undetected signal at present, then eliminate the
interference caused by the resolved signal before the next decision, then do the next
decision, and so on. The procedure goes on iteratively until all the transmitted signals are
obtained. The OSIC process with iteration index i is described below in more detail:

e Initialization:

H(0) =H,
(0) (7.66)
z(0) =1z
e Ordering:
Find the most reliable signal,
G(i) = H()" = (H()"H() " H()",
(7.67)

o = arg min||(G(0)),|I*

where (G(i)), denotes the p-th row of the matrix G(i) and the row with the minimum
norm corresponds to the transmitted signal with the highest SNR.

e Detection:
Detect the transmitted signal identified in the previous step and then make a decision,

X = Q[(G(i)), 2(1)], (7.68)

where Q(-) quantizes its argument to the nearest constellation point.
e Interference cancellation:
Remove the interference from X (@),

2(i + 1) = z(i) — hy, X, (7.69)

where h,, is the (a;)-th column of H.
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o Interference nulling:
Null the effect in the channel matrix H corresponding to X(®),

H(i + 1) = null[H(i)], (7.70)

where the null[-]” operator fills the p-th column of the enclosed matrix with the all-zero
column vector.
e Recursion from Equation (7.67).

The ordered set {ag, 1, --,ap_1} then specifies the detected sequence of the transmitted
signals. In addition, matrix G(i) can be replaced by the MMSE solution of H(i) to obtain
better performance.
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Sphere Decoding (SD)
The maximum likelihood (ML) solution to the MIMO detection problem finds the P symbols
satisfying:

Xy = argmin ||z — Hx||?, (7.71)
X€A

where A is the set of all possible P-symbol combinations, and each symbol is a point from
the constellation used, such as QPSK, 16-QAM or 64-QAM. The ML detector must search
all possible combinations and, thus, the complexity grows exponentially with P. In light of
this huge complexity, sphere decoding was proposed to reduce the search complexity in an
ML detector for MIMO detection [20].

Given the zero-forcing solution

x=Hz = (H'H) 'H"z, (1.72)
compute
[H(x - %)[|* = (x — %) "H'H(x - %)
= x"HHx — 'H™ (H"H)x — x"/(H'H)H'z + 2"'H" (H'H)H'z
= x""H"Hx — z/"Hx — x'"H"z + '"H" (H"H) 'H"z
= x"H"Hx — z/'Hx — x'"H"z + 2"z — (z"'z — 2"H" (H"H) 'H"z)
= ||z — Hx|* — 2 (1 — B (H"H) "H")z. (7.73)

The above equation can be rearranged and one has
||z — Hx||* = [|[H(x — X)||* 4+ 2/ (1 — B (H"H) " 'H ). (7.74)

Since the second term in the above equation is constant for all possible x, the ML solution
becomes

Sy = arg min [[H(x — )% (7.75)

To avoid an exhaustive search, the sphere decoder, as its name implies, only searches for
those constellation points lying within a P-dimensional hyperspace sphere centered at X.
This, of course, only works when the radius d of the sphere is large enough to enclose the
ML solution:

|H(x —%)|)* < &> (7.76)
Furthermore, by QR decomposition, the channel matrix H is decomposed into H = UR,

where R is an upper-triangle matrix and U is a unitary matrix so that H’H = R”R. Let the
(i,j) element in R be denoted as r;;; then, the cost function to be minimized can be
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expressed as

P-1 P-1
(x— )" HH(x — %) = [ Y (XD = XO)ro [ + 3 (XO = XO)ry i+
i=0 i=1
P—1
+ Y (x Nep P =To+Ti+-+Tpy, (177)
i=P—1

where T = | Zf;;l(X () — X@)r;;|*. Note that the cost function is now expressed as the sum
of P terms.

The sphere decoder starts from variable X’V and discards all those X*~!) with
Tp_, > d?. With those remaining X*~1), the sphere decoder proceeds to test all possible
XP=2) and again discards all those (X"~1 X(P~2)) with Tp_; + Tp_» > d*. The process
continues until the final variable X(*) is reached. The whole sphere decoding process can be
regarded as a P-level tree search, as shown in Figure 7.12. In level p, only descendants of the
parent nodes with Z i=p +1 T; < d* are considered. As soon as the partial sum Z f
exceeds d?, the node and all its descendants are removed from the search space. When all
viable leaf nodes are visited, the ML solution is the leaf node with the minimum cost
function. In addition to the above sphere decoding scheme, there are several modified
techniques that can further improve the search efficiency [21].

It has been shown in [22] that OSIC with MMSE matrix can out-perform the original
OSIC using the pseudo-inverse ZF matrix. Moreover, both nonlinear OSIC schemes are
better than the linear zero-forcing detector and the MMSE detector. On the other hand, the
ML solution has the optimal detection performance, albeit with very high complexity. With
careful design of the radius and search strategy, sphere decoding can approach the ML
performance with considerably lower complexity.

7.4.3 Spatial De-correlation

Encoding

All the aforementioned MIMO techniques do not have the luxury of known channel state
information (CSI) at the transmitter. CSI at the transmitter can be derived either by the
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reciprocity property of the wireless link or through a feedback channel from the receiver.
With CSI, the transmitter can apply spatial pre-coding that effectively de-correlates the
cross-coupled channel by diagonalizing the channel matrix and creating parallel sub-
channels. When this happens, the spatial streams are de-coupled from one another.

The singular value decomposition (SVD) procedure is adopted to convert the channel
matrix into the product of a diagonal matrix and two unitary matrices. The channel matrix H
can be decomposed as

H=U3V", (7.78)
where 2, = diag(o¢, 01, - -, 0r_1) contains channel singular values o9 > 07 > ---0x_1 > 0;

U and V are unitary matrices, satisfying U?U =1 and V¥V = I. The de-correlating pre-
coding encodes the data by V,

x = Vs, (7.79)
where s = [sg 51 - - sR,l]T denotes the R spatial streams, as shown in Figure 7.13(a).

Decoding

The received signals with spatial pre-coding can be expressed as

z=Hx+v=U3ViVs+v

7.80
=U3s+v. (7.80)
x© 7©
> Y Y .
] X 7 |
s, |Pre-coding Y Y Decoding d,
v EX{FH) ’Z(FHE) UH
a X
(a)
0o ]/0'0
So % T d() é s /S\O
Vlo
O ]/0'1
R R s &
3 v'1 .
. Or-1 ) d 1/on-1
ViR
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Channel+ o
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(b)

Figure 7.13. (a) Pre-processing and post-processing in SVD and (b) compensation for parallel
orthogonal sub-channels
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Then, the received signal is pre-multiplied by matrix U (see Figure 7.13(a)),

d=U"z
=35+ Uy (7.81)
=3s+V.

It is clear that R SISO parallel sub-channels are effectively formed and the spatial streams in
s can be obtained by simple equalization:

5, =0.'d,, r=0,1,--- R—1, (7.82)

as shown in Figure 7.13(b).
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From Algorithm to Bit-True
Design

— by Ming-Luen Liou and Tzi-Dar Chiueh

In modern receivers, signal processing algorithms are usually executed in fixed-
point arithmetic to save hardware costs as well as power consumption. Designers
need to make compromises among cost, performance and hardware constraints of
building blocks to obtain acceptable designs meeting the overall system perfor-
mance specifications.

8.1 Design Flow Overview

System design is a series of mapping processes. As Figure 8.1 depicts, during these
processes, a design starts from a clear system specification, and then descends gradually
from higher levels to lower levels with more details. Checked points are specified between
successive design phases to make sure that design consistency is always maintained and
target specifications are met. If an intermediate design fails to meet the target functional/
performance specifications or the system behaviors are not consistent with those from
higher-level models, designers should revise the design for a better solution.

During the initial design phase, system algorithm is developed by constructing a floating-
point functional model that meets the system specifications in both performance and
functionalities. For receiver algorithm exploration, it is also necessary to analyze and
model the channel effects, non-ideal characteristics and impairments. Even with functional
models for all modules, the design is still inadequate because hardware-related information
such as computation latency, throughput, precision and hardware complexity are still
unclear. Owing to their high flexibility in system description and high design efficiency,
programming languages such as C/C++ and software packages such as MATLAB are often
used by the designers to construct system-level functional models. The choice of language
also depends on the final implementation, which may be in hardware, software or both.
Generally speaking, when the algorithm is quite sophisticated or subjected to change, and
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the processing delay/latency is not critical, software realization is more favorable, as system
flexibility can be preserved.

When the functional model design is complete and the model behaves accurately, with its
performance meeting the specifications, implementation-related information is annotated to the
model. In the next design phase, the impact of signal processing latency and throughput upon
the system behavior will be analyzed. For example, processing latency of modules in terms of
clock cycles of synchronous systems must be estimated. After taking into account these delays,
the designers may find that the system behavior has changed and target specifications are no
longer met. When this happens, the designers need to evaluate approaches to reducing
processing latency or even return to the previous design phase and adjust the system algorithm.
At the end of this phase, the design is now said to be cycle-accurate.

After introducing the cycle-based processing delay, the design takes another step in
hardware realization: converting from floating-point processing to fixed-point arithmetic.'
Similarly, the design in terms of fixed-point arithmetic (so-called bit-true design) must
be checked against the previous design to limit the performance degradation (due to the
fixed-point arithmetic quantization effect) within an acceptable level. More details of the
transformation will be illustrated in the following sections.

In the next phase, the task depends on how the design is to be implemented. The fixed-point
arithmetic system model can be translated to the corresponding assembly code for firmware/
DSP-based implementation, or translated to hardware description language (HDL) for dedicated
IC or FPGA implementations. To implement the design in hardware, pipeline stages are inserted
to reduce critical-path delay and registers and multiplexers are allocated to facilitate more
resource sharing. Many techniques for signal processing hardware design can be found in other
textbooks, such as [1]. Sometimes, these techniques may change processing latency, and thus
may alter the system behavior. As always, the designers should ensure that the hardware has
comparable behavior with the cycle-based fixed-point design. When it is difficult to maintain
behavior consistency between the hardware model and the fixed-point arithmetic model, the
designers can adjust the higher-level model to match the lower-level hardware design.

The system integration and verification task is launched once the hardware design
is complete. For example, in ASIC design flow, the designers assemble functional blocks
and hard/soft IPs, and perform a series of hardware synthesis, placement/routing and timing/
power/testability analyzes that guarantee the functional correctness and manufacturing yield
of the final design [2]. On the other hand, the designers may translate the hardware design to
FPGAs, which provide fast prototyping for emulation and verification before actual silicon
implementation. With this fast and flexible prototyping, the designers can evaluate system
performance and reliability in more detail, and hopefully identify system level flaws/bugs
before tape-out. In the case of wireless baseband receiver design, this process also helps to
evaluate how well the adopted baseband channel model approximates the actual channel
effect and the front-end electronics impairments.

Signal processing algorithms can be implemented in either floating-point or fixed-point
arithmetic [3]. There are fewer constraints on the signal dynamic range and precision when
using floating-point arithmetic, while the hardware cost is significantly higher than that of

'Comparatively speaking, the control of arithmetic precision is more flexible than processing latency/throughput,
since the latter is usually constrained by the signal processing algorithm or the system architecture. Consequently,
the timing model should be considered first to shorten the design cycle.
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Figure 8.2. SINR degradation from a secondary impairment

the corresponding design using fixed-point arithmetic. In most cases, algorithms are first
designed with high precision. After that, they will be compiled to fixed-point arithmetic on
dedicated hardware (ASIC) or embedded processors to fit the implementation constraints
such as hardware cost and/or power budget. This precision loss and non-trivial computation
latency inevitably introduce errors that result in system characteristic change or even
performance loss [3,4]. Hence, an important issue is to evaluate how the signal dynamic
range and precision affect the performance of the system under development.

Throughout this chapter, the focus will be on how to convert a cycle-accurate floating-
point arithmetic design to a corresponding bit-true design based on fixed-point arithmetic.
The major issues include quantization effect by ADCs and its effect on the ensuing digital
arithmetic operations in the receiver, also known as the finite precision effect. This effect
includes ADC quantization/clipping effects, dynamic range setting, fixed-point arithmetic
and the limit-cycle effect. In addition to describing these phenomena, the rest of this chapter
will also cover fundamentals of the fixed-point design methodology in detail.

8.2 Effect of Additive Impairment Sources

In the algorithm design phase, the designers should consider signal-quality degradation
caused by various impairment sources. These impairments usually appear in different forms,
and their analysis is relatively simple if they can all be modelled as additive noise sources.
As Figure 8.2 depicts, the ideal signal x is inflicted with two impairment sources, n; and n,,
where n; is stronger than ny. The signal-to-interference-and-noise-ratio (SINR) of the
polluted signal (y) is dominated by 7, and the performance degradation caused by n, is
determined by the relative power ratio between n, and n,. For instance, if the power of n, is
about 5.9 dB lower than that of n;, then n, will cause approximately 1 dB extra performance
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degradation, while, if it is about 16.3 or 26.4 dB lower, there is only 0.1 or 0.01 dB extra
degradation, respectively.

Figure 8.3 shows another example in which the error rate performance of a typical
uncoded QPSK demodulator is considered. In addition to the thermal noise, an extra noise
source with constant noise power is added. The solid curve shows the theoretical case in
which there is only thermal noise. When adding the secondary noise, the symbol error rate
(SER) curve moves away from the solid curve, and the loss in SNR increases with the
secondary noise strength. Unlike the ideal SER that falls off as the SNR increases, the SER
curve of the demodulator with an extra noise source has a lower bound (error floor).

The above two examples reveal how noisy/interfering effects may incur loss in SNR and set
a limit in the system performance. Hence, these undesirable effects must be kept small relative
to the noise power of the receiver operating range. In general, these secondary impairments
may be from interference sources, analog front-end, estimation errors in synchronization and
gain control loops, and the finite precision effect. The parameter estimator accuracy is usually
determined by the estimation algorithms, while the finite precision effect can be reduced
simply by increasing the signal word-lengths. To limit the SNR loss from the finite precision
effect, the designers can perform simulations to derive a critical SNR at which the receiver
meets the target specification. Based on the SNR and a predefined implementation loss
constraint, one may derive an upper bound on the extra noise/impairment power.

Example:

Assume that an ideal demodulator works properly at SNR = 20 dB, and the implementation
loss from ADC and the baseband receiver has to be controlled to under 1 dB. Thus, the total
impairment from these modules should be 5.9dB lower than the thermal noise, or
equivalently 20 + 1 + 5.9 = 26.9 dB lower than the signal. Similarly, if the implementa-
tion loss is limited to 0.1 dB, then the total impairment becomes 20 + 0.1 4+ 16.3 = 34.4 dB
lower than the signal. Compared with the 1-dB implementation loss case, this case requires
7.5-dB lower impairment power.
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8.3 Analog-to-Digital Conversion

In a digital communication receiver, there is an important mixed-signal block: the analog-to-
digital converter (ADC). The ADC acts as an interface between the analog and digital sub-
systems, and converts the continuous-time received signal z(¢) to the discrete-time received
samples z[n] for the baseband receiver. To assure that the baseband algorithms work properly,
the receiver may control the dynamic range of z(¢) through a gain—control feedback loop.

8.3.1 ADC Distortions

The distortion of an ADC can be divided into two parts: quantization noise and clipping
noise. An N-bit ADC divides its full-scale A into 2V equal intervals, and converts a time
sample z(nTy) residing in one interval to a corresponding N-bit digital code z[n]. The
difference between z(nT;) and the middle point of the interval is called the quantization
error. Ideally, the linear model of the quantization process is an additive uniformly
distributed random noise in (—0.5A,4+0.5A), where A = A/2V is usually called the least-
significant bit (LSB) of the ADC. The precision of an ADC can be characterized by the
effective number of bits (ENOB), which is defined as [5]:

average signal power

ENOB = (IOIOg - 1.76) /6.02 bits. (8.1)

noise and distortion power

In an ADC, the input samples with values exceeding the maximum level are usually
represented by the maximum level, which is known as the clipping level. The difference
between z(nTs) and the clipping level is called the clipping error. The linear model of the
clipping error is an additive impulsive noise source. Both quantization noise and clipping
noise can be approximated as a white noise source when the number of quantization levels as
well as the signal swing is large. In addition to the precision and full scale of an ADC, the
range of the signal to be quantized also determines how often clipping occurs. An important
metric of signal waveforms is crest factor (CF), which is defined as

CF = 201og peak signal amplitude

. 8.2
RMS signal amplitude (82)

In quantising waveforms with high CF, larger headroom must be reserved to keep large
samples from clipping. Moreover, for systems that have high SNR requirement (e.g. high-
order modulation receivers), clipping probability must be kept low.

Consider the case in which the ADC input samples are Gaussian distributed with standard
deviation o, as shown in Figure 8.4, and set the clipping level at 20, namely CF of the ADC
output is 6 dB. The samples within the interval (—2c,20) contribute quantization errors,
whereas the samples outside the interval contribute clipping errors. Obviously, the sample
distribution strongly affects the power ratio of quantization error and clipping error. A proper
ADC dynamic range setting should suppress the total power of the two error terms as much
as possible. As Figure 8.5 depicts, clipping noise decreases as the input is attenuated so that
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the ADC output signal CF increases. As is easily seen from the figure, for the same level of
clipping noise, TX samples are more ‘concentrated’ in values and thus have a lower CF than
the Gaussian signal. For an ADC with 10-bit ENOB and Gaussian-distributed random input
samples, if the design goal is to make clipping noise power close to the quantization noise
floor, the ADC output CF should be set to about 12 dB. In this case, input signal samples
ranging from —4o to 40 can be digitized without clipping.

Higher CF at ADC output can be attained by attenuating the signal level before entering
the ADC. As Figure 8.6 depicts, the optimum CF setting that corresponds to the highest
signal-to-conversion error ratio depends on the signal distribution. When the ADC output CF
exceeds the optimum setting, a decrease in the clipping error cannot compensate for the
performance loss due to signal power level reduction, thus making the ADC output SNR
decrease. On the other hand, as the ADC output CF gets smaller and smaller than the
optimum setting, the increase in average signal power is outstripped by the increasing
clipping error, and again the ADC output SNR deteriorates.

8.3.2 Signal Probability Distributions

Signals can have very different amplitude probability distributions. From the above discus-
sions, it is clear that the optimal CF setting of the ADC output depends on the amplitude
distributions of the signals to be quantized. Figure 8.7 depicts the distributions of three typical
signal sources. Samples of narrowband constant amplitude modulations (CAM) are sinusoidal-
like, and their sample distributions are of the U-shaped distribution similar to the Doppler
spectrum in Chapter 4. Samples of thermal noise and mixed signal sources have Gaussian
distribution, which has much wider dynamic range (typically up to eight times the standard
deviation o) and hence much higher peak-to-average power ratio (PAPR). In comparison with
these two signal distributions, the amplitude distribution of a typical single carrier modulation
signal (such as a QAM signal) varies between the bath-tube and the Gaussian shape. Also,
samples of a typical single-carrier modulation (SCM) signal have a PAPR between that of the
CAM signals and that of Gaussian-distributed signals. Sample distributions of OFDM signals
have higher PAPR and their amplitude distributions are approximately Gaussian. Therefore,
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the OFDM signals require a relatively large CF setting at the receiver ADC. Furthermore, in
the situations in which transmitted signals undergo serious multipath fading channel with rich
scattering, the received signal samples will also become Gaussian distributed.

Some signal distributions with multiple peaks are known as multimodal distributions.
Distributions of some signals in baseband receivers are multimodal, such as the equalizer
output signal. As an example, consider received signals that are 2-PAM modulated with signal
levels a and —a. Each received sample is modelled as the sum of a transmitted signal and a
Gaussian-distributed noise with variance o determined by the channel. Hence, the probability
distribution of the received signal is given by the convolution of a Gaussian distribution with a
two-impulse distribution that has peaks at a and —a, as shown in Figure 8.8. According to the
characteristics of the Gaussian distribution, the range of the 2-PAM received samples can be
approximated as (—a — 40, a + 40).

2-PAM signal probability
distribution under relatively
high SNR condition

Distribution
under low-SNR condition

Figure 8.8. Probability distributions of two multimodal signals
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8.3.3 Dynamic Range and Precision Setting

In the early design phase of a wireless communication receiver, several decisions about the
ADC must be made. The choice of conversion rate and number of bits of the ADC can have
a significant influence on the power consumption, sensitivity and error rate performance of
the receiver that is being developed. When determining the ADC precision specification and
the dynamic range setting, several factors need to be taken into account.

(1) Input SNR for Proper Operation

The minimum input SNR at the receiver to achieve acceptable performance should be
determined first. Based on this SNR requirement, the designers can estimate the relative
strength between the thermal noise and the quantization/clipping noises and set an
appropriate A/D precision accordingly.

(2) Signal Probability Distribution and PAPR

Probability distribution of the received signals can be characterized by statistical measures
such as mean and variance. These measures and the PAPR of the signal are also major
factors in the full scale of the ADC, as mentioned previously.

(3) Adjacent-Channel Interference (ACI)

In the wireless environment, the near—far problem makes adjacent-channel signal from a
near transmitter overwhelm the desired signal from a transmitter much farther away. As
shown in Figure 8.9, the power level of adjacent-channel signals can be tens of dB higher
than the desired signal. In practice, the analog front-end and the baseband processor together
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complete the channel selection. After the front-end channel selection, strong ACI, though
attenuated, still makes up a significant portion of the signal at the ADC input. In this case,
the swing of the desired signal is small, and the quantization/clipping errors become quite
significant. Therefore, higher ADC precision is required to limit the quantization/clipping
errors to relatively smaller than the desired signal.

(4) Automatic Gain Control (AGC)

In most wireless receivers, the AGC block can track the radio signal power and set the
gain accordingly to maintain the signal power level at the ADC input. However, the AGC
is not perfect and the signal power level may change by too much, causing not enough
headroom or too high a signal-to-quantization noise ratio. Hence, the designers must
reserve some margin in the ADC dynamic range to allow for variations in the input signal
power level.

(5) DC Offset

DC offset often occurs in a direct-conversion receiver structure. If it is not contained, the ADC
clipping probability will increase. In most cases, this component is blocked by AC coupling at
the ADC input. However, in the receivers using DC coupling, this ADC saturation due to DC
offset must be considered and a suitable margin in the dynamic range is required.

Consider the dynamic range budget shown in Figure 8.10. To set an appropriate A/D
specification, the designers analyze the strengths of the signal, interference and noise terms
according to the items described above. The ADC precision requirement, in terms of ENOB,
is normally set high enough so that the narrow-band (in-channel) noise power contributed by
ADC is smaller than the front-end thermal noise. On the other hand, increasing the ADC
sampling frequency provides a higher over-sampling ratio (OSR), which is an alternative
choice for reducing the narrow-band noise power.

8.4 Finite Precision Effect in Digital Baseband Processing

Digital baseband processing mainly involves arithmetic functions such as addition/subtrac-
tion, multiplication and table look-up. In addition, FIR filters and IIR filters are also very
useful. In the following, fixed-point data formats and error models of these functions will be
investigated.
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8.4.1 Fixed-Point Data Format

A fixed-point number can be specified in a three-tuple [6], (WL, IWL, SIGN), in which WL
and IWL denote the total word-length and the word-length for the integer part, respectively.
The SIGN flag indicates whether a 2’s complement number or an unsigned number is
represented. A more elaborate representation uses a four-tuple that also specifies the
quantization operation (truncation or rounding) [7]. Figure 8.11 shows the graphical
illustration of the fixed-point format. Note that the word-length for the fraction part,
FWL, is given by WL — IWL.

Although the above three-tuple specification of fixed-point number format is quite clear
and simple, negative FWL is possible and can cause confusion. Hence, an alternative format
specification will be adopted. In this specification, no decimal point is considered and only
the locations of the most-significant bit (MSB) and the least-significant bit (LSB) in the
number line are indicated:

E(MSB, LSB). (8.3)

The E character can be U, which denotes the unsigned binary numbers, or S, which denotes
the 2’s complement numbers. MSB and LSB are both integers that can be either positive or
negative. For the unsigned format, the fixed-point number range is [0,2MSB+! — 2LSB] "and
the minimum difference between the two nearest fixed-point numbers is 2B, For the signed
format, the most negative number is —2MSB " and the most positive number is OMSB __ 9LSB
The minimum difference is the same as the unsigned format.

8.4.2 Fixed-Point Error Model
In a fixed-point system, several different errors may be introduced during signal processing
[3,4]. Three major types of errors and their effects are presented here.

(1) Truncation Error (Round-Off Error)

Truncation error is introduced when the fraction part of a fixed-point number is truncated.
Generally speaking, truncation is inevitable, since signal-processing operations such as
multiplications or filtering increase the output signal word-length. To keep the word-length
from growing indefinitely, several LSBs in the fraction part can be discarded.
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Figure 8.12. Propagation error model of a fixed-point adder/subtractor

(2) Clipping Error

Clipping error happens when the output of an arithmetic operation exceeds the range of the
fixed-point representation. With proper range estimation and sufficient IWL setting, this kind
of error can be avoided. However, in some cases, reserving sufficient IWL may lead to an
over-conservative design with low hardware efficiency. Therefore, it is recommended to
adopt clipping protection after some arithmetic operations to avoid overflow signals
propagating further and crashing the whole design.

(3) Propagation Error

Error terms generated in arithmetic operations will propagate along signal/control paths of
the design. Figure 8.12 illustrates the propagation error generated by a fixed-point adder/
subtractor. Let A and B denote the two fixed-point variables; a and b denote the original
floating-point signals; and ¢, and ¢, denote the truncation errors generated by earlier
arithmetic operations. The output of the adder, A+ B, can be represented as
(a+b)+ (ga + q»), where (a+ b) is the signal term and (g, + ¢,) is the propagation
error term. The above formula can also be applied to the subtraction operation.

Example:

Consider the examples shown in Figure 8.13. Assume that the operands A and B are both
in the format S(+5, —5), the error terms ¢, and g, are of equal variance and uncorrelated
to each other. After addition, the dynamic range of the result signal term increases by one
bit, and the error power is doubled. In the second example, assume that the format of
operands A and B are S(+4, —4) and S(+2, —7), respectively. The variance of ¢, is much
higher than that of g;. In this case, it is deduced that the dynamic range of the sum grows
by one bit from that of A, while the error term is also dominated by ¢,. Hence, the
precision of the adder output is close to that of the more significant operand A.

Figure 8.14 illustrates the propagation error generated by a fixed-point multiplier. Let A, B
and C denote fixed-point variables; a and b denote the original signals; and ¢, and g, denote
the truncation errors generated by earlier operations. The constant multiplier output, A x C,
can be represented as a x C + g, x C, where a x C is the signal term and g, X C is the
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Figure 8.13. Binary addition of two fixed-point numbers
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Figure 8.14. Propagation error model of fixed-point multipliers

propagation error term. On the other hand, the variable multiplier output, A X B, can be
approximated by axb+bxg,+axqp where axb is the signal term and
b X g, + a x gqp is the propagation error term.
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Figure 8.16. Propagation error model of a fixed-point divider

Figure 8.16 illustrates the propagation error generated by a fixed-point divider. Let A and B
denote two fixed-point numbers; a and b denote the original floating-point value; and g, and
g» denote the truncation errors generated by earlier operations. The divider output, A/B, can
be approximated by a/b+ q./b— q, X a/b?, where a/b is the signal term and
ga/b — qp X a/b? is the propagation error term.

Special mathematical functions such as trigonometric and hyperbolic functions can be
derived analytically or by iterative methods. If the precision requirement of the function is
low, a general and practical implementation uses a look-up table (LUT). Figure 8.17
illustrates the propagation error generated by a fixed-point LUT. Assume that the mathe-
matical function, f(a), is realized by an LUT. For an input a, which has been quantized as
A = a+ q,, there exist two independent error terms: g, X f(a) and gpLyr. The former term
ga % f'(a) depends on the LUT input word-length (address granularity) and the latter term
qLur depends on the LUT output word-length. Since the LUT hardware cost scales
exponentially with the input word-length and linearly with the output word-length, a
more aggressive setting can be used for the input word-length.

A=a+q, LUT > fla)+ gzx '(a) + quyr

ANNNNNNNNNNN
Noise term

Figure 8.17. Propagation error model of a special mathematic function
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8.4.3 Finite Precision Effect in FIR Filters

FIR filters are widespread in many signal processing systems. They are also popular in
digital baseband receivers owing to their structural simplicity/regularity, unconditional
stability and low sensitivity to filter coefficient errors. Besides being used for anti-aliasing,
pulse shaping, interference rejection and parameter smoothing, FIR filters can also be used
for sample rate conversion and equalization. For a causal N-tap FIR filter, the output sample
can be represented as

y[n] = hox[n] + hix[n — 1] + -+ - + hy_1x[n — N + 1], (8.8)

where hg, hy, ..., hy_y are the filter coefficients and x[n|,x[n — 1],..,x[n — N + 1] are the
time-domain input samples at time index n to n— N + 1. If the filter coefficients are
symmetric or anti-symmetric about time (N —1)/2, then the filter has a linear
phase response and all frequency components have the same delay when passing through
this filter.

Consider a (2N + 1)-tap direct-form linear-phase FIR filter with symmetric coefficients
ho, hy, ..., hy. Inapplication-specific integrated circuit (ASIC) implementation, the precisions
of internal arithmetic operations in a filter are not constrained, while in processor-based
implementation, the precision of each multiplication output is constrained. In the former
case, the designer must estimate the propagation error at the FIR filter output and then determine
the output word-length with a truncation error relatively smaller than the propagation error.
With this arrangement, an extra error term, Qgur, at the filter output can be used to model the
filter output truncation error, as shown in Figure 8.19(a). In the latter case, in which the
processor-based implementation is concerned, each multiplication introduces an extra trunca-
tion noise, as shown in Figure 8.19(b). By the central limit theorem, the overall truncation noise
can be modelled as a Gaussian noise, with variance given by the sum of individual variances.
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The filter output error can be approximated by the noise filtering process illustrated in
Figure 8.20. Assume that the filter input contains a white noise process with variance Qjn,
and the filter performs word-length truncation only after the final summation. Then, the
noise component at the filter output is given by

OroraL = Qout + O X (g + 2k} +2h3 + -+ + 2h3). (8.9)

Note that the filtering operation suppresses propagation error components inside the filter
stopband; thus, the propagation error is no longer white after the filtering operation.

It should be noted that transforming the filter coefficients into a fixed-point format does not
introduce datapath quantization noise. Since the filter coefficients are usually fixed, coefficient
quantization only changes the filter frequency response, such as increasing passband ripples,
reducing stopband attenuation and changing the locations of filter notches. In particular,
narrow-band band-pass filters and band-reject filters have high sensitivity to filter coefficients;
hence, their response must be double checked after coefficient quantization.

8.4.4 Finite Precision Effect in IIR Filters

IIR filtering is another basic signal processing operation. The time domain input—output
relationship of an IIR filter takes the form of

ynl=aiyjn— 1]+ -+ ay_1y[n — M + 1] + box[n] + bix[n — 1]+ - - - + by_1x[n — N + 1],
(8.10)

where a; ...ay | are recursive-part coefficients; by . .. by_| are non-recursive-part coefficients;
x[n]...x[n — N + 1] are the input samples; and y[n] . . . y[n — M + 1] are previous output samples.
IIR filters can achieve very high-frequency selectivity with much smaller filter order than the FIR
filters. In digital baseband receivers, IIR filters are widely applied to parameter estimation, tone
suppression (e.g. DC removal) and channel selection function.” On the other hand, IIR filter design is

21t should be noted that IIR filtering is not widely applied to baseband datapaths due to its non-constant group-delay
nature. A non-constant group delay property usually introduces an ISI that increases the loading of time-domain
equalizers or consumes the guard-interval margin in an OFDM receiver.
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more challenging than FIR filter design, due to its much higher sensitivity to coefficient quantization
and arithmetic precision. To mitigate the vulnerability, high-order IIR filters are often decomposed to
a cascade form or a parallel (poly-phase) form, as shown in Figure 8.21.

8.5 Conversion from Floating-Point Design to Bit-True Design

When developing the floating-point design, there are several performance evaluation
metrics. The first step in the conversion to bit-true design is to replace the floating-point
input by quantized input and check the metrics to evaluate performance, as illustrated in
Figure 8.22. Generally speaking, this ‘quantized-input’ behavior model includes an optional
scalar, a quantizer model and the original floating-point model. The optional scalar is to
adjust the magnitude of the input signal to fit the dynamic range of the ensuing circuit. The
quantizer model decides the precision and the clipping (overflow) behavior of the signal. The
quantization can be carried out by flooring (discarding less-significant bits) or rounding
operation, while the clipping can be realized by saturation or wrapping (discarding overflow
bits). This quantized-input model is useful for determining the word-length of the ADC in
the baseband receiver. The procedure can be applied recursively to get more signals inside
the receiver represented in the fixed-point format and, at the end of this process, the
corresponding bit-true design is obtained.

Floating-point
input Floating-point
system model

: Performance
Scaling for range fitting comparison
@ n Floating-point T
system model

Quantization/
clipping noise

Figure 8.22. Input-quantized model and its performance evaluation
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8.5.1 Metrics for Performance Evaluation

There are many performance metrics that can qualify a baseband receiver design, including
(1) waveform difference, (2) signal-to-noise ratio, (3) error rate and (4) estimation accuracy.
Waveform difference can be used to measure how precise a quantized design is when
compared to its floating-point counterpart. The design can be as small as a simple module or
as large as a whole baseband receiver. The metric is especially useful during the develop-
ment of an individual module, when the whole system model is not available. On the other
hand, when the whole receiver design is available, the output signal-to-noise ratio (SNR) of
the receiver is an effective measure of its communication performance.

To shed more light on the quality of the receiver, coded or uncoded error rates are
often evaluated and compared to specifications from baseline designs in the standard
documents or other competitors. The drawback in this metric is that to reach the level
of a meaningful coded error rate, millions or tens of millions of samples must be
simulated for just one outcome. In terms of simulation complexity, this metric is much
more expensive than the others. Parameter estimation error and variance can also work
as excellent indicators of system performance. They include carrier frequency offset
accuracy, timing offset accuracy, channel estimation error and others. In most real-time
receivers, the elapsed time from algorithm start to estimation completion, sometimes
called acquisition time, is also an important system characteristic frequently used for
design qualification.

The metrics described above are all important from the system perspective. Sometimes,
they are sensitive to the signal word-length, while other times they are not. Referring to the
first example depicted in Figure 8.23, note that the first metric changes smoothly around the
n-bit word-length and approaches the floating-point performance in higher word-length
settings. This metric, such as the output SNR of a module, is only moderately sensitive to the
signal word-length. Based on this trend, the designer can set the signal word-length one or
two bits greater than the word-length at which the metric starts to saturate.

The second performance metric, as shown at the bottom of Figure 8.23, has a higher
sensitivity to changes in the word-length. Note that the metric drops rapidly as soon as the
signal word-length passes a threshold, called the knee point. Although the second metric seems
to work as a clear design guideline, it may not tell the whole story. For example, the error-rate
metric curve may have such a sharp fall-off only because that error correction coding has been
included in the evaluation. Consequently, it is recommended that one should employ more than
one performance metric to confirm word-length settings.

8.5.2 Interpolative Design Flow

In principle, one can derive the relationship between a performance metric and the word-length
of any variable and then determine the word-length of each variable accordingly. However, this
is not feasible, since a baseband receiver may contain thousands of variables. In all likelihood,
only a small portion of these variables are critical to the system performance. On the other
hand, the previous discussions indicate that the noise power of an arithmetic operator can be
computed from the noise powers of its inputs and the property of that operation itself. Hence, it
seems that proper word-lengths for all signals can be derived in a hierarchical manner. Indeed,
a hierarchical design scheme, known as an interpolative design approach, has been proposed
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and adopted in an interactive word-length optimization system called the Fixed-point
pRogrammlIng DesiGn Environment (FRIDGE) [8,9].

Consider the bit-true design scheme shown in Figure 8.24. Critical signals, such as module
I/0 signals, the signals whose word-lengths are specified and the signals whose word-lengths
greatly affect system performance and/or hardware complexity, will be designed first. In
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Figure 8.24. Interpolative approach for fixed-point design conversion
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order of their importance, the scheme determines the noise power of each critical signal.
With all critical signals’ word-lengths determined, one can then associate these word-lengths
with their corresponding signals. This extra information valuable to bit-true design is called
local annotation. After all critical signals are locally annotated, the designer should perform
a detail simulation to ensure that the partially bit-true design meets the target specifications.

In the next stage, the remaining signals (e.g. module internal variables) can then be
transformed into fixed-point representations. This design stage is called interpolation,
suggesting that the word-lengths of non-annotated variables will be interpolated from the
local annotations of the critical signals around them. The main operation, called format
propagation, derives the word-lengths of signals along the signal flow graph of the datapath.
The FRIDGE system uses a type of interval-arithmetic (IA) to analyze the signal dynamic
range, and then determines the integer word-length of each variable [8,9]. The range analysis
is carried out at the program compile time to minimize the overhead of overflow casting
during the simulation phase. In order to determine the fractional word-length of each
variable, this system performs bit-true simulations. Moreover, to meet some hardware
constraints, such as the operand word-length of a processor, the designer can assign a word-
length upper bound for all variables. Finally, the system will generate a fully annotated bit-
true design with specifications about the word-lengths of all signals.

The signal word-length can also be manually derived instead of resorting to an automated
system. In this case, the designer should always keep the sum of noise powers (introduced by
word-length truncation) under the predetermined noise budget. To reduce the design effort, it
is recommended to minimize word-length truncation for internal variables and leave most of
the noise budget for module I/O signals.

8.5.3 Simulation-Based Approaches

To convert signals into fixed-point format, there are two things that must be determined:
integer word-length (by range analysis) and fractional word-length (by precision analysis).
Both tasks can be performed by either analytical- or simulation-based approaches [8,10-12]. In
simulation-based approaches, the bit-true design process is regarded as an optimization
problem. A possible search-based design flow is sketched in Figure 8.25 [12]. Simply put,
the designers first determine a set of test samples, called a testbench, and try them on the
floating-point design to get a baseline performance for comparison. The he/she performs a
heuristic search in the design space to find out a word-length setting that minimizes the
predefined cost function (such as the hardware cost or power consumption) while
simultaneously meeting the performance requirement. The performance requirement, in this
case, is to keep the performance degradation of the bit-true design to within a certain threshold.

Since the design space is extremely large, a full-search strategy is not feasible. Almost
always, efficient sequential searching strategies are adopted to reduce the searching time. In
[10-12,13], several different sequential searching algorithms with various search times and
searching qualities are proposed.

8.5.4 Analytical Approaches

In analytical approaches, a large testbench is not needed. These approaches start with
evaluating the strength of the input signals and truncation noises, tracing their propagation
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Figure 8.25. TIllustration of a search-based approach for fixed-point design conversion

(propagate the source statistics along the datapath), and then determining signal word-length
accordingly. It has been proposed that interval arithmetic (IA) [14,15] and affine arithmetic
(AA) [16] be used in range analysis.

IA defines a set of range propagation rules for datapath operators. Following these rules,
one may estimate the signal dynamic range along the datapath. However, these methods
assume no data dependency, and thus the signal dynamic range estimation tends to be too
pessimistic after several range propagation steps. AA is a refinement on [A and it preserves
the correlation information between operands during arithmetic operations. When the
variables are combined, uncertainty may be cancelled due to such correlation, and the
signal dynamic range may even shrink instead of continuously growing in the IA case.
Consequently, the AA approaches often yield a better estimation of signal dynamic range
and noise level.

For precision analysis, there also exist several proposals, such as perturbation method and
automatic differentiation [17-19]. Both of these two methods provide implementation that
can evaluate noise power propagation along the datapath. Actually, many solutions to bit-
true design employ both analytical approaches and simulation-based approaches. Very
likely, an analytical approach may be used in range analysis, whereas extensive simulation
is run to determine the signal precision setting.
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Circuit Techniques

Many types of signal-processing circuits with diverse functionalities are needed in
an OFDM baseband receiver IC. Low power and low complexity are the major
concerns in the design of these circuits.

9.1 Introduction

Portable wireless communication devices have experienced explosive growth recently.
Consumers now demand longer and longer battery operation time in those portable devices.
As a result, low-power and low-complexity circuit design for wireless communication
transceivers has become crucial. In most orthogonal frequency-division multiplexing
(OFDM) systems, several functional units are indispensable and play an essential role.
They include fast Fourier transform (FFT) and inverse fast Fourier transform (IFFT)
modules, delay lines (buffers), polar/rectangular coordinate conversion functions, numerical
controlled oscillators (NCO), etc.

In OFDM systems, FFT and IFFT modules transform signals between the time domain
and the frequency domain and occupy a large portion of the circuit area as well as the power
consumption. Delay lines (buffers) also contribute a significant portion of area and power in
the OFDM baseband receiver. Usually, they come in different memory depths and are used
for data scheduling and temporary storage. OFDM synchronization often relies on the phase
or magnitude of received complex signals; thus, arctangent and magnitude functions, which
convert data from rectangular coordinates to polar coordinates, are also commonly seen in
OFDM receivers. On the other hand, conversion from polar coordinates to rectangular
coordinates is also needed for generating sinusoidal signals. In light of their importance, in
the rest of this chapter, circuit design techniques of these functional units will be discussed
and examined.

9.2 FFT

Recent advances in semiconductor processing technology has enabled dedicated FFT
processors in applications such as telecommunications, specifically in OFDM communica-
tion systems. Thanks to efficient and low-power VLSI implementation of FFT processors,

OFDM Baseband Receiver Design for Wireless Communications ~Tzi-Dar Chiueh and Pei-Yun Tsai
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OFDM has become a popular modulation technique for current and future wireless
communication. Conventionally, direct implementation of N-point discrete Fourier trans-
form (DFT) requires a complexity that is O(N?). The Cooley-Tukey fast Fourier transform
algorithm achieves a huge complexity saving over direct implementation and requires only
O(Nlog N) computations. Even with the reduction in complexity, circuit implementation of
the Cooley—Tukey FFT algorithm is still both computation and communication intensive.

In the following, FFT algorithms are first introduced and then the FFT hardware
architectures will be described. Comparisons and analysis of these methods will be
made. Finally, their pros and cons and applications that they are most suitable for will
be discussed.

9.2.1 FFT Algorithms
The N-point DFT is formulated as

X[ = Zx[n]W;\’,k, ©.1)

where k =0,1,2,--- N — 1 and Wy is given by
Wy = e 72N, (9.2)

Direct implementation of the above formula requires O(N?) arithmetic complexity. Cooley
and Tukey proposed an FFT algorithm that decomposes the N-point DFT into recursive 2-
point DFT operations, known as the radix-2 FFT. Subsequently, higher-radix FFT algorithms
using larger-size DFT are suggested. Usually, FFT algorithms can be categorized into two
types: decimation-in-time FFT and decimation-in-frequency FFT. In decimation-in-time FFT
algorithms, the time-domain samples are not processed sequentially, while, in decimation-in-
frequency FFT algorithms, the frequency-domain samples are generated in a non-sequential
order, with increasing bit-reversed addresses. In the following, both decimation-in-time and
decimation-in-frequency FFT will be treated and FFT algorithms of different radixes will
also be introduced.

Radix-2 Algorithm

The basic c/oncept underlying the radix-2 FFT algorithm is the use of symmetry between Wik
and Wy /2,

Decimation-in-Time FFT
In decimation-in-time FFT, time-domain signals x[n], n =0,1,--- N — 1, are first parti-
tioned into even-numbered samples and odd-numbered samples. Then,

N/2—1 N/2-1
XK = D xmWi 4+ 37 xlam+ 1w k=0,1,-- N 1. (9.3)

m=0 m=0
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Figure 9.1. (a) Signal flow graph of radix-2 decimation-in-time decomposition and (b) its application
in 8-point DFT computation

Because Wyt = Wk | for the first half of X[k], 0 < k < N/2, Equation (9.3) becomes

N/2°
N/2-1 N/2-1
X[k =Y x2mWik, + Wy Y x2m+ UWy,, k=0,1,---,N/2—1.  (94)
m=0 m=0

Owing to the symmetry that W,]\(,Jr% = —W¥, the second half can be given by

N N/2-1 (i) on N/2—1 )
X[k+5] = > xmWy, T WY aem Wy,
m=0 m=0
(9.5)
N/2—-1 N/2-1
= xmWy, - W > x2m+ W, k=0,1,--- N/2— 1.
m=0 m=0

Hence, the N-point DFT can be regarded as a combination of N /2-point DFT of the even-
numbered time-domain samples x[2m] and N/2-point DFT of the odd-numbered time-
domain sample x[2m + 1] multiplied by W¥, as shown in Figure 9.1(a). In addition, the basic
arithmetic module called the ‘butterfly’ operation, with one addition and one subtraction, is
indicated. Similarly, one (N/2)-point DFT can be further decomposed into two (N /4)-point
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DFTs and so on, until 2-point DFTs. If N = 2", the decomposition procedure can be applied
v times. Figure 9.1(b) shows the signal flow graph of an 8-point radix-2 decimation-in-time
FFT algorithm. It is worth noting that as its name indicates, the time-domain samples are not
arranged in normal order, but in a bit-reversed-addressing order.

Decimation-in-Frequency FFT
For the decimation-in-frequency FFT, consider only even-numbered frequency-domain
samples; then

X[2m] :Zx ) m=0,1,2,--- ,N/2— 1. (9.6)

By partitioning the sum into two halves, the above equation takes the form of

N/2-1 N—1 N/2-1 N/2-1 )
Xpm) = 3" Wi 4 37 xawi® = 3 xnwa £ 3 xin /2wy,
n=0 n=N/2 n=0 n=0
9.7)
(n+%)(2m) _ 2mn __ mn :
Because Wy = Wy =Wy 2> Equation (9.7) becomes
N/2-1
X[2m) = Y (x[n] + x[n+ N/2))Wpjy, m=0,1,2,--- N/2— 1. (9.8)
n=0

From Equation (9.8), it is seen that all X[2m] can be computed from a (N/2)-point DFT of
the sequence x[n] + x[n + N/2|. Similarly, the odd-numbered frequency-domain samples are
given by

N/2-1 N/2-1 -
XP2m+1] = Z x[n]W;\;(z’”H) + Z x[n+N/2JW. +5)(2m+1)

n=0 n=0
NJ2-1

= Z (x[n] — x[n + N/2])Warmtn (9.9)
n=0
Nj2-1

= 3 (o] ¥l N/)WEW, m= 0,1, N/2 1.
n=0

Figure 9.2(a) shows the decimation-in-frequency signal flow graph that implements
Equations (9.8) and (9.9).

Similarly, if N is a power of 2, this concept can be applied recursively up to 2-point DFTs.
Figure 9.2(b) illustrates the signal flow graph of one such example, with N = 23. Note that
the frequency-domain samples are in a bit-reverse order.

It is clear that the decimation-in-time the decimation-in-frequency algorithms, and have
the same arithmetic complexity. There are v = log, N stages and each stage has N complex
multiplications and N complex additions. Consequently, the radix-2 FFT algorithm has
O(N log, N) computational complexity. Since the complexity is identical in the two types of
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Figure 9.2. (a) Signal flow graph of radix-2 decimation-in-frequency decomposition and (b) its
application in 8-point DFT computation

FFT algorithms, only the high-radix decimation-in-frequency FFT algorithms will be
illustrated in the following.

Radix-4 Algorithm

Four-way symmetry of Wik (WK,HN/ 4 WI'\',k+3N/ * = —jW?) has been utilized to minimize

the number of complex multiplications in the radix-4 algorithm. For m =0, 1,
N/4 — 1, its formulas can be derived as

Nja—1
= 57 {xln] + x[n + N/4] +x[n+ N/2) + xln + 3N 4]} - Wi,
n=0
NjA—1
X[4m +1 Z {x[n] —jx[n + N /4] = x[n + N /2] + jx[n + 3N /4]} - WyWy,,

o (9.10)

Xl4m+2] = > {xln] = xln + N/4] +x[n + N/2] — xln + 3N/4]} - W W,
n=0

N/4-1
X[4m + 3] = Z {x[n] + jx[n + N/4] — x[n + N /2] — jx[n + 3N /4]} - W3" [
n=0
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Figure 9.3. (a) Radix-4 butterfly and (b) radix-22 butterfly

Figure 9.3(a) depicts the signal flow graph of a radix-4 FFT butterfly operation. The radix-
4 butterfly can be further decomposed and implemented by cascading two radix-2 stages,
known as the radix-2? algorithm. The signal flow graph of such an algorithm is shown in
Figure 9.3(b).

Radix-8 Algorithm

FFT algorithms using higher radix can be designed by decomposition of the frequency-
domain samples into more groups at the cost of more complicated control. Radix-8 FFT
algorithm simplifies multiplication with several special terms (twiddle factors), Wf\\,]/ 5

W,%,N/ 8, Wf,N/ % and W7N/ 8 by

V2

(a+ i)Wy = ~(a+ )Wy = = [(a+b) +j(b— a)]

(a+b)Wy'* = —(a+jb)Wi"* = “75 (b —a) — j(a+b)).

(9.11)

Note that these complex multiplications can be realized by two real-constant multiplications
and two additions [1]. In addition, the constant multiplication can be replaced by shift-and-
add operations. A radix-8 butterfly can be also realized by cascading three radix-2 stages,
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Figure 9.4. Radix-23 butterfly

which is called the radix—23 algorithm. The signal flow graph of the radix-23 FFT algorithm
is shown in Figure 9.4. Note that the regularity of three radix-2 butterfly stages makes the
algorithm amenable to pipelined implementation.

In summary, higher-radix FFT algorithms require fewer twiddle factor multiplications
(wy, WI%,", -++). Also, much saving in the read-only memory (ROM) for storing the twiddle
factors can be achieved. In consequence, FFT hardware solutions usually adopt radix-4 and
radix-8 algorithms.

9.2.2 Architecture

Various FFT architectures have been proposed, such as memory-based architecture [2],
pipelined architecture [1], cache memory architecture [3] and array architecture [4]. Among
them, memory-based architecture and pipelined architecture are widely adopted, and they will
be introduced in the following. The decimation-in-frequency FFT algorithms are adopted to
illustrate these architectures. The same hardware design concept can be applied to the
decimation-in-time FFT algorithms.

Memory-Based FFT Architecture

The memory-based FFT architecture (shown in Figure 9.5) consists of a main processing
element and several memory blocks for rate matching, temporary storage and bit-reverse

Computa-
Data Input tic?n Output Data
input memory memory output
memory
A A A
Processing
element

Figure 9.5. Memory-based FFT architecture
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reordering. Every input to be transformed by the memory-based FFT processor goes
through three phases: input buffering, computation and output reordering. Because the
input data rate may not be equal to the operating frequency of the FFT processor, data
are first stored in the input buffer. Once N samples are collected, the input buffer becomes
the memory for the computation phase, accessed by the processor. Meanwhile, another
memory block serves as the input buffer that stores yet more subsequent input data.
The arithmetic processor may take quite a few cycles to complete one N-point FFT
operation. Thus, the intermediate data are stored in the computation memory. As the
transformation completes, the computation memory then serves as the output buffer to
allow for sequence reordering, since the output data of the FFT operation are in a bit-
reverse order.

Memory usage of the memory-based architecture can be reduced to 2N complex-valued
words if the input and output buffers are shared and some in-place FFT algorithms achieving
conflict-free addressing are adopted [2]. The in-place strategy works in the way that outputs
of the processor are stored in the same memory addresses where the corresponding inputs
are located. In [2], two main memory modules, each having four banks to accommodate the
4-input/output radix-4/2 butterfly unit, are allocated as shown in Figure 9.6(a). The radix-4/2
butterfly unit consists of two radix-2 stages and can compute either one radix-2% or one
radix-2 butterfly operation, as shown in Figure 9.6(b).

An example of a 32-point FFT is illustrated in Figure 9.7, in which three stages of
operations are performed. The first two stages are radix-4 butterfly operations, while the last
stage uses a radix-2 butterfly. The data interchange mechanism is activated during the first
and the third stages. The memory bank index is denoted by ‘B’, while ‘A’ indicates the
memory address. Note that there are two different addressing modes. This memory-based
architecture works as follows:

e data are written into the places where they are read from;

e the bold lines indicate the first butterfly operation in each iteration;

e in each butterfly operation, the processor accesses four data, one from each of the four
banks in the current memory module;

e once the FFT is complete, the current memory module becomes the output buffer to
generate FFT outputs in normal order;

e the same memory module also receives newly-arrived input data;

e in the next FFT period, the other memory module is accessed using the alternative
addressing scheme, as shown in Figure 9.7(b).

In memory-based architecture, an N-point radix-r FFT computation requires (N/r) log, N
memory access and each access requires r words for read and write. Since only one
processor handles the arithmetic operation, the operation clock is driven to log, N/r times
the data sample frequency.

Pipelined Architectures

Pipeline FFT architectures have the advantage of parallelism and pipelining. So these
architectures are usually very fast, but they can be less flexible and require more hardware
complexity.
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Figure 9.6. (a) Conflict-free addressing mixed-radix FFT processor and (b) radix-4/2 butterfly
unit

Multi-Path Delay Commutator

The radix-2 multi-path delay commutator (MDC) [5] is a pipelined implementation
of the radix-2 FFT algorithm. Figure 9.8 shows such an architecture with N equal to 16.
The input sequence is divided into two parallel data streams by a commutator and then,
with proper delay of one of the two streams, butterfly operation and twiddle factor
multiplication are executed. In total, (log, N — 1) complex multipliers, log, N radix-2
butterfly unit and (3N/2 — 2) words for delay are required. With a proper input buffering
scheme, all processing elements (butterfly units and multipliers) can work at 100%
utilization.
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Figure 9.7. Signal flow graph of a 32-point FFT for the memory-based architecture: (a) normal
addressing mode and (b) alternative addressing mode
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Figure 9.9. Radix-4 multi-path delay commutator FFT architecture (N = 16)

Radix-4 multi-path delay commutator FFT architecture (see Figure 9.9) can be imple-
mented in a similar way as the radix-2 multi-path delay commutator FFT architecture, except
that four parallel data streams are processed simultaneously and the butterfly units must
handle radix-4 butterfly operation [6]. It needs 3(logs N — 1) complex multipliers, log, N
radix-4 butterfly units and (5N/2 — 4) words of memory.

Single-Path Delay Feedback

The radix-2 single-path delay feedback (SDF) architecture (shown in Figure 9.10) utilizes
the delay elements more efficiently by sharing the same storage between the butterfly outputs
and inputs [7]. A single data stream goes through the multiplier in every stage. This
architecture has the same number of butterfly units and multipliers as those in the radix-2
multi-path delay commutator FFT architecture, albeit only N — 1 delay elements. Note that
the butterfly units and multipliers work at 50% utilization, since, half of the time, they are

= )

Radix-2 Radix-2 Radix-2 Radix-2
butterﬂy butten‘ly butten‘ly butterfly

Figure 9.10. Radix-2 single-path delay feedback (N = 16)
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Figure 9.11. Radix-4 single-path delay feedback (N = 16)

bypassed. Figure 9.11 shows the single-path delay feedback FFT architecture employing the
radix-4 algorithm [8]. In terms of complexity, the radix-4 single-path delay feedback FFT
architecture requires logs N — 1 complex multipliers, log, N radix-4 butterfly units and
N — 1 memory words in delay lines.

An FFT processor with variable length can be useful in OFDM receivers that need to
demodulate OFDM signals with different FFT sizes. For instance, the digital video broad-
casting-handheld (DVB-H) standard stipulates three different FFT sizes: 2048, 4096 and
8192. One such variable-length FFT processor using the pipelined single-path delay
feedback architecture was proposed in [9]. In order to accommodate different FFT sizes
up to 2048, two radix-2 stages and three radix-2* stages are integrated as shown in
Figure 9.12(a). The radix-2* stage is made up of three processing elements (PE1, PE2
and PE3) and a complex multiplier. The three different processing elements contain a basic
butterfly unit, together with some combinational logic to deal with the symmetry of twiddle
factors in higher-radix algorithms, depicted in Figure 9.12(b).

9.2.3 Comparison

The hardware requirements of the multi-path delay commutator (MDC) architectures and
single-path delay feedback (SDF) architectures are compared in Table 9.1. From the table, it
can be seen that due to efficient use of delay buffers, single-path delay feedback
architectures have the minimum memory requirement of N — 1 words. In the single-path
delay feedback architectures, the higher-radix algorithms reduce the number of complex
multipliers and enhance hardware utilization. Note that the existence of a complex multiplier
entails an accompanying twiddle-factor ROM. The twiddle-factor ROM for the first multi-
plier stores twiddle factors with a phase spacing of 27r/N. In the later stages, the phase
spacing gets larger and larger, and is equal to the radix times the phase spacing in the
previous stage. This means that the size of the twiddle-factor ROM decreases rapidly in
higher-radix architectures.

On the other hand, the higher-radix butterfly unit needs complicated adders with more inputs
if it is not implemented by cascading several radix-2 butterfly units. In the multi-path delay
commutator architecture, although the higher-radix algorithm helps to reduce the operational
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Figure 9.12. (a) Variable-length FFT processor and (b) its processing elements

clock frequency, the penalty is the increase in scheduling buffers for arranging the data so that
100% utilization can be achieved. As a result, higher-radix MDC FFT architectures are seldom
used. The higher-radix single-path delay feedback FFT architectures, on the other hand, are
preferred because they require less memory and fewer complex multipliers.

Table 9.1. Comparison of pipelined FFT architecture

R2-SDF R4-SDF R2*-SDF R2-MDC R4-MDC
Delay buffer N-1 N-1 N-1 3N/2 -2 5N/2—4
Complex adder 2log,N 8logyN 2logoN 2logoN 8logyN
Adder utilization 50% 25% 50% 100% 100%
Complex multiplier logoN — 1 logsN — 1 logsN — 1 logoN — 1 3logyN — 1
Multiplier utilization  50% 75% 87.5% 100% 100%
Schedule buffer - - - N 3N

Clock rate 1 1 1 0.5 0.25
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Table 9.2. Comparison of memory-based FFT architecture and pipelined SDF
FFT architecture

Memory-based Single-path delay
architecture feedback architecture

Algorithm Radix-r Radix-r
Storage requirement N N—1
Memory banks (dual-port) r logoN
Memory access times 2Nlog,N 2Nlog,N
Complex multipliers r—1 log,N — 1
Complex adders 2r 2logoN
Clock frequency log,N/r 1

Clock cycle Nlog,N/r N

Table 9.2 compares the hardware implementation of memory-based architecture and
pipelined single-path delay feedback FFT architecture. Assume that the radix-r algorithm is
adopted in these two architectures. In memory-based architecture, a central memory block
with size of N is partitioned into r memory banks to facilitate simultaneous access of r
samples to complete the radix-r butterfly operation. In contrast, the pipelined single-path
delay feedback architecture with cascaded radix-2 butterflies distributes its memory into
log>N banks with a total size of N — 1. Note that in the memory-based architecture, random
addressing is necessary to achieve conflict-free memory access. However, in the pipelined
architecture, only sequential access is required and, thus, efficient implementation methods
of sequential delay buffers can be adopted to reduce power consumption.

In order to accomplish an N-point FFT in the memory-based architecture, each memory
bank is accessed for glog,N times—about 2 X r X %log,N memory accesses in total.
Similarly, in the pipelined single-path delay feedback architecture, one N-point FFT
demands 2 x Nlog, N memory accesses. In the memory-based architecture, r — 1 complex
multipliers and 2r complex adders are needed in the central processor. To achieve the same
FFT operation speed as the pipelined architecture, the memory-based FFT processor needs to
drive the processor clock frequency to M times the input sample frequency. Consequently,
memory-based architecture can be a good choice when circuit complexity rather than speed/
power is of the major concern.

9.3 Delay Buffer

From the previous section, it is clear that delay buffers of different lengths are needed in the
pipelined FFT architecture. In addition, delay buffers are used to store time-domain and
frequency-domain data samples in synchronization and equalization blocks of all OFDM
receivers. It is estimated that more than 30% of the area in OFDM baseband receivers is
dedicated to delay buffers. Shift registers consisting of D-type flip-flops (DFFs) in cascade
conveniently implement short-length delay buffers. However, at every clock edge, all the
data move forward in a lock-step fashion and, on average, half of the DFFs change their
states. In addition, each DFF in shift registers is composed of two latches—quite high
complexity for one-bit storage. Therefore, a shift register is neither power economical nor
area efficient, especially for long delay buffers.
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Static random access memory (SRAM) and register file are alternative solutions to delay
buffers and they have the advantage of compact bit cell and low power consumption. In an
SRAM configured as a delay buffer, only two words are accessed (one read and one write) in
every clock cycle and, thus, it consumes much less power than shift registers. A register file
is structurally similar to SRAM, except that its length is limited. Despite some overhead for
output sensing and address decoding circuits, SRAM is popularly adopted in long delay
buffers, whereas a register file is suitable for moderate-length delay buffers. Since the delay
buffer is accessed sequentially rather than randomly, special addressing techniques can be
designed to further reduce the hardware complexity and power consumption. In the
following, several approaches to implement a low-power delay buffer will be introduced.

9.3.1 SRAM/Register File-Based Delay Buffer
Two-Port SRAM/Register File

The two-port SRAM and register file, both with one read port and one write port, are most
suitable for delay buffer implementation. Given the sequential access nature, the output
address and the input address differ by one, namely the output address is m + 1 if the write
address is m. Of course, in the next clock cycle, both addresses advance by one and
the address wraps around to zero when it reaches the maximum. A simple counter can
provide addresses for the two ports. Note that with an N-word SRAM/register, only N — 1
delay stages can be implemented. The block diagram of a two-port SRAM-based delay
buffer is shown in Figure 9.13, where M denotes the data word-length.

Single-Port SRAM/Register File

Although a two-port SRAM/register file can be configured as a delay buffer in a straightfor-
ward way, they sometimes are wasteful in area and power. Alternatively, two half-size (N/2-
word) single-port SRAMs/register files can be adopted to construct a delay buffer. Two single-
port SRAM modules are configured in a ping-pong fashion so that in every clock cycle, one
data word is read out from one SRAM while the new data word is written into the other SRAM.
In the next clock cycle, the two SRAM modules’ roles are reversed.
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Figure 9.14. (a) Single-port SRAM-based delay buffer and (b) its timing diagram

The main reason for such a design is to save on both area and power. For example, in a
0.18-um CMOS technology, a two-port SRAM of size 1024 x 16 consumes 29.1 mW at a
100-MHz operating frequency and nominal supply voltage and it occupies about 0.4 mm?. In
contrast, two single-port 512 x 16 SRAM modules consume only 20.2 mW and have a size
of 0.2mm? — a 30% saving in power and a 50% saving in area.

As shown in Figure 9.14(a), in order to perform the alternative read and write access, the
complement of the least-significant bit (LSB) of the address is used as the low-active ‘write
enable’ control (WEN). A read operation will precede a write operation on the same memory
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Figure 9.15. (a) Pointer-based delay buffer and (b) its memory cell

word by one clock cycle, namely the most out-of-date word in the previous cycle is
overwritten by the latest incoming word. With this addressing scheme, one SRAM stores
even-numbered data words and the other SRAM stores odd-numbered data words. The
timing diagram of such an arrangement with L = 3 is depicted in Figure 9.14(b).

9.3.2 Pointer-Based Delay Buffer

To further simplify the circuit complexity, one can use a ring counter with only one active
cell that points to two words to be accessed in every cycle. This method, known as the
pointer-based scheme [10], is shown in Figure 9.15(a). The ring counter is made up of
cascading one-bit shift registers. It is initialized with one ‘1’ (the active cell) and the ‘1’
propagates through the ring counter as the clock pulses arrive. One DFF in the ring counter
points to two consecutive memory words for respective read and write operations. Compared
with the shift-register-based delay buffer, the pointer-based delay buffer propagates only one
‘1’ and keeps most of the DFF inactive. Besides, the ring counter is only one bit wide,
whereas the shift register delay buffer shifts M-bit words. Consequently, the pointer-based
delay buffer consumes much less power.

The memory cell in the pointer-based delay buffer can be either a standard SRAM cell or
a DFF. If the SRAM cell is employed, then only the address decoder is replaced by the above
ring counter. On the other hand, if a DFF is adopted as the memory cell, a multiplexer is
required in the input path to the DFF for write control, as shown in Figure 9.15(b). A tri-state
buffer is inserted in the output path to selectively drive the data to the output bus. This
approach is suitable only for short delay buffers because in this scheme, the I/O control of
the memory cells is more complicated than SRAM.
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Figure 9.16. (a) Ring counter with clock gating by R—S flip-flop and (b) its timing diagram

9.3.3 Gated Clock Strategy
R-S Flip-Flop Gating

To further reduce power consumption, it is worth noting that most of the DFFs in the ring
counter remain at ‘0’ most of the time. The gated clock technique can be applied to the
DFFs to save more power [11]. In [11], the ring counter is partitioned into several blocks,
each having eight DFFs. Then, each block computes its own ‘gate’ signal, which then
generates the gated clock for that block. As shown in Figure 9.16(a), when ‘1’ arrives at
the input of the first DFF in a block, the output of the R—S flip-flop is set to ‘1’ at the next
clock edge. Thus, the incoming ‘1’ is captured by the first DFF of this block and it will
continue to propagate inside that block. On the other hand, when ‘1’ has successfully
gone through the first DFF in the next block, the clock signal in the current block can
henceforth be disabled. The timing diagram of this gate-clock ring counter is shown in
Figure 9.16(b).
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Figure 9.17. Circuit diagram of the C-element

C-Element Gating with Gated Driver Tree

Although some power is saved by gating the clock signal to all but one block, still some clock
power is spent on driving the R—S flip-flops—one in every block. In [12], the R-S flip-flop is
replaced by a C-element. Besides, the operating frequency is reduced to half by using the
double-edge triggered (DET) flip-flop [13]. The C-element is a cell usually used in asynchro-
nous circuits for handshaking, as shown in Figure 9.17 [14]. The logic function of a C-element is

C = AB + AC,, + BCpp, (9.12)

where A and B are the two inputs and C and C,,,. are the current and previous outputs. IfA = B,
then the output C is assigned to A. Otherwise, if A # B, C remains unchanged. The major
advantage of the C-element is that its output is free of glitches, which is essential for a clock
gating signal. Since the DFFs are replaced by DET flip-flops to run the ring counter at half
speed, the gating on—off condition needs to be revised. The block diagram of the C-element
gating strategy and its timing diagram are shown in Figure 9.18. When the input of the last
DET flip-flop in the previous block has a transition from ‘0’ to ‘1’, the clock signal in the
current block is enabled. When the output of the first DET flip-flop in the next block rises from
‘0’ to ‘1’, both inputs of the C-element go to ‘0’ and the clock is turned off in the current block.

Besides using the C-element to gate the clock to DET flip-flops in a block, in [12], the
authors propose to apply gating to the driver tree network that delivers the global clock
signal to all blocks. Since, at any time, at most, two blocks need the global clock signal, so
only those drivers along the path from the clock source to the blocks that need to be driven
by the global clock are activated, as shown in Figure 9.19. The ‘gate’ signal (CKE,;) for
those drivers can utilize the same clock gating signals of their driving blocks. Thus, the
driver tree ‘gate’ signal should be asserted when the active cell (whose output is ‘1’) in the
ring counter is one of its descendants in the quaternary driver tree. Given M blocks, each
having D DET flip-flops, instead of activating all

M M M

Z+E+...:? (9.13)

drivers, no more than (1 4 2/D)log,M drivers are activated.
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Figure 9.18. (a) Ring counter with clock gating by C-element and (b) its timing diagram

9.3.4 Comparison

Finally, the power consumption of delay buffers implemented by SRAM and a register file in
a 0.18-pm CMOS technology is compared in Figure 9.20(a). The word-length is set to 16
bits and the operating frequency is 100 MHz. The results indicate that the register file
consumes less power than the SRAM. But a register file may not be available for a length
longer than 2048 and such is the case for the technology considered. A single-port register
file is favored for a delay buffer longer than 256; otherwise, a two-port register file may be
preferred.

These four delay buffer implementations are compared in terms of area and the results are
given in Figure 9.20(b). For a buffer length of up to 1024, all but the two-port SRAM have
fairly comparable area.

Three different length-1024 ring counter structures are simulated in a 0.18-pum CMOS
technology with 1.8-V supply voltage and running at 50 MHz. In the simulation, eight DFFs
are grouped in one block. The power consumption results of the three ring counters are
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Table 9.3. Power consumption of three ring counters

Architecture Power (WW)
Conventional ring counter (Figure 9.15(a)) 2127
R-S flip-flop gating ring counter (Figure 9.16(a)) 433
C-element gating ring counter (Figure 9.18(a)) 30

shown in Table 9.3. It is obvious that the clock gated by the C-elements indeed saves a
significant portion of power in the ring counter.

9.4 Circuits for Rectangular-to-Polar Conversion

Baseband signal processing handles mostly complex signals. Sometimes, the magnitude or
phase of a complex signal is needed for further processing. For example, in the delay
correlator that detects OFDM symbol timing, the peak magnitude of the complex correlator
output decides the symbol boundary, as mentioned in Chapter 4. Another example is that the
phase of the delay correlator output can be used to estimate the fractional carrier frequency
offset. Therefore, in this section, circuits that transform a signal from rectangular coordinate
representation to polar coordinate format will be introduced.

9.4.1 Arctangent Function

Rational Approximation

The phase of a complex number Z = X + jY is defined as
6 = tan"' (Y/X). (9.14)

Conventionally, a look-up table implemented by read-only memory (ROM) storing all the
phases is used. Although a look-up table is simple, it still requires large area to achieve
certain accuracy. A ROM-less rational approximation for the arctangent function is proposed
in [15]:

tan (¥/X) ~ Y/X

T 1+0.28125(Y/X)> (rad), ©-15)

where —1 < Y/X <1 and X > 0, which means that 0 lies in the range —45° to +45°. The
maximum error by this rational approximation, as shown in Figure 9.21, is less than 0.3°.

The range of 6 can then be extended by utilizing the symmetry of arctangent function. If
|Y| > |X]| and Y > 0, then the arctangent approximation is derived by

a (7Y b a (X
tan — | == —tan —
X Y

XY
~T_ / 5 (rad).
2 1+028125(X/Y)

[\

(9.16)
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Figure 9.21. Error of rational approximation

Similarly, if |¥| > |X| and ¥ < 0, then the arctangent approximation is given by

Y ™ X/Y

tan' [~ )~ -2 — rad). 9.17
(X) 2 140.28125(X/Y)* (rad) ®-17)
When |X| > |Y], X <0and Y > 0,
(Y Y/X
tan = | =7+ 5 (rad). (9.18)
X 140.28125(Y/X)
When |X| > |Y]|, X <0and Y <0,
Y/X
tan' (=~ |~ -7+ rad). 9.19
<X> 1+0.28125(Y/X)* (rad) 19)

Direct implementation of the rational approximation for arctangent function requires two
dividers, one adder, one squarer and one constant multiplier. In [15], the constant 0.28125 is
represented by a sum of two power-of-two terms, namely 0.28125 = 1/4 + 1/32. Hence,
Equation (9.15) can be reformulated as

(YN XY
“ (X)NX2+(1/4)Y2+(1/32)Y2 (rad). (9:20)

A circuit diagram of the arctangent rational approximation is depicted in Figure 9.22 and
there are two squarers, one multiplier, one divider and two adders.
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CORDIC

CORDIC, short for COordinate Rotation DIgital Computer, has been widely used in
computing vector rotation in the rectangular coordinates. The basic concept underlying the
CORDIC algorithm is to decompose a desired rotation angle into a set of elementary rotation
angles. The elementary rotation angle is chosen so that it can be accomplished by simple shift-
and-add operations. Consider the desired rotation angle 8, which is decomposed as

N—1
0= wbe(i), (9:21)
i=0

where the i-th elementary rotation angle, 6,(i), is given by
6,(i) = tan" ' (279), (9.22)

and p; € {+1,—1} is used to determine the direction of rotation [16].

In order to calculate the phase of a complex signal, Z = X + jY, the CORDIC algorithm
operates in the angle accumulation mode, also known as the backward rotation mode. Its
goal is to rotate the vector [X Y ]T back to the x-axis and, at the same time, accrue the angle
between them. The iterations can be described as:

e Initialization: X(0) = X, Y(0) =Y, §(0) =0
e Direction decision:

wi = —sgn(¥ (7)) (9.23)
e Micro rotation:
X+ _[ t —p27] [X@)
[Y(i+ 1)] B [M,.zf Ml } ' [Y(i)} (9:24)
e Angle accumulation:
O(i+1)=6(i)— putan (27 (9.25)

e Go back to Equation (9.23).
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The function sgn(-) is +1 if its argument is greater than or equal to zero; otherwise, it is set
to —1. Figure 9.23 shows the trajectory of the vector after two iterations. It is clear that
rotation changes the norm of the vector. The vector is multiplied by a factor /1 + 272 in
each iteration. At the end of the process, the magnitude of the vector has been amplified by

[[Vi+22%=1.6468--. (9.26)
i=0

In this case, since only the angle is desired, magnitude scaling is not necessary.
The maximum of the accumulated angle is given by

[o.¢]
Ouax = »_tan~'(27) = 1.7433 - (99°). (9.27)
i=0

From the above, it can be seen that Oyax is slightly greater than /2. Thus, the angle of a
vector in the first and fourth quadrants can be represented by a sum of the elementary angles.
If the vector lies outside of the two quadrants, namely X < 0, then it must be mapped to the
two quadrants before the CORDIC procedure. Afterwards the accumulated angle must be
subtracted from +m or —m, depending on the sign of Y, to obtain the correct arctangent
result.

The angle approximation error of N CORDIC iterations is

N—-1
§=0-" wbe(i), (9.28)
i=0

which is bounded by the smallest elementary rotation angle, 6,(N — 1) [17]. So, the
minimum number of CORDIC iterations can be easily derived according to the required
accuracy.

Hardware implementation of the CORDIC arctangent function contains the micro-rotation
stage in Equation (9.24) and the angle accumulator in Equation (9.25). The circuit diagrams
of these two modules are shown in Figure 9.24. The micro-rotation stage consists of two
barrel shifters and adders/subtractors. The barrel shifter is capable of N-bit right shift and it
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is controlled by the iteration count. The add/subtract operation, depends on the sign of Y ().
The angle accumulator also performs a simple add/subtract operation, depending on Y (i). N
such CORDIC rotation stages can be cascaded to construct one complete CORDIC angle
accumulation mode circuit, as shown in Figure 9.25, where the initial stage maps the input
vector into the first and the fourth quadrants.
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subtractor

Micro Rotation

—> 0'(i+1)

Adder/
subtractor

6'(7)

Angle accumulation

Figure 9.25. Parallel implementation of several CORDIC micro-rotation stages
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9.4.2 Magnitude Function
CORDIC

The magnitude function of a complex signal, Z = X +jY, is defined as

Z| = VX2 + Y2 (9.29)

It specifies the length from that complex value to the origin in the complex plane.

The CORDIC algorithm can also calculate the magnitude of a complex signal. Scaled
magnitude is a by-product when the CORDIC algorithm derives the phase of a complex
number. Figure 9.23 clearly indicates that as a vector [X Y}T is being rotated back to the
horizontal axis, the magnitude of the rotated vector gets scaled by a constant in each step. As
a result, if Y(N) = 0 after N iterations, then

X(N)=VX>+ Y2 ﬁ V1422 (9.30)
i=0

Consequently, the magnitude of X + jY can be obtained by

VXY = ﬁ% — S(N) - X(N). (9.31)
i=0

The scaling factor S(N) can be computed in advance, since the number of iterations is known
and fixed. As such, S(N) can be converted into a canonical sign-digit representation:

S(N) = XK:ssz", (9.32)
k=1

where s; = %1, and the scaling can be realized by shift-and-add operations.

Since the scaled result after finite micro-rotations, S(N) - X(N), is approximated to the
magnitude of v/ X2 + Y2, as shown in Figure 9.26, if a residual angle § exists, the percentage
approximation error is given by

X +jY] — SINVX(N)  SN)\X(N)® + Y(N)* = S(N)X(N)

S SVVXV? + ¥ (V)2
. X(N) (9.33)
X(N)* + Y(N)?
=1—cos(é).

From Equation (9.28), it is clear that

8§ <6, (N—1)=tan"! <%) (9.34)
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6.(N-17)

N N
6'(N) AT XN Y(N)2

Figure 9.26. Magnitude error due to residual phase of finite CORDIC rotation iterations

As a result, the percentage approximation error is bounded by

IX +,Y| — S(N) X(N) i 1 oN-1
1 — t — ) =1-—— 9.35
X1 < cos | tan N T (9.35)

If N = 8, the approximation error will be around 3 x 1075.

A scaling-free CORDIC algorithm has been proposed in [18]. Unlike the conventional
CORDIC algorithm, the scaling-free CORDIC algorithm allows p; = 1 only, which means
that the angle is decomposed as a pure summation of the elementary angles. These
elementary angles 6;(i) are selected to preserve the magnitude of the input vector X Y 1"
Compared to Equation (9.24), its micro-rotation step becomes

] e %) Y

for clockwise rotation. Its hardware implementation is depicted in Figure 9.27. Two extra
shifters and two extra subtractors are needed. Note, however, that for all stages with
i > N/2, the additional shifters and subtractors can be omitted because right shift of the
input vector by 2i + 1 bits can be neglected.

X(0) Y(0)
WXU) Y(i) W
v v
(2i+1)- (2i+1)-
bit bit
shifter shifter
v 1)

Subtractor i-bit i-bit Subtractor
shifter shifter

m

D D

X(i+1) Y(i+1)

Figure 9.27. Scaling-free CORDIC micro-rotation stage
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The scaling-free CORDIC algorithm eliminates the scale factor and thus provides an
effective solution to magnitude-related vector rotation problems. Nevertheless, it suffers from
a small angle range, which restricts its usage in general applications. Methods that expand the
angle computation range have been developed. Further discussion can be found in [18,19].

Linear Approximation

A simple linear approximation to the magnitude function is proposed in [20]:

in(|X], |¥
1Z| = VX2 + V2 ~ max(|X], |Y]) +%, (9.37)

where max(-) and min(-) represent the maximum and minimum of its two arguments,
respectively. Although the above approximation is simple for hardware implementation, the
approximation error can be as high as 12%, as shown in Figure 9.28(a), making it unsuitable
for many applications that require more precision. Note that only the first octant is
considered, since the magnitude of any general [X Y ]T can be derived from some equivalent
cases in the first octant.

In order to reduce the approximation error, the magnitude curve in the first octant is
partitioned into more segments. A two-segment linear approximation can be given by

(X +bhY 0<Y/X<1)2
VXY "{alx+b1Y 12<Y/X<1 (9-38)

A four-segment linear approximation becomes
coX+dyY 0<Y/X<1/4
) 5. JaX+diY 1/4<Y/X<1)/2
VX 4P X +dY 1/2<Y/X<3/4° (9-39)
aX+dY 3/4<Y/X<1

Note that the segments are chosen so as to facilitate hardware implementation.

The coefficients are chosen with a view to minimizing the maximum approximation error
and representing them with the minimum number of power-of-two terms. For the two-
segment approximation, (ag, bo,a,b;) = (1,3/16,3/4,11/16), where the minimum power-
of-two term is set to 2-*. With these parameters, the two-segment linear approximation
attains a maximum approximation error of 2.2%. Similarly, the coefficients of the four-
segment linear approximation are set to

13 15 45 27 69 3 85

(co,do,c1,di, ca,dr,c3,d3) = (1’@’E’ﬁ’ﬁ’ﬁ’1’ﬁ>’ (9.40)

where the minimum power-of-two term is restricted to 27, In this case, the maximum
approximation error of the four-segment linear approximation is 0.52%. The approximation
error distributions of the two-segment and four-segment linear approximation methods with
the above coefficient settings are depicted in Figure 9.28(b).

The coefficients for the above linear approximation have been designed in the form of the
sum of power-of-two terms so as to enable simple hardware realization using shift-and-add
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Figure 9.28. Error distributions of piecewise linear approximation to the magnitude function: (a) one
segment and (b) two and four segments

circuit structure. The coefficients in the sum-of-power-of-two format are listed in Tables 9.4
and 9.5. To save even more hardware, terms of the real-part or imaginary-part coefficients
must be shared as much as possible. Figure 9.29(a) and (b) depict the two circuits for two-
segment and four-segment linear approximation of the magnitude for a vector in the first
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Table 9.4. Coefficients of two-segment linear approximation to the magnitude function

Segment Range Coeff. of real part Coeff. of imag. part
0 0<Y/X<1/2 1 273 4274
1 1/2<Y/X<1 27! 4272 27l 423 427

octant, respectively. For a vector in other octants, another circuit that identifies and maps the
vector to a corresponding vector in the first octant is designed. In addition, the segment
identification can be easily implemented in two shifters and two comparators. The above two
circuits are integrated and illustrated in Figure 9.29(c).

9.4.3 Comparison

Table 9.6 compares two approaches to the implementation of the arctangent function. The
rational approximation, albeit its higher complexity, is favored in most cases due to its low
latency and high accuracy. However, the CORDIC algorithm is still suitable when the
throughput of the arctangent function is low and a high degree of accuracy is required. In this
case, the CORDIC algorithm is advantageous in this area because one unit of CORDIC
hardware can compute one CORDIC iteration in one clock cycle and very accurate
arctangent results can be obtained in several clock cycles.

Table 9.7 lists the comparison between the multi-segment linear approximation and the
CORDIC algorithm for the magnitude function computation. Both of them involve only
simple shift-and-add operations. The four-segment linear approximation is slightly more
complicated due to the need for more adders. But it works quite fast, considering that its
accuracy is more than satisfactory in many applications. The CORDIC algorithms, again, is
able to provide very accurate results given a sufficient number of iterations. In the case in
which both the arctangent function and the magnitude function are needed, the CORDIC
algorithm is obviously a better choice because of hardware sharing.

9.5 Circuits for Polar-to-Rectangular Conversion

In the previous section, circuits that transform a signal from the rectangular coordinates to
the polar coordinates have been discussed. Now, circuits for inverse conversion from the
polar coordinates to the rectangular coordinates will be described. Their applications include
direct digital frequency synthesizers (DDFS), numeric control oscillators (NCO) and
twiddle-factor generators in FFT. Conventionally, a ROM-based look-up table storing sine
and cosine values and addressed by the input phase is a straightforward solution. By

Table 9.5. Coefficients of four-segment linear approximation to the magnitude function

Segment Range Coeff. of real part Coeff. of imag. part
00 0<Y/X<1/4 1 274 4273 4277

01 1/4<Y/X<1)2 27l 4272423 427 272 42744273 4277
10 1/2<Y/X <3/4 2714272 42744273 27l 423 4277

11 3/4<Y/X <1 21 4272 271 423 425427
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Figure 9.29. Circuits of (a) two-segment vector magnitude linear approximation, (b) four-segment
vector magnitude linear approximation and (c) general vector mapping to the first octant and segment
identification
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Table 9.6. Comparison between the rational approximation and the
CORDIC algorithm for arctangent function

Rational approximation CORDIC
Latency Short Long
ROM No N words
Error <0.3° <0.44°(N = 8)
Hardware Adder, multiplier, Adder/subtractor,

square function, divider barrel shifter
Complexity High Low

Table 9.7. Comparison between the multi-segment linear approximation
and the CORDIC algorithm for magnetude function

Multi-segment linear approximation CORDIC
Two-segment Four-segment
Latency Short Moderate Long
Error 2.2% 0.52% 0.003% (N = 8)
Hardware Adder, shifter Adder, shifter Adder/subtractor,
barrel shifter
Complexity Low Medium Low

exploiting the eight-way symmetry of the sine and cosine waveforms, ROM tables storing
the cosine/sine values of phases within [0, w/4] are sufficient (see Figure 9.30). The
resolution of the phase is 277/2%, while the precision of the amplitude is R bits. Three most
significant bits (MSBs) of the phase, ¢, are used to compute the final outputs from the two

AL-1§ e > 5
AL 2]#"”—‘_: B
— >\
) >— s le
AL=3] =
m % Sin ‘IHHIH
i a%’output ‘H
- sine c£|R
S tabl 3
HH Phase g ° °
il ™™ e s
g3 -
] /4 = ’
cosine E(B Ccos ‘|
[} I ,
table 27 output I
£
Q
o
*B.

Figure 9.30. Quadrature phase-to-amplitude conversion exploiting eight-way symmetry of the sine/
cosine waveforms
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tables, while the remaining L — 3 bits are used as the index to look up the tables. Denote ¢[i]
as the i-th binary bit of ¢, and let three control signals, Bs, B¢ and By, be defined as

BS:¢[ L
Bc=¢[L—1]®¢[L—-2], (9.41)
By = ¢[L —2] & ¢[L - 3],

h

-1
-1

where @ denotes the exclusive OR operation. These control signals represent sign change of
the sine output, sign change of the cosine output and swapping between the sine and cosine
outputs, respectively.

The look-up table approach has limited application in those cases that require high-
frequency/phase resolution, since the ROM size grows exponentially with the word-length of
the phase, L. In the following, recent works that implement high-resolution polar-to-
rectangular conversion with reduced ROM sizes will be introduced.

9.5.1 Trigonometric Approximation

Angle Decomposition

The table look-up approximation to arctangent function usually involves large ROMs that
store the sine/cosine values. One alternative is to break down one large table to several
smaller ones. In [21], one such alternative arctangent approximation method is proposed. At
first, assume without loss of generality that the phase is in the first octant, namely
0<2m¢p <m/4, and ¢ has a word-length of L —3 bits (see Figure 9.30). Also let
¢ = ¢, + ¢p. Then, according to trigonometric identities, one has

sin(27rg) = sin(2n¢, ) cos(2ndy) + cos(2np,) sin(2wey),

cos(2m¢p) = cos(2m, ) cos(2npy) — sin(2m¢, ) sin(2ny). (9.42)

Usually, the decomposition is done so that ¢, represents the more significant bits of the
phase while ¢ represents the less significant bits. Hence, ¢p is relatively small and
cos(2m¢pp) =~ 1. The trigonometric formulas become

sin(2m¢) = sin(2m, ) + cos(2mwe, ) sin(27wy),

cos(2m¢p) = cos(2nep, ) — sin(2mepy ) sin(27w ). (9.43)

Suppose ¢ have a word-length of M bits; then, ¢, has a word-length of L — M — 3 bits.
Thus, instead of two tables, each with 2573 words, three smaller tables for sin(27¢,),
cos(2m¢,) and sin(27¢) will suffice. By setting M ~ L — M — 3, the number of memory
words can be reduced to about only the square root of that in Figure 9.30.

Quadruple Angle Formula

Another ROM-Iess phase to the sinusoid amplitude conversion technique uses the quadruple
angle formula [22]. The double-angle formula for cosine function takes the form of

cos(20) = 2cos*(f) — 1 = 1 — 2sin’*(h). (9.44)
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The quadruple-angle formula is obtained from the above formula as
cos(40) = 2cos?(26) — 1 = 1 — 8sin*(6)(1 — sin’(8)). (9.45)

Again, due to the symmetry of the sinusoidal waveform, the range of 49 is set to within O to
/2, equivalently 0 < 0 < 7/8. Then, the approximation that sin(f) ~ 6 can be applied
when 6 is small and the above equation is reduced to

cos(40) ~ 1 —86*(1 —0%), 0<6<m/8. (9.46)

Based on the trigonometric quadruple angle approximation, for 0 < 2m¢ < /4, a low-error
approximation to cos(2m¢) is given by

cos(27mp) ~ (485/512)[1 — 8x*(1 — x?)] + (27/512)[1 — 8x*(1 — xz)]2|X:%¢. (9.47)

The approximation error of the above formula is smaller than 27'3 [22].

9.5.2 Polynomial Approximation

Dual Slope

In addition to using trigonometric identities, polynomial approximation is also widely used
in trigonometric function generation. Polynomial approximation has been popular because:

e cxtensive literature exists on polynomial approximation;
e polynomial coefficients can be optimized given the criterion; and
e simple hardware architecture can be readily developed.

Consider sine/cosine function approximation of phases in the interval [0,7r/4]. This phase
range can be partitioned into 2¥ segments and a polynomial of a given degree is used to fit
the trigonometric function in each segment. The dual-slope technique is a special piecewise
linear approximation with a reduced memory requirement [23]. It makes use of the
continuity requirement to decrease the number of parameters (4 x 2M) by 25%. In [24], a
set of minimum mean-squared error (MMSE) parameters for sine/cosine approximation that
use the dual-slope piecewise linear approach are derived. This implementation achieves an
accuracy of about 2712,

Polynomial Hyperfolding

Instead of using many polynomials, one for each segment, one single polynomial can be
adopted for trigonometric function approximation. This approach eliminates the ROM
table that stores coefficients of polynomials for the segments. Second-order and third-
order polynomials with optimized coefficients can be designed to approximate sine and
cosine functions [25]. The coefficients are selected with a view to maximizing the
absolute value of the spurious-free dynamic range (SFDR)-an index that measures the
purity of sine/cosine waveforms, as well as minimizing the required hardware complexity.
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Two second-order polynomials for first-octant sine and cosine approximation take the
form of

sin (%d)) ~ —0.004713 + 0.838015 - ¢ — 273 - ¢,
(9.48)

T
cos (qu) ~ +0.995593 — 0.011408 - ¢p + (—272 —273) - ¢,

where 0 < ¢ < 1. Two optimal third-order polynomials for the same purpose are given by

sin (qu) ~ + 0.00015005 + 0.77436217 - ¢ — 0.00530040 - ¢

—272+427 e
3 ’ (9.49)
cos <%¢> ~ + 0.98423596 + 0.00452969 - ¢ — 0.32417224 - ¢
. 23 _ -5 »
s

A polynomial hyperfolding technique can be used to efficiently compute the third-order
polynomial in the above equation by flattening all the sums of partial products [25]. In this
technique, ¢ is replaced by its N-bit binary representation, namely ¢ = Zf\’: Bl x;2'. Then, ¢
in the polynomial can be expanded using the binary representation and all the terms with
one, two, three binary variables can be collected. Since the coefficients are constants,
canonical sign-digit representation can be employed to convert the coefficients into weighted
sums of power of two. Hence, the polynomial computation is converted into evaluation of
the sum of partial products, which can be efficiently processed by the well-known Wallace
tree architecture.

As an example, if the second-order polynomial approximation uses a phase resolution of 11
bits and an amplitude precision of up to 2~ and the third-order polynomial approximation uses
14-bit phase resolution and 12-bit amplitude precision, then the numbers of total partial products
after flattening are around 30 and 130, respectively. When compared with the direct implementa-
tion approach, the polynomial hyperfolding technique saves more than 60% of partial products.

9.5.3 Comparison

Table 9.8 shows the comparison of different architectures for phase-to-amplitude conversion.
Both the double-angle approximation and the piecewise linear approximation trade ROM
size for more complicated arithmetic circuits. Although the table look-up technique entails
more storage, it is still popular for storing twiddle factors in FFT processors [9,26]. This is
because the twiddle factors are fixed and have equal phase spacing. For FFT processors of
moderate sizes, special techniques can be employed and the ROM size reduced [26].

The quadruple-angle approximation and the high-order polynomial hyperfolding techni-
ques completely eliminate the ROM table and are suitable for the cases in which the ROM
cannot be implemented economically. However, the prices for such accurate results in
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Table 9.8. Comparison of various phase-to-amplitude conversion techiques

ROM* (Bits) Complexity Flexibility
Table Lookup 24576 Low High
Double Angle Approx. 832 Medium Medium
Piecewise Linear 1216 Medium Medium
Approx. (64 segments)
Quadruple Angle Approx. - High Medium
2".Order Polynomial - Medium Low
Hyperfolding Approx.
3".Order Polynomial - High Low

Hyperfolding Approx.

*evaluated at 14-bit phase resolution and 12-bit amplitude precision.

quadruple angle approximation are three multipliers. Similarly, the third-order polynomial
hyperfolding technique generates many partial products to be summed by Wallace trees. As
to design flexibility, arbitrary look-up tables can be easily generated once the requirements
in amplitude precision and phase resolution are determined. On the other hand, the word-
lengths of the input/output signals of the arithmetic units in the double-angle approximation,
quadruple-angle approximation and piecewise linear approximation all need be decided
according to specified quantization error. In addition, the polynomial hyperfolding imple-
mentation requires custom design of the Wallace trees each time the word-length of the
phase is changed, making it less desirable for hardware re-use.

Bibliography

[1] S. He and M. Torkelson, ‘Designing pipeline FFT processor for OFDM (de)modulation’, in Proc. of IEEE URSI
International Symposium on Signals, Systems, and Electronics, Sep. 1998, pp. 257-262.

[2] B. G. Jo and M. H. Sunwoo, ‘New continuous-flow mixed-radix (CFMR) FFT processor using novel in-place
strategy’, IEEE Trans. Circuits Syst. I, vol. 52, no. 5, May 2005, pp. 911-919.

[3] B. M. Baas, ‘A low-power, high-performance, 1024-point FFT processor’, IEEE J. Solid-State Circuits, Vol. 34,
No. 3, Mar. 1999, pp. 380-387.

[4] J. O’Brien, J. Mather and B. Holland, ‘A 200 MIPS single-chip 1K FFT processor’, in Proc. of IEEE
International Solid-State Circuits Conference, Vol. 36, 1989, pp. 166-167.

[5] L. R. Rabiner and B. Gold, Theory and Application of Digital Signal Processing. Eaglewood Cliffs, NJ: Prentice
Hall, 1975.

[6] E. E. Swartzlander, V. K. Jain and H. Hikawa, ‘A radix-8 wafer scale FFT processor’, J.VLSI Signal Processing,
May 1992, pp. 165-176.

[7] H. L. Groginsky and G. A. Works, ‘A pipeline fast fourier transform’, IEEE Trans. Comput., vol. C-19, no. 11,
Nov. 1970, pp. 1015-1019.

[8] A. M. Despain, ‘Fourier transform computer using CORDIC iterations’, IEEE Trans. Comput., Oct. 1974,
pp- 993-1001.

[9] Y. T. Lin, P. Y. Tsai and T. D. Chiueh, ‘Low-power variable-length fast Fourier transform processor’, IEE Proc.-
Comput. Digit. Tech., vol. 152, no. 4, Jul. 2005, pp. 499-506.

[10] E. K. Tsern and T. H. Meng, ‘A low-power video-rate pyramid VQ decoder’, IEEE J. Solid-State Circuits,

vol. 31, no. 11, Nov. 1996, pp. 1789-1794.



232 OFDM Baseband Receiver Design for Wireless Communications

[11] N. Shibata, M. Watanabe and Y. Tanabe, ‘A current-sensed high-speed and low-power first-in—first-out memory
using a wordline/bitline-swapped dual-port SRAM cell’, IEEE J. Solid-State Circuits, vol. 37, no. 6, Jun. 2002,
pp. 735-750.

[12] P. C. Hsieh, J. S. Jhuang and T. D. Chiueh, ‘Design of a low-power delay line using gated-driver tree’, in Proc. of
the VLSI/CAD Symposium, Taiwan.

[13] R. Hossain, L.D. Wronski and A. Albicki, ‘Low power design using double edge triggered flip-flops’, IEEE
Trans. VLSI Syst., vol. 2, no. 2, Jun. 1994, pp. 261-265.

[14] M. Shams, J. Ebergen and M. Elmasry, ‘Modeling and comparing CMOS implementations of the c-Element’,
Tech. Rep. of Dep. Computer Science, Univ. of Waterloo, Waterloo, Ont., Canada, CS-98-12, May 1998.

[15] R. Lyons, ‘Another contender in the arctangent race’, IEEE Signal Processing Mag., Jan. 2004, pp. 109-110.

[16] Y. H. Hu, ‘CORDIC-based VLSI architectures for digital signal processing’, IEEE Signal Processing Mag., July
1992, pp. 16-35.

[17] Y. H. Hu, ‘The quantization effects of the CORDIC algorithm’, IEEE Trans. Signal Processing, vol. 40, no. 4,
Apr. 1992, pp. 834-844.

[18] A. S. Dhar and S. Banerjee, ‘An array architecture for fast computation of discrete hartley transform’, IEEE
Trans. Circuits Syst., vol. 38, no. 9, Sep. 1991, pp. 1095-1098.

[19] K. Maharatna, S. Banerjee, E. Grass, M. Krstic and A. Troya, ‘Modified virtually scaling-free adaptive CORDIC
rotator algorithm and architecture’, IEEE Trans. Circuits Syst. Video Technol., vol. 5, no. 11, Nov. 2005,
pp. 1463-1474.

[20] P. B. Denyer and D. Renshaw, VLSI Signal Processing: A Bit-Serial Approach. Boston, MA: Addison-Wesley,
1985.

[21] F. Curticapean and J. Niittylahti, ‘A hardware efficient direct digital frequency synthesizer’, in Proc. of IEEE
International Conference on Electronics, Circuits and Systems, Sep. 2001, pp. 51-54.

[22] C.-C. Wang, Y.-L. Tseng, H.-C. She, C.-C. Li and R. Hu, ‘A 13-bit resolution ROM-less direct digital frequency
synthesizer based on a trigonometric quadruple angle formula’, IEEE Trans. VLSI Syst., vol. 12, no. 9, Sep.
2004, pp. 895-900.

[23] D. De Caro and A. G. M. Strollo, ‘High-performance direct digital frequency synthesizers in 0.25 pum CMOS
using dual slope approximation’, IEEE J. Solid-State Circuits, vol. 40, no. 11, Nov. 2005, pp. 2220-2227.

[24] A. G. M. Strollo, D. De Caro, E. Napoli and N. Petra, ‘Direct digital frequency synthesis with dual-slope
approach’, in Proc. of Eur. Solid-State Circuit Conference, Sep. 2003, pp. 397-400.

[25] D. De Caro, E. Napoli and A. G. M. Strollo, ‘Direct digital frequency synthesizers with polynomial hyperfolding
technique’, IEEE Trans. Circuits Syst. II, vol. 51, no. 7, Jul. 2004, pp. 337-344.

[26] Y. W. Lin, H.-Y. Liu and C.-Y. Lee, ‘A 1-GS/s FFT/IFFT processor for UWB applications’, IEEE J. Solid-State
Circuits, vol. 40, no. 8, Aug. 2005, pp. 1726-1735.



10

System Examples

OFDM baseband receivers include several key modules implementing signal-
processing tasks of diverse nature. In addition, OFDM system parameter design
is a complicated process of trading off different factors, such as channel delay
spread, spectral efficiency, transmission rate and others. System examples offer
concrete illustration of design considerations as well as implementation details and,
hence, can help designers, experienced and novice, in their receiver design efforts.

Baseband receiver design of OFDM systems involves quite broad and complicated knowl-
edge and experiences. Until now, this book has treated several important issues related to this
work, yet no introduction to design technology is complete without actual examples. In this
chapter, two OFDM receiver IC developments will be described. The first example
demonstrates a receiver implemented for a wireless communication system that combines
the multi-carrier OFDM modulation and the multiple-access capability of the code-division
multiple access (CDMA). The second example is a wireless OFDM receiver IC for cognitive
radio applications. In this wireless LAN-like OFDM receiver, dynamic spectrum access,
MIMO techniques and channel assessment functions are integrated to meet the requirements
of cognitive radio applications.

10.1 MC-CDMA Downlink Receiver I1C

The downlink MC-CDMA receiver is designed for a next-generation mobile cellular
communication system. Taking advantages of both multi-carrier modulation and CDMA
techniques, the MC-CDMA system can handle frequency-selective fading channels and offer
high data rate transmission in a multi-user environment. Moreover, the orthogonal variable
spreading factor (OVSF) codes [1] spread the original data symbol over several subcarriers,
making frequency diversity reception and multi-rate transmission possible. In light of the
above considerations, MC-CDMA has been proposed as a possible solution for the beyond-
3G (B3G) or the fourth-generation (4G) cellular communication systems [2].

OFDM Baseband Receiver Design for Wireless Communications ~Tzi-Dar Chiueh and Pei-Yun Tsai
© 2007 John Wiley & Sons (Asia) Pte Ltd. ISBN: 978-0-470-82234-0
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Table 10.1. Proposed downlink MC-CDMA system parameters.
Reproduced by permission of © 2005 IEEE

RF frequency 2 GHz
Signal bandwidth 5 MHz
Sampling frequency 5.76 MHz
FFT size 1024
Subcarrier spacing 5.625 KHz
Guard interval 11.1ps
Symbol time 188.9 us
Number of data subcarriers 768
Number of pilot subcarriers 33
Maximum data rate (uncoded) 21.7 Mbps

10.1.1 System Description

In Table 10.1, important parameters of the proposed downlink MC-CDMA system are
summarized [3]. Note that the same RF frequency and signal bandwidth as those of the 3G
standards, namely 2 GHz and 5 MHz, are used. This is because the major objective of this
downlink MC-CDMA system is to enhance the downlink data rate of the current 3G
W-CDMA cellular communication system in urban areas. Moreover, two guard bands, each
with 5% bandwidth of the signal band are reserved. To facilitate future dual-mode receiver
design, the ADC sampling rate is set to 5.76 MHz-1.5 times the chip rate in the W-CDMA
system (3.84 MHz).

According to the channel models provided by 3GPP [4], the maximum excess delays are
2.14 s and over 10 ps, respectively, in typical urban and bad urban areas. Moreover, the
highest mobility supported is up to 120 km/hr. As a result, the guard interval needs to be
longer than 10 ps. Also, a maximum Doppler frequency of 222 Hz limits the OFDM symbol
duration to be shorter than 200 ws. Given the sampling rate and the symbol duration, the
DFT size is set to 1024. Among the 1024 subcarriers, 768 subcarriers are used to transmit
data and 33 pilot subcarriers are uniformly distributed. The system supports three signal
constellations, namely QPSK, 16-QAM and 64-QAM, and the maximum uncoded data rate
reaches 21.7 Mbps. For multiple-access purposes, the orthogonal variable spreading factor
(OVSF) codes spread the user data onto a number of subcarriers. Also note that to facilitate
smooth transition in the future, the system uses the same FFT size, guard interval ratio and guard
band ratio as those in the feasibility study of the 3GPP UTRAN OFDM enhancement [5].

10.1.2 Transmitter and Receiver Design

MC-CDMA Transmitter

The transmitter of the MC-CDMA system is very similar to the transmitter of an OFDM
communication system except for multiple user data streams and the OVSF code spreading.
Figure 10.1(a) depicts the block diagram of the proposed MC-CDMA baseband transmitter.
Data from each user first pass through a constellation mapper, get spread by the OVSF code
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Figure 10.1. (a) Block diagram of the MC-CDMA baseband transmitter (reproduced by permission
of © 2005 IEEE) and (b) allocation of pilot subcarriers and training symbols

of the user, and then are combined with signals from other users. A user may transmit several
pieces of data in one MC-CDMA symbol, since the length of the OVSF code may be less
than 768. To achieve maximum frequency diversity, the transmitter spreads one user’s data to
subcarriers that are as far apart as possible. To wit, neighboring subcarriers will carry pieces
of data from different users [6].

Comb-type uniformly distributed pilot subcarriers are inserted into the transmitted
symbols, as they can help the receiver to perform the tasks of synchronization and channel
estimation. An OFDM modulator then transforms the frequency-domain signals to time-
domain MC-CDMA signals. Note that to guarantee reliable communication, in addition to
pilot subcarriers, the MC-CDMA system also transmits training symbols periodically in the
time domain. The allocation of pilot subcarriers and training symbols is depicted in
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Figure 10.2. Block diagram of the MC-CDMA receiver. Reproduced by permission of © 2005
IEEE

Figure 10.1(b). The role of the training symbols is crucial to the receiver, especially during
initial synchronization. A training symbol has all its odd-numbered subcarriers zero and so it
contains two identical halves in the time domain [7]. With such periodic training symbols,
the receiver can achieve more robust symbol boundary detection than other OFDM systems
that use only a cyclic prefix. Moreover, the even-numbered subcarriers in the training symbol
are differentially encoded with a pseudo-noise (PN) code to expedite integer carrier
frequency offset acquisition.

MC-CDMA Receiver

The baseband receiver for the proposed downlink MC-CDMA communication system is
very similar to a regular OFDM baseband receiver except for the combining (despreading)
block that extracts a particular user’s information. Figure 10.2 depicts the block diagram of
such a baseband receiver. As is clearly seen, integer CFO/fractional CFO are estimated,
combined and compensated in a carrier recovery loop with an NCO, a loop filter and a de-
rotator. The SCO is derived from the estimated CFO and compensated in the frequency
domain. The FFT window block controls the FFT input interval with information provided
by the coarse symbol boundary detection and fine symbol boundary detection blocks and the
overflow/underflow of SCO accumulation. After initial acquisition, a subsequent tracking
mechanism which enhances the synchronization accuracy and thus communication perfor-
mance is implemented [3]. For this purpose, the weighted least squares (WLS) algorithm
block estimates the CFO/SCO and sends the result to the loop filter. Finally, the channel
estimation and combining blocks restore faded subcarrier data and despread the equalized
frequency-domain signals to reconstruct the detected information for the user.

After the automatic gain control circuit has settled, the baseband receiver starts to detect
the coarse symbol timing by searching for training symbols. The receiver adopts a delay
correlator with a delay of N/2, where N is the FFT size. The output of the delay correlation
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is then passed to a moving average block, whose output peak indicates the end of a training
symbol. Assume that the normalized CFO is given by ¢, so Af = ¢fs. Then, the phase shift
between the two identical halves of the training symbol is we. As mentioned in Chapter 5, the
normalized CFO is composed of the fractional part and the integer part. The maximum
likelihood estimation of the fractional CFO, ¢, can be derived simultaneously when the
symbol timing is decided.

Integer CFO causes index shift in the frequency-domain subcarriers. Since the data on the
even-numbered frequency-domain subcarriers of the training symbol are differentially
encoded by a PN code, the frequency-domain PN-correlator approach mentioned in Section
5.3.2 is applied. After integer CFO acquisition, the receiver activates fine symbol timing
detection and adjusts the symbol boundary to an ISI-free position. The frequency-
domain phase rotation approach introduced in Section 5.3.1 is adopted due to its simplicity.
Note that the integer CFO block and the fine symbol timing block share one complex
multiplier.

The MC-CDMA signal, being based on the OFDM modulation, is also susceptible to
synchronization errors. When the orthogonality among subcarriers is destroyed, both inter-
carrier interference (ICI) and multiple-access interference (MAI) will be induced [8]. As
such, it is imperative for the MC-CDMA receiver to incorporate accurate synchronization
error estimation/compensation to guarantee acceptable performance. To deal with non-
stationary channels and possible initial CFO/SCO estimation error, CFO as well as SCO
must be continuously estimated and compensated. The joint WLS algorithm described in
Chapter 5 is adopted for this purpose [9]. In practice, the carrier frequency and the sampling
frequency are generated from the same oscillation source. Thus, CFO and SCO are related
by a constant, making the estimation simpler. Furthermore, when the carrier frequency is
much higher than the subcarrier spacing, the formula of joint WLS estimation in Section
5.3.3 can be simplified to

5o 2om W (10.1)

N+N, :
27 N ngT Zm W

The estimated oscillator error is often corrupted by noise. Therefore, the receiver adopts a
loop filter to remove the out-of-band noise. This filtered residual synchronization error is
combined with initially acquired fractional/integer CFO. Then, a numerical-controlled
oscillator and a phase de-rotator compensate the carrier frequency offset in the time domain.
The SCO, being proportional to the CFO, is derived through a scaling block and then
compensated in the frequency domain. Of course, overflows and underflows in the sampling
phase offset need to be processed by the FFT window block.

The rest of the receiver obtains the final detection of the received signal by channel
estimation, equalization and despreading of the equalized subcarrier data. Due to the variety
of channel environments, the receiver has two channel estimation modes, and switches
between them accordingly. Least squares (LS) channel estimation [10] from the training
symbol is applied when the channel is stationary. On the other hand, in fast-fading channels,
a shifted raised-cosine frequency-domain channel interpolation technique mentioned in
Section 6.3.2 will be used [11]. A sixth-tap channel interpolator estimates the channel
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responses in the data subcarriers as
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where H,p is the channel response of the m-th pilot subcarrier; D is the pilot subcarrier
spacing; B is the roll-off factor; and d is the corresponding time shift.

In the MC-CDMA system, the signals that correspond to a piece of user information
symbol are spread among a number of data subcarriers in an MC-CDMA symbol. The MC-
CDMA baseband receiver will have to first equalize the data subcarriers and then combine
them judiciously to arrive at the most signal energy from the related subcarriers for the final
decision. As in the OFDM communication systems, the data on each subcarrier of the MC-
CDMA signal suffer only flat fading though the channel is frequency-selective faded. Thus, a
simple one-tap frequency-domain equalizer (FEQ) is sufficient. The proposed receiver uses
the threshold orthogonality restoring combining (TORC) method [12], which strikes a
balance between complexity and performance.

In TORC, the equalizer coefficient for subcarrier k can be expressed as

V/He  if |He| > hrug
G = J/He il |h , 10.3
¢ {HZ/|H1<| if [Hy| < hrur (10.3)

where hryg is a threshold, below which a subcarrier is deemed in deep fade. To reconstruct
the user symbol, the equalized signals are despread using that user’s OVSF code.

10.1.3 Circuit Design

Word-Length Determination

Since most arithmetic circuits in the implemented receiver IC are based on fixed-point
arithmetic, each signal in the receiver must be quantized to a digital signal with a certain
word-length. To determine the word-lengths of the I/O signals in the baseband receiver
modules, many functional simulations of the proposed receiver are conducted. The simulated
SNR at the despreader output works as the performance metric. A word-length that induces
little or no SNR degradation is chosen for each I/O signal. The implementation loss due to
quantization noises in the fixed-point-arithmetic baseband receiver is smaller than 0.5 dB
when the symbol error rate is at 107> Signal word-lengths of several key signals in the MC-
CDMA baseband receiver are listed in Table 10.2.
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Table 10.2. Signal word-lengths of the major functional blocks
in the MC-CDMA baseband receiver

Signal Word-length
ADC output 12
Derotator output 14
FFT output 16
Channel estimator output 14
TORC output 12
Despreading output 14
FFT Module

Fast Fourier transform is a key component in the MC-CDMA baseband receiver, since it is
both computation-intensive and communication-intensive. The FFT size (1024) is quite large
in the receiver; therefore, the radix-2> architecture mentioned in Chapter 9 is adopted
[13,14]. The FFT module needs only three complex multipliers and associated twiddle factor
tables. A low-complexity complex multiplier with only three real multiplications and five
real additions/subtractions is used [15]:

(A+jB)(C+,jD) = [C x (A—B) 4B x (C—D)] +j[D x (A+B) + B x (C—D)].
(10.4)

In addition, the symmetry in the twiddle factors is exploited and the look-up tables store the
sine and cosine values from 0 to 7 /4.

In the FFT architecture, several delay buffers of various lengths are required. Longer delay
buffers are implemented using two single-port SRAM modules and some control logics,
which have been introduced in Chapter 9. However, delay buffers shorter than 64 are
implemented by flip-flops configured in a pointer-based configuration, which is also
described in Chapter 9. A shared ring counter with some logic gates can address all the
pointer-based delay buffers and save more power and complexity.

The decimation-in-frequency FFT outputs are in the bit-reverse address order. They need
to be rearranged into the normal order for further frequency-domain signal processing, such
as channel interpolation and despreading. Conventionally, two N-word SRAM modules
working in the ping-pong fashion are used. One is being written in the bit-reverse order,
while data in the other are read out in the normal order. After one cycle of N words, the two
SRAM modules exchange roles. Following the concept of the in-place strategy in the
memory-based FFT, a more complex, yet area-efficient, implementation using two N/2-
word SRAM modules can be used.

Arctangent Module

In the proposed baseband receiver, several arctangent functions are needed. In the design,
one arctangent module is shared among initial fractional CFO acquisition, fine symbol
boundary detection and WLS CFO/SCO estimation. Note that in all three applications, the
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Figure 10.3. Architecture of the frequency-domain channel interpolator. Reproduced by permission
of © 2005 IEEE

arctangent function has several clock cycles to complete. As a result, a folded version of the
CORDIC hardware introduced in Chapter 9 is adopted.

Channel Estimation

There are two modes of channel estimation: one is the LS channel estimator in quasi-
stationary channels; the other is the frequency-domain channel interpolator for fast fading
channels. In the mobile cellular environments, the received signals are fast faded. Hence,
accurate and up-to-date channel estimation is of paramount importance for reliable
transmission. The receiver uses the shifted raised-cosine interpolator introduced in Section
6.3.2. The interpolator circuit, shown in Figure 10.3, takes in the channel responses of pilot
subcarriers and applies a partial phase shift that corresponds to an offset in the time window.
The result is fed to a six-tap real-coefficient interpolator, whose output is multiplied by
another phase shift term that corresponds to the aforementioned time window offset.

Equalizer
The TORC equalizer coefficients in Equation (10.3) can be reformulated as

1 - .
——/(Hy) if |Hi| > hug
G, = |Hk| ¢ .

(Hy) if |He| < hrag

(10.5)

In the proposed TORC circuits, two pipelined CORDIC structures are used, as shown in
Figure 10.4. One CORDIC rotates the estimated complex channel response of the k-th
subcarrier back to the x-axis in the complex plane. Meanwhile, another CORDIC rotates the
received frequency-domain data of that subcarrier by the same amount. Without explicitly
deriving the channel phase and with only eight stages of micro-rotation in both CORDIC
structures, the frequency-domain data are equalized in phase. In addition, one more initial
stage is needed to rotate the input by multiples of 77/2 so that the resultant output will be in
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Figure 10.4. Block diagram of TORC equalization. Reproduced by permission of © 2005 IEEE

the first quadrant. The magnitude of the signal to be equalized needs also to be properly
scaled. Since the CORDIC hardware computes the channel gain magnitude as a by-product,
a divider scales the phase-equalized signal using this magnitude when |FIk| > hryg.
Otherwise, the phase equalized signal is divided by the CORDIC scaling factor.

In the circuit design of this baseband receiver IC, several ideas have been adopted. The
delay buffer design and a new bit-reverse ordering architecture save about 6 mW. The new
channel estimator and the TORC equalizer also save about 10 mW of power. Finally, by
turning off unused modules, more than 4 mW can be saved.

10.1.4 Experimental Results

The entire MC-CDMA baseband receiver is synthesized using a cell-based design flow and
placed as well as routed by commercial software. The chip is then implemented in 0.18-pm
one-poly and six-metal CMOS technology. The logic gate count and the transistor
count of the chip are around 336 K and 2.1 millions, respectively. Only 12 SRAM modules
(81 K bits) are used and they are placed near the periphery of the core to prevent malfunction
caused by IR drops. The core size of this chip is 2.6 x 2.6 mm. Figure 10.5 shows a
photograph of the fabricated baseband receiver chip. The fabricated chip was tested at the
nominal operating frequency of 5.76 MHz. Thanks to power-saving techniques and the
voltage scaling, this chip consumes only 9.9 mW from a supply voltage of 1.1 V. A summary
of MC-CDMA baseband receiver IC is given in Table 10.3.
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Figure 10.5. Die photograph of the proposed MC-CDMA downlink baseband receiver IC. Repro-
duced by permission of © 2005 IEEE

The chip’s receiving performance in a multipath fading channel is also measured. The
channel model used is the typical urban power-delay profile specified in the 3GPP technical
document [4], in which a large number of paths ensure realistic frequency domain
correlation properties. The chip’s symbol error rate (SER) performance is almost identical
to the functional simulation results. With 32 active users and 226 Kbps per user, the receiver
can reach an uncoded SER on the order of 10>, given enough SNR. This corresponds to an

Table 10.3. Summary of the MC-CDMA baseband receiver chip.
Reproduced by permission of © 2005 IEEE

Technology 0.18-um 1P6M CMOS
Package CQFP-100
. ) Core 2.6 x2.6
Size (mm?) Chip 3.16 x 3.16
Gate count 335,823
Transistor count 2,093,944
SRAM size (bits) 81K
Power consumption 99mW @ 1.1V, 5.76 MHz

Max. oscillator deviation 10 ppm
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aggregate bit rate of more than 7.3 Mbps. In another measurement, the receiver IC with
signals under different mobility is verified. With 32 active users and 120 km/hr, this receiver
chip achieves satisfactory uncoded SER of around 10~2. In conclusion, the proposed MC-
CDMA downlink baseband receiver chip provides a low-power, high-bit-rate solution to
mobile cellular communication applications.

10.2 MIMO-OFDM Cognitive Radio Receiver 1C

The second system example shows the design of a MIMO-OFDM WLAN cognitive radio
(CR) receiver IC. As wireless applications become more and more popular, the demand for
bandwidth gets stronger. However, though spectrum is a scarce resource, it is not used
efficiently most of the time in many areas. Cognitive radio techniques have been proposed to
exploit such phenomena and mitigate the spectrum shortage problem [16]. Cognitive radio is
a radio system that can sense the spectral utilization and utilize the unused spectrum without
interfering with primary users. At the same time, a cognitive radio system also self-adapts
the transmission parameters to increase spectral efficiency. In 2003, the Federal Commu-
nication Commission (FCC) in the United States of America initiated the commercialization
of cognitive radio by issuing relevant notifications. The latest working group (WGQG)
organized by the IEEE 802 LAN/MAN Standards Committee, IEEE 802.22 wireless
regional area network (RAN) WG, mandates cognitive radio as its core technology. In
addition, several CR systems have already been proposed for operation in the TV bands [17].

In this example, the proposed OFDM-based cognitive radio system not only implements
channel assessment, but also provides different transmission modes to accommodate
dynamic spectrum allocation. In addition, two MIMO techniques are incorporated to either
obtain diversity gain or enhance transmission rate. They are the space-time block code
(STBC) [18,19] and the Vertical Bell Laboratory layer Space Time (VBLAST) scheme [20].
The architecture of the proposed CR system is shown in Figure 10.6. The proposed CR
system is fashioned after the IEEE 802.11a/g wireless LAN and the major distinctions
include an eight-channel polyphase filter and a frequency-tunable bandpass filter (BPF) in
the RF front-end, channel assessment and multi-band long preamble/data transmission in the
baseband. These features are indispensable in the sensing/filtering of primary user signals
and the transmission in dynamically allocated bands. This example focuses on the baseband
receiver, major features of which are summarized below:

e supporting 270 dynamic spectrum allocation patterns;

e offering sensing, SNR and delay spread estimation capability;
e providing VBLAST and STBC MIMO decoding schemes;

o four clock frequencies—20/40/80/160 MHz;

e variable-length FFT-64/128/256/512; and

e data rate of up to 1.404 Gbps.

10.2.1 System Overview

The proposed CR system operates at either the lower or the upper 5-GHz UNII bands with
80-MHz and 160-MHz bandwidths, respectively. The adopted OFDM parameters are
compatible with those in the IEEE 802.11a/g standard, except that the FFT size and the
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Table 10.4. CR system parameters

Band Lower UNII Upper UNII
Frequency range (GHz) 5.15-5.35 5.725-5.825
Number of data subcarriers 48-468 48-244
Bandwidth (MHz) 20/40/80/160 20/40/80
FFT length 64/128/256/512 64/128/256
Modulation QPSK/16-QAM/64-QAM OFDM
Subcarrier spacing 312.5 KHz

Symbol duration 4 s

number of subcarriers have more options due to variable bandwidth. Table 10.4 lists key
parameters of the signal in the proposed CR system.

Packet Format

The packet format of the CR system is shown in Figure 10.7. As with the IEEE 802.11a/g
packets, 10 short preambles start a CR packet. Then two or four long preamble symbols,
depending on the mode (SISO or MIMO) used, are transmitted. These are followed by the
SIGNAL field and the data symbols. In the MIMO mode, the Alamouti code [18] is adopted
to encode the long preambles, making channel estimation more reliable.

Spectral Design

In the CR system, due to dynamic spectrum allocation, the data/pilot/guard subcarriers can
have many possible configurations. A single 20-MHz band requires 12 subcarriers reserved
for guard bands. Nonetheless, some or even all of the available 20-MHz bands can be
contiguous. As such, relatively fewer guard bands are necessary, and the unused guard-band
subcarriers can be freed for data transmission. In the proposed system, the number of
available data subcarriers is given by

Ny = 60N, — 12N, (10.6)

where Ny, N, and N, are the number of data subcarriers, number of available 20-MHz
bands and number of consecutive chunks of available spectrum, respectively. The number of
pilot subcarriers are 4N, and N ranges from 48 to 468, corresponding to N, = 1 and 8,
respectively. Therefore, with 64-QAM modulation, 468 data subcarriers and two-antenna
spatial multiplexing, the maximum achievable data rate of the CR system is 1404 Mbps.

10.2.2 Architecture and Circuit Design

The architecture of the CR baseband receiver is shown in Figure 10.8, consisting of three
major parts: initial synchronization, CFO/SCO tracking and frequency-domain data
recovery. The receiver first examines the availability of a particular targeted band, turning
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Figure 10.8. Architecture of the CR baseband receiver

on only sensing and CR control modules. After verifying that the targeted band is idle, the
receiver starts coarse and fine timing synchronization, during which the coarse and fine CFO
estimation result can also be obtained. The joint weighted least square (JWLS) algorithm
introduced in Section 5.3.3 is adopted for the CFO/SCO tracking loops. The CFO-
compensated time-domain signal is transformed to the frequency domain by the FFT
block and the SCO effect compensated. Channel estimates can be extracted from the
compensated signal. Subsequently, with the estimated channel matrix, the STBC/VBLAST
processing block performs MIMO decoding. Finally, the phase modification block and soft/
hard demapper produce the receiver output signal to the forward error correction (FEC)
decoder.

Most of the circuits in the CR receiver are similar to those of the MC-CDMA baseband
receiver IC described in the previous section. There are, however, some new circuits, namely
the MIMO detector and the SNR estimator, which will be described next.

VBLAST/STBC MIMO Detector

This receiver supports two types of MIMO detection: VBLAST for spatial multiplexing data
and the STBC decoder for STBC-coded data. Both algorithms require considerable hardware
due to their arithmetic complexity. As such, common hardware that can perform both MIMO
detection schemes is devised. In Figure 10.9(a), the detector is configured to work as a
VBLAST detector for two-antenna spatially multiplexed OFDM subcarrier data. Signal Z%)
is the received signal from the g-th receive antenna and H4?) is the channel gain from the
p-th transmit antenna to the g-th receive antenna in the 2 x 2 MIMO channel. Another
circuit first finds the path with stronger energy, whose result is then used to control the
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Figure 10.9. Configurations of the proposed MIMO detector working (a) as the VBLAST detector,
(b) as the STBC decoder (first phase) and (c) as the STBC decoder (second phase)
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operation of the MUXs in the decoder to select the correct channel gains. In the first stage,
the QPSK data transmitted from the stronger spatial stream (assuming transmit antenna 1)
are detected according to the following formula:

. —_H1,0)7(0) 4 [(0,0)7(1)
X0 = sgn( i )), (10.7)

H(0,0)H(l,l) _ H(O,I)H(I,O

where X(!) is the detected signal from the first transmit antenna. After detecting one of the
transmitted signals, the ordered successive interference cancellation (OSIC) principle is then
applied to eliminate the interference component corresponding to XV, as illustrated in the
second stage of Figure 10.9(a). The data transmitted from the antenna with smaller energy
can then be detected in the third stage, using

A HO0Z )  gL0=7'(1)
0 —
X0 = sgn( |H(©0) 24 |H(130)\2 ) (10.8)

where Z'(©) and Z'() are the received signals with the components from transmit antenna 1
cancelled.

Figure 10.9(b) and (c) illustrate the two phases of the detector operation when configured
for STBC equalization. Without explicitly showing the pipelining overhead, the MIMO
detector circuit requires two clock cycles to decode two received STBC coded vectors in two
OFDM symbols: [Z(()O) Zé”] and [Z,0> Zfl)]. Note that each vector contains two signals—one
from receive antenna 0 and the other from receive antenna 1.

During the first clock cycle (phase), the first stage and second stage process the received
vectors in two consecutive OFDM symbols, while the third stage is idle. The partial
detections for X, and X; are given by

% — f(0.0)x (()O) + g0+ (()l),

10.9
X/ = HOVZ" 4 gz 102

In the second clock cycle (phase), the detected X, and X; are computed using the second and
third stages, while the first stage is deactivated. The formulas in the second clock cycle are

Xo =X +HOVZ" 4 gOVZ",

10.10
5(1 = 5(1/ — H(O’O)Zio)* — H(I’O)Ziw*. ( )
SNR Estimator and Delay Spread Estimator

To estimate the SNR without incurring too much computation complexity, all signal samples
are mapped to one cluster. Hence, each detected subcarrier signal sample is mapped to the
first quadrant and then shifted by a vector that makes the quantized decision become the
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QPSK signal point in the first quadrant. Signal variance is then computed by subtracting a
scaled power of the sum of signal samples from the sum of squared signal samples. Dividing
the signal power by the variance then gives the SNR estimate. This approach is more
efficient, in terms of hardware and storage, than the canonical approach of computing the
signal average and then summing the squared differences between the signal samples and the
average.

The matched filter structure presented in Section 5.3.1 is adopted for fine symbol timing
detection in this CR receiver. The matched filter output waveform can also be used to
estimate the channel delay spread, as this waveform indicates the channel impulse
response. The root-mean-square (RMS) delay spread is computed according to the following
formula:

2

72 72
TRvs = | D it sl =10 il -7 | (10.11)
A 2 |l

where h, and 7, are the estimated channel response and the delay of the r-th path,
respectively.

Hardware Implementation Techniques

Major hardware-saving and power-reduction techniques applied in the receiver range from
the algorithm level, the architecture level, to the circuit level. They include:

e quantized matched filter coefficients;

e no-look-up-table linear-approximated sin/cos functions;

e hardware-shared STBC/VBLAST detector;

e delay-buffer memory module sharing; and

e single-port SRAM for long delay buffers and register file for short delay buffers.

The above techniques not only make the receiver more compact and consume less power, but
also make it possible to operate the receiver IC at the nominal 160-MHz clock rate.

10.2.3 Experimental Results

In light of testability, power ring width and the number of power pads are properly decided
under power simulation results at the maximum clock frequency. Furthermore, scan chain
insertion and SRAM-BIST are included. The receiver IC is realized through the cell-based
approach using a commercial automatic place and route tool. Using 0.18-pwm single-poly
six-metal (1P6M) CMOS technology, the chip integrates 280K gates in die that measure
3.58 x 3.59mm? (2.69 x 2.69mm? core size). The microphotograph of the proposed
MIMO-OFDM-based CR receiver chip is illustrated in Figure 10.10. A summary of the
chip is given in Table 10.5.

Measured results indicate that the receiver chip can tolerate the SCO/CFO effects quite
well, with implementation loss of about 0.5-2 dB. The dynamic spectrum access capability
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Figure 10.10. Die photo of the proposed MIMO-OFDM CR baseband receiver IC

is demonstrated by comparing the BER of the chip’s performance when running under
different spectrum allocation patterns. The receiver IC can successfully support up to 1.404-
Gbps data transmission when occupying 160-MHz bandwidth using 64-QAM modulation.
Finally, the channel SNR and delay spread estimation performances are measured. The
channel delay spread estimations were tried 50 times and an estimation error of around 5%
was achieved as channel SNR increased. The best SNR estimation performance is achieved
naturally under the noise-only channel and a BPSK modulation, with an average error of
about 2 dB. In the other channel scenarios and modulation schemes, the estimator, although

Table 10.5. Summary of the MIMO-OFDM CR baseband receiver

chip

Clock frequency 20/40/80/160 MHz
Power supply 1.8V

Power dissipation 720 mW @ 160 MHz
Process technology 0.18-um 1P6M CMOS
Gate count 280 K

Die size 3.58 x 3.59 mm?
Package 144-pin CQFP

Maximum data rate 1.404 Gbps
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it exhibits a larger degree of deviation, still reports SNR estimates that scale rather linearly
with the actual SNR. As such, this estimator can assess relative channel SNR quite reliably.

In conclusion, the proposed MIMO—-OFDM-based CR system can support an overall of
270 configurations of spectrum allocation. With the integration of sensing, channel SNR
estimation and delay spread estimation functions, the baseband CR receiver can complete
basic CR operation requirements. The baseband receiver chip is fabricated in a 0.18-um
1P6M CMOS process, with an area of 12.8 mm?. The power consumption of the chip under a
160-MHz clock rate and a 1.8-V power supply is 720 mW, when achieving a maximum data
rate of 1.404 Gbps. Finally, not only does the proposed MIMO-OFDM-based system serve
as a promising candidate for the increasingly important CR communication, but also the CR
baseband receiver IC provides a useful design prototype for building OFDM-based CR
communication systems.
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