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ABSTRACT

The present work focusses on the design of high performance blocks for the fron-
tend of a hearing aid and a headphone driver. The frontend blocks for the hearing
aid are targeted for a low power consumption, a low input referred noise of 2 1V s,
and a high dynamic range of 108 dB. The headphone driver is targeted for a low
distortion of -90 dB, and a high output swing of 1.6 V peak while driving 16 €2 load.
The frontend blocks include, the programmable gain amplifier (PGA), decimation
filter, low dropout regulator (LDO), and ring oscillator.

The PGA is used to amplify the input signal to a sufficiently large output signal
recognized by the AY analog-to-digital converter (ADC). The gain range is from
-1dB to 40dB with a resolution of 0.5dB. Its input referred noise is 2 4V s with
a total harmonic distortion (THD) of -80dB in a bandwidth of 100 Hz - 10 kHz.
To achieve this low input noise at a low power consumption, a pMOS +nMOS
transistor differential input pair is used in the PGA.

The decimation filter removes the shaped quantization noise at the output of
the AY ADC. It reduces the sampling rate of the input signal from 2.56 MHz to
40kHz. To achieve low power, different techniques like multistage decimation,
pipelining and retiming of registers, canonical signed digits (CSD) encoding for
the filter coefficients, polyphase structure, and optimal register width are used in
the decimation filter.

An LDO provides a supply regulated low noise voltage for the ring oscillator and
the microphone. The LDO driving the ring oscillator is a complete on-chip LDO,
whereas the LDO driving the microphone is stabilized by an off-chip capacitor.
The ring oscillator provides the clock to the AY ADC, the decimation filter, and

the backend blocks. Since the AY ADC is a single bit with a feedback digital-to-



analog converter (DAC) pulse of non-return-to-zero (NRZ), it is very sensitive to
clock jitter. The oscillator’s period jitter is required to be 30 ps or less in a 391 ns
period.

Miscellaneous blocks for the hearing aid such as an automatic gain control (AGC)
and a power-on reset (POR) are also discussed. The frontend blocks consume
144 uW of power in the 130nm CMOS process.

The headphone driver utilizes a simple ac coupling to achieve class-AB operation
in the audio bandwidth of 20 Hz - 24 kHz. It is highly linear with a THD < -90dB
for a 1.6 V, output signal while driving a 16 €2 load. The driver is driven from a
dual supply of 1.8V and -1.8V to avoid a large dc blocking capacitor. Further-
more, the dual supply driver can support higher output voltage swing compared
to the single supply driver, thus delivering higher output power. The -1.8V is
derived from the 1.8V using a negative voltage converter. The negative voltage
converter operates at a clock frequency of 200 kHz resulting in a negative voltage
conversion efficiency of 96 %. The driver consumes a quiescent power of 1mW
from the 1.8V supply and delivers a maximum power of 80 mW to the load. The

headphone driver is designed in the 180 nm CMOS process.
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CHAPTER 1

Introduction

Hearing impairment in humans affects the ability to understand speech, and to
localize the surrounding sound sources. Hearing aids are used to improve a person’s
hearing ability. All the hearing aids, whether analog or digital, are designed to
increase the strength of the sound reaching the ear-drum so that the hearing

impaired person can understand speech better.

1.1 Analog hearing aids

Analog hearing aids have a microphone that picks up the sound and converts it
into an electrical signal. The signal is then amplified by the transistors and fed to
the ear phone speaker on the hearing aid which is next to the ear-drum so that
the listener can hear the sound. Most of the analog hearing aids compress the
sound using an AGC. This amplifies the low sounds until they are loud enough to
be heard, and gives less amplification to the loud sounds, thus protecting against
uncomfortably loud sounds. Analog hearing aids are cheaper than the digital ones.
However, one of the major drawback of the analog hearing aid is, it amplifies the
signal and the noise equally, without suppressing the noise. An analog hearing aid

block diagram is shown in Fig. 1.1.

Microphone Speaker
Acoustic Amplifier Acoustic
Input Output

Figure 1.1: Analog hearing aid block diagram.



1.2 Digital hearing aids

Digital hearing aids are similar to the analog hearing aids except that they con-
vert the amplified analog signal to digital, process it digitally, and convert the
digital signal back to analog. The digitized signal is processed by a digital signal

processor (DSP). Some of the important DSP functions are|[1]:

e Increasing or decreasing levels of sounds in different frequency ranges
e Reducing background noise by certain noise reduction algorithms
e Varying the gain of the programmable gain amplifier

e Providing directional sound focus

A digital hearing aid block diagram is shown in Fig. 1.2.

Microphone Speaker
/\/a[[)——{PGA ~( ADC || DSP | DAC>—>I>—>|:Q—>/—\/
A(I:ousttlc Acoustic

npu Output

Figure 1.2: Digital hearing aid block diagram.

The major power is consumed by the DSP[1]. For more advanced DSP require-
ments in the future, the DSP power levels can go further up. So, the power
consumed by other blocks has to be reduced. The frontend is composed of the
blocks coming before the DSP, and the backend is composed of the blocks following
the DSP. The backend can consume a significant amount of power. By adopting
a class-D driver stage, the backend power can be brought down to less than 10 %
of the total power|2]. The frontend consumes minimum amount of power in the
complete chain. The ADC is a AY modulator based ADC which enables low
power design. The PGA should provide variable gain at low power. The power
thus saved can be allocated to the DSP for its advanced functions. In this work,
the design of the frontend blocks for the digital hearing aid are discussed.

The frontend includes the PGA and the ADC. Since, the ADC used is a AY mod-

ulator based ADC, it is required to be followed by the decimation filter to remove

3



the shaped quantization noise. The clock for the ADC and the decimation filter
is provided by the ring oscillator. Since the ring oscillator frequency is dependent
on its supply voltage, the supply voltage should be very stable and having low
noise. This supply voltage is obtained from an LDO. One additional LDO is used
to provide the supply voltage for the microphone. The complete frontend chain is
shown in Fig. 1.3.

/\/ AY g Decimation
- ADC| 7| Filter .
Digital

Acoustic
Input 1 Output

LDO —= oscillator

Figure 1.3: Front end block diagram.

1.3 Headphone driver

Due to rapid growth in the manufacture of consumer electronic goods like cell
phones, the demand for high efficiency headphone drivers has also increased. Bat-
tery life is an important aspect of a portable audio device. This demands for max-
imum efficiency of the driver. The class-D amplifiers are more efficient than class-
AB amplifiers. But owing to electromagnetic interference (EMI) issues with the
class-D amplifier, class-AB amplifiers are preferred for headphone applications|3].
Headphone speakers have a typical resistance of 16 Q). If the dc bias at the output
of the driver is not removed, a large dc current flows through the headphones,
which wastes power, clips the output signal, and potentially damages the head-
phones. In order to remove this dc bias, a large capacitor (> 500 uF) is required.
Such a large capacitor consumes a large area, and thereby it is not suitable for
portable audio applications. During start-up or shutdown, this capacitor has to
be charged or discharged which causes an audible pop.

If the output bias is kept at 0V, the dc blocking capacitor is not required. This

4



eliminates the disadvantages associated with it. To achieve the 0V output bias,
the driver should be supplied from a dual supply of 1.8 V and -1.8 V. In addition,
the dual supply driver can support higher output voltage swing compared to the
single supply driver, thus delivering higher output power. The negative supply

voltage is generated using a charge pump based negative voltage converter.

1.4 Organization of the thesis

The first part of the thesis is about the design of the frontend blocks for the hear-
ing aid. The second part deals with the design of the 16 2 headphone driver. The
thesis is organized as follows:

Chapters 2-6 form the first part of the thesis which discuss the frontend blocks
for the hearing aid.

Chapter 2 discusses the design of the PGA.

Chapter 3 discusses the design of the decimation filter.

Chapter 4 discusses the design of the ring oscillator.

Chapter 5 discusses the design of the LDO for the ring oscillator and the micro-
phone.

Chapter 6 discusses the measured results from the hearing aid chip.

Chapters 7 & 8 form the second part of the thesis which discuss the headphone
driver.

Chapter 7 discusses the design of the headphone driver used to drive the 16 (2
load.

Chapter 8 discusses the design of the negative voltage converter for the head-

phone driver.



CHAPTER 2

Programmable Gain Amplifier

2.1 Introduction

The PGA is used to amplify the output of the microphone to a sufficiently large
value, avoiding overloading of the AY ADC. The PGA amplifies an input signal
in a particular range to an output signal of a fixed amplitude. This output signal
amplitude is the maximum stable amplitude (MSA) of the AX ADC. Thus for the
particular input signal range, the ADC operates at its peak SNR. This increases
the dynamic range of the frontend. In our case, the input signal range is from
4mV, to 450mVy, for which the PGA gain varies from 40dB to -1dB, giving a
constant output amplitude of 400mV,,. For an input amplitude less than 4mV,
and greater than 450 mV,,, the transfer characteristic is linear with a constant gain
of 40dB and -1dB, respectively. Fig.2.1 shows the transfer characteristics of the
PGA. Table.2.1 shows the design specifications of the PGA.

10° |

Output Amplitude (V p)

; R S S S A R | ; R S S R A R |
-3 2 -1

10, 0
Input Amplitude (V pJ)

10
10

10°

Figure 2.1: PGA transfer characteristics.



Table 2.1: Design specifications.

Input referred noise 2.4 1V s
Bandwidth 100Hz - 10kHz
THD -80dB
Gain range -1dB - 40dB
Gain step 0.5dB
Process 130nm CMOS

2.2 PGA design

The microphone output is single-ended, while the ADC input is differential. The
input impedance of the ADC is R;, = 120k{2. The PGA must convert the single-
ended input to a differential output. The differential feedback PGA architecture

is shown in Fig. 2.2. The PGA outputs are

R, R,
Vo 2R1V;’ Vom 2R1Vz (2.1)
Vo — Vi, Rs
A = _o "om = — 22
Vi R, (2:2)

The voltage at both the input terminals of the op-amp is equal due to negative

feedback, and is
Ry

V,=—""—"-V, 2.3
2(Ry + Ry) (2:3)

Thus from (2.3), there is a considerable fraction of the input signal appearing at
the input terminals of the op-amp, which can degrade the THD.

The single ended feedback PGA architecture for the same gain is shown in Fig.
2.3. We get the same output voltages as given by (2.1), (2.2). But there is
no signal component at both the input terminals of the op-amp due to negative
feedback. Thus, the single ended feedback PGA is more linear than the differential
feedback PGA. In addition, the number of resistors required in the single ended
feedback PGA are less. Thus, noise contribution from the resistors is avoided.
But noise contribution from the transistors in the output stage common mode

feedback (CMFB) circuit comes directly at the single ended feedback PGA outputs.



However, this noise is more than the reduced noise contribution from the resistors,
thereby increasing the total noise. In the case of differential feedback PGA, noise
from the output stage CMFB circuit will be cancelled by virtue of differential
feedback. Thus, the differential feedback PGA achieves a lower noise than the
single ended feedback PGA. The required THD of -80dB can be achieved in the
differential feedback PGA by a suitable op-amp architecture as explained below.

So, the differential feedback PGA architecture is used.

R,
VWW

Figure 2.2: Differential feedback PGA architecture.

=
N
N

Vom R Ven

M AW
Ven | +> Vo RU Ve

Figure 2.3: Single ended feedback PGA architecture.

2.2.1 Op-amp architecture

Distortion reduces with increasing the loop gain. For a PGA gain of 40 dB, the
loop gain around the op-amp becomes minimum, which increases the distortion.
So, a high dc gain of 100dB is obtained using a three stage op-amp. The input

referred voltage noise spectral density of the op-amp with the pMOS input pair



and an nMOS load is

16kT gmn) 1 < K, K, ¢* )
Sh = 1+ + + 2o 2.4
=5 ( gmp)  Conf \WpL, ~ WiL, g2, 24

where gy, gmn are the transconductances; W,, W,, are the widths; and L,, L,
are the lengths of the pMOS and the nMOS, respectively. The pMOS input pair
is contributing transconductance, while the nMOS load is contributing only noise.
To reduce the input referred noise, a large input transconductance is required. This
could be obtained by increasing the current through the input pMOS transistor.
But since the need is to design low power PGA, this option is ruled out. Instead, it
is decided to give input to both the pMOS and nMOS differential pair. The input
transconductance becomes gy, + gmn- The input referred voltage noise spectral

density of the op-amp with both the pMOS and nMOS input pair is

16kT 1 ( K, i K, G )
3(Gmp + Gmn)  Coxf \WpLy  (Gmp + 9mn)?>  WaLn  (Gmp + Gmn)?
(2.5)

SnQ(f) =

Comparing (2.4) and (2.5), results in S,1(f) > Sp2(f). Thus, a lower input re-
ferred noise can be achieved without increasing the power.

The minimum value of resistor R; is decided based on the loading of the micro-
phone. In our case, the minimum impedance the microphone can drive is 17 k(2.

The input impedance of the PGA is

_ 2Ry(Ri+ Ry)  2Ri(1+ A)

Zz'n
2R + Ry 2+ A

(2.6)

The minimum input impedance, Z;, min = 20k is used. So, for a gain of 40dB,
using (2.6) results in Ry = 10k, Ry = 1 MQ. The input referred integrated noise

voltage of the PGA is

2 Rl 2 Rl 2
Vn,in = 8kTR1 + 8kTR2 E + Sn,opa I+ — - BW (27)



For V,, in = 2 tVims we get Vi, ope = 1 1V ims.

Fig. 2.4 shows the circuit diagram of the op-amp while Fig.2.5 shows its CMFB

AVDD
T
M3a L 4=y Maal}—{b'as'o E]MGb | vemb2 HMlOb

Cm2 Cml

vopl vop2 vom2 voml
M4a EJM7b
First stage Second stage Third stage
Milab =100(1.5p/2p) M5a,b,c=8(0.25p/0.24) M9a,b =42(0.5W0.24h) Clab =206.84fF
M2a,b = 100(1.2 w/4p) M6a,b =8(0.2pu/0.12) M10a,b =84(0.21/0.481) C2a,b =53.42fF
M3a,b = 64(0.2W0.24p) M7ab =4(0.5u1p) Ra  =100kQ Cml =3pF
M4a,b = 64(0.5 /1 ) M8ab =2(05W0.24y) Rb  =4.76kQ Cm2 =913fF

Figure 2.4: Circuit diagram of the op-amp.

AVDD
=

MlzaE:I—{Ilvllzb

| vemfbl vop

vopl voml vi vim
e S s I
Mlla M1lb M1llc M11d

blasn

M13

CMFB1 CMFB2

Mllab,c,d=2(0.25W0.241)  Mldab=8(1p/0.48y)  Rcm=622kQ

M12a,b = 2(0.2w/0.24 ) M15a,b = 2(0.2 /0.48 )
M13 = 4(0.5 W1 p) M16 = 4(0.5 w/1 1)

Figure 2.5: CMFB circuit of the op-amp.

circuit diagram. The transistors M1a-M1b and M2a-M2b form the input pMOS
pair and the nMOS pair, respectively. Their widths and lengths are kept large to
reduce flicker noise. The bias voltages biasn and biasp are derived from a current

mirror based biasing circuit. The first stage CMFB circuit in Fig. 2.5 ensures that
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its output has the same common mode as the input. Miller capacitors Cla and
C1b are used to compensate this CMFB loop. The current in each of the input
pairs is 4 uA to get an input referred noise of 1 1V .

Transistors M5-M8 form the second stage. Transistors Mbb and M8a-M8b form
the CMFB circuit for this stage. If the common mode voltage at the nodes vop2
and vom2 decreases, it will decrease the current in M8a-M8b, and hence decreases
the current in Mbb. This increases the current through Mba-Mb5c as the total
current through M6a-M6b is constant, eventually increasing the common mode
voltage at the nodes vop2 and vom2. The drain voltage of M7 is decided by the
gate voltages of M8a,b. At ff MOS corner, where the threshold voltage (V) de-
creases, the Vg of M8a,b will reduce causing an increase in the g4, of M7a,b, thus
degrading the second stage gain. So, a resistance of 100k is kept in series with
the source of M8a,b. This resistance carries a voltage drop of 50mV to provide
sufficient Vpg for M7a.b.

Since the input and the output common mode voltages are same, the swing at
the op-amp output will be limited by the threshold voltage (V) of M9a,b. Apart
from providing gain, the second stage also shifts the common mode input of the
second stage to a value lower than the third stage output common mode. This is
to ensure a signal swing of 200mV,, peak over the common mode at the output
of the third stage keeping M9a, M9b always in the saturation region. Transis-
tors M14-M16, and the resistor Rem form the CMFB for the third stage. This
CMFB ensures that the output common mode voltage is at vem. Since it is a two
stage CMFB, it is compensated by adding Miller capacitors C2a and C2b. Nested
Miller compensation[4] employing capacitors Cm1l, Cm2 and a zero-cancelling re-
sistor Rm is used for stabilizing the op-amp. The current in the third stage is
fixed to 5.25 A to get a phase margin of 69° for a PGA gain of 0dB.

Table 2.2 shows the op-amp characteristics. Fig. 2.6, and Fig. 2.7 shows the mag-
nitude and the phase response of the loop gain for a PGA gain of 0 dB, respectively.

Fig. 2.8 and Fig. 2.9 shows the common mode feedback loop magnitude and phase

11



response, respectively. Fig. 2.10 shows the common mode step response of the

op-amp for a PGA gain of 40dB and a step of 1 mV,, at the PGA’s input node V;.

Table 2.2: Op-amp characteristics.

Input referred noise 1 1Vims
DC loop gain 96 dB
Unity loop gain frequency | 5.5 MHz
Phase margin 69°
Power consumption 25 uW
100
\\
& 50
g
g o
-50 2 4 6 8
10 10 10 10
Frequency (Hz)

Figure 2.6: Magnitude response of the loop gain.
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Figure 2.7: Phase response of the loop gain.
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Figure 2.8: Magnitude response of the CMFB loop gain.
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Figure 2.9: Phase response of the CMFB loop gain.
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Figure 2.10: Common mode step response of the op-amp.
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2.2.2 Programming linear-in-dB gain steps

The PGA gain varies from -1dB to 40dB in steps of 0.5 dB. For this linear-in-
dB gain step, changing the input or the feedback resistor exponentially results in
non-uniform resistor values. We want to obtain linear-in-dB gain steps with linear
changes in the resistor values. Consider a gain decrement of 0.5 dB from an initial
gain G to a gain G.

Rag Ry

-2 g=== 2.
“ R TR 2

—0.5 —In(10
G 1020 =e¢ ZE} )
Go

. ex/2 . 1+$/2
o e_x/2 o 1—.%/2

T

€

Using the above approximation for a small x, we get

In(10)
Rs _R20<1_ 30 )
Ri Ry, (1 i 1n(1o>>

80

(2.9)

The error in the gain step should be < 0.1dB. For this, a particular value of Ry
and Ry is used and the Ry, R, values are changed as given by (2.9) for 0.5dB
gain decrement. The Ry and Ry, values are shown in Table 2.3.
For the maximum gain of 40dB, Rig = 10k and Ryy = 1 MS2. Then after every
4 dB decrement in the gain, Ry is kept as 1 M(2 till a gain of 12.5 dB is reached and
Ry is increased to get the required gain. We have chosen to increase Rj, instead
of decreasing Roy to reduce power dissipation. After a further 4dB decrement
in the gain, Rig is kept as 158.5k(), while Ry is decreased to get the required
gain. This ensures that the input noise for the minimum gain does not degrade
the signal to noise ratio (SNR) of the frontend.

Fig. 2.11 shows the input resistor (R;) bank. Terminal T1 is connected to the
input source and T2 is connected to the input terminal of the op-amp. The re-
sistor bank is divided in seven branches. Each branch has eight resistors giving a
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Table 2.3: Ry, Ry for different gains.

Rio (kQ2) | Rao (k€2) | Gain interval (dB)
10 1000 40 - 36.5
15.85 1000 36 - 32.5
25.12 1000 32 -28.5
39.81 1000 28-245
63.1 1000 24 - 20.5
100 1000 20 - 16.5
158.5 1000 16 - 12.5
158.5 631 12 - 8.5
158.5 398 8-4.5
158.5 251.2 4-0.5
158.5 158.5 0--1

minimum gain step of 0.5dB. All switches are implemented using nMOS transis-
tors. The first resistor in each branch corresponds to Ry, followed by seven equal
resistors. The first branch is programmed for a gain range of 40dB to 36.5dB,
the second branch is programmed for a gain range of 36 dB to 32.5dB, the third
branch is programmed for a gain range of 32dB to 28.5dB, the fourth branch is
programmed for a gain range of 28 dB to 24.5dB, the fifth branch is programmed
for a gain range of 24 dB to 20.5dB, the sixth branch is programmed for a gain
range of 20dB to 16.5dB, and the seventh branch is programmed for a gain range
of 16 dB to 12.5dB. For further lower gains, the input resistor is set to one of the
resistors in the seventh branch.

A similar resistor bank, as shown in Fig. 2.12, which has five branches, is used for
the feedback resistor. Terminal T1 is connected to the op-amp output and T2 is
connected to the input terminal of the op-amp. The fifth branch is programmed
for a gain range of 40dB to 36.5dB. This branch is repeatedly used for lower 4 dB
gain intervals till a gain of 12.5dB is reached. The fourth branch is programmed
for a gain range of 12dB to 8.5dB, the third branch is programmed for a gain
range of 8 dB to 4.5dB, the second branch is programmed for a gain range of 4dB

to 0.5dB, and the first branch is programmed for a gain range of 0dB to -1dB.
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T1 RlOa R10b R10(: RlOd RlOe RlOf R10g
a[7] 1 1 1 1 1 1 g B
s, S S s S s S;
%ARla %ARH, %ARR %ARM %ARR ARy AR,
af6] 1 1 1 1 1 1 g B
S, S, S, S, Sy Sg S,
AR, ARy, AR, ARy, AR, ARy AR,
a[s] 1 T T T T 1 g B
S, S, S, S, Sy Sg S,
AR, ARy, AR, ARy, AR, ARy AR,
af4] 1 1 1 1 1 1 g B
s, S, S, S, Ss Se s,
AR, ARy, AR, ARy, AR, ARy AR,
a[3] 1 1 1 1 1 1 g B
S, S, S, S, Sy Sg S,
AR, ARy, AR, ARy, AR, ARy AR,
af2] 1 1 1 1 1 1 g B
S, S, S, S, Sy Sg S,
AR, ARy, AR, ARy, AR, ARy AR,
a[1] 1 1 1 1 1 1 g B
S, S, S, S, Sy Sg S,
AR, ARy, AR, ARy, AR, ARy AR,
a[o] 1 T 1 1 1 1 g B
D i P S P
First branch Seventh branch T2
Rioa = 10kQ Ry =233kQ AR, =456Q AR;;=2.88kQ  S;=20(1W0.18y) S, =4(1W0.18p)
Rip =5.85kQ Ry=37kQ AR, =724Q ARy, =4.56kQ S, =10(1w0.18y) S =60(1p/0.48 1)
Rioe = 9.3KQ  Ryog =58.5kQ ARyoq = 1.14kQ S; = 20(1W/0.181) Ss = 6(1/0.18 )
Rioq = 145kQ AR,;;=288Q AR, =1.82kQ S,=20(1W/0.18) Sg=6(11/0.18 )

Figure 2.11: Input resistor bank in the PGA.

2.2.3 Switches in the resistor banks

For any gain setting, one of the branches is selected using the switch connected at

that branch end, and then using another switch in that branch, the required resis-

tor is selected. The control signals a[14:8] are used to select a particular branch in

the input resistor bank, while the control signals a[12:8] are used to select a par-

ticular branch in the feedback resistor bank. The control signals a[7:0] are used to

select a particular input and feedback resistor among each of the selected branches.

This kind of switching considerably reduces the number of control signals required.

The control signals a[19:0] are generated either by an internal AGC loop or by an

external DSP. The switches in each branch are implemented using low Vy nMOS

transistors to get a very small ON resistance compared to the smallest resistor in

that branch. But this reduces the OFF resistance of the switches.
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Figure 2.12: Feedback resistor bank in the PGA.

One regular nMOS transistor switch S is connected at the end of each branch in
both the resistor banks. It is sized to have very high OFF resistance. The ON
resistance of this switch is smaller than the smallest resistor in the branch. The
reason for using two switches in series with the resistor is to reduce the effect of
non-linearity introduced by the OFF switches. As the input signal is single-ended,
the input terminal of the op-amp sees a voltage swing of V, given by (2.3). So if

we use only one switch in series with the resistor, drain to source voltage of all the

OFF switches will be
2R + Ry

Vpg = VL 72
bs 2(R; + R»)

(2.10)
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Due to this large Vpg, considerable non-linear transient current is injected at the
input terminal of the op-amp which degrades the distortion performance of the
PGA. To reduce this distortion, the Vpg of all the OFF switches should be reduced
by isolating their source terminals from the input terminal of the op-amp. Using
one extra switch for each branch, the Vpg of all the other branch switches is
reduced to 0 V. Thus the effect of the non-linear current due to the OFF switches

is reduced, and the distortion is minimized.

2.3 Monotonicity in the PGA gain

Monotonicity in the PGA gain needs to be ensured. At every 4 dB gain interval
starting from 0dB, for a 0.5dB gain increment, both Ry, R, are increased till a
16 dB gain is reached. And at every 4 dB gain interval starting from 16 dB, for a
0.5 dB gain increment, both R;, Ry are decreased till a 40 dB gain is reached. The
detailed resistor values are tabulated in the appendix A. In the above cases, the
gain should increase and not decrease due to random mismatch in the resistors.
We calculate the standard deviation of the ratio of the two gains G; and G5 where,
Gy = G1+ 0.5dB, at every 4dB gain interval. The nominal values of G; and G,
are related as Gyg = G1p+ 0.45dB. The minimum value of (G2/G1) is

(&), (@) w

To ensure monotonicity in the gain, (Go/G1)min > 0dB.

Consider the gain increment from 36dB to 36.5dB, for which both Ry, Ry are
decreased. Fig. 2.13 shows the single ended circuit giving the details of the
switching for this gain increment. We have denoted the resistors with reference to

Fig. 2.11 and Fig. 2.12 as: Rgb == RQOa -+ RQOb + RQOC + RQOd -+ RQOe, Rla = Rl()a,
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a[i| a[l|
a[ﬂ| a[ﬂ|

Figure 2.13: PGA gain switching from 36 dB-36.5dB.

Rllb - 7AR1aa R2a - 7AR267 Rllc - RlOb

Rgb R2a + R2b
Gop = —20 g = 2o " 7120 2.12
%0 Riq + Ry 10 Riq + Ric ( )
Considering resistor variations due to random mismatch, G5 and G, are
- Roy + 6 Ry B Roy + Rop + 0 Roy + 0 Ry (2.13)
® " Rig+ R+ 0Ria+0Ry " Rig+ Ric+ 0Riq + 0Ryc ‘

where Rs,, Roy, Ri4, Ri1p, and R, are the nominal values and 0 Ry, 0 Roy, 0 Riq,
0R1p, 0 Ry are the respective resistor variations due to random mismatch. Substi-

tuting G; and G5 in (G3/G4) and simplifying we get

Go
— =AA 2.14
o= A, (2.14)
R2b ( R2a (6R2b 5R2a ))
Al =——— 1+ — 2.15
! Ry + Ry Ry + Rop \ Rap Ry, ( )

Ra RC R(J,R _RC 5Ra
Ay — 1+1(1+( 1a(R1p 1c) < 1))

Ry, + Ry Riy+ Rip)(Ria + Ric) \ Rig
Ry, <5Rlc) Ryp(R1o + Ryc) <5Rlb)
+ _ 2.16
Ry, + Ry \ Rice (Rio + Ri1p)? Ry ( )
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2 2 2 2b 2 2a 2 la 2 lc
2(2) = 4o +o + Bo? [ =22 4 0o? [ =K
(Gl) ( (‘R%) (122(1)) (lzla) (‘RIC)

+Do? (5}%") (2.17)
A R%aR%b(Rla + R10)2
(Roq + Rop) (Ryq + Rup)?
B - R}, (R — Ri)*R3,
(Riq + Rip)*(Roq + Rop)?
. )
(Riq + Rip)*(Roq + Rop)?
D — R, Ry (Ria + Ric)?
(Riq + Rip)*(Roq + Rop)?
(2.18)

Substituting the resistors and their variance values, (G/G1)min = 0.21dB. Sim-
ilarly, for 0.5dB increment in the gain at every 4dB gain interval we ensure,
(G2/G1)min > 0dB. Within a 4dB gain interval, Ry is decreased and R; is in-
creased as given by (2.9) for 0.5dB gain decrement. This will definitely decrease

the gain and hence maintain monotonicity within the 4 dB gain interval.

2.4 Complete PGA architecture

The hearing aid requirement is to accept two different inputs, one from the mi-
crophone, and other from the telecoil. One way is to put a multiplexer before the
PGA to select one of the two inputs. Since an analog multiplexer is implemented
using switches, the Vg of the switches will be equal to the input signal swing.
This modulates the ON resistance of the switch increasing the distortion. In order
to avoid this, the switches are inserted near the input terminal of the op-amp as
shown in Fig. 2.14. Since the input terminal of the op-amp sees a voltage swing
given by 2.3, the Vg of the switches will be reduced decreasing the distortion.

An additional input resistor bank (R;) is used. Using the switches S; and S, at
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the vip input terminal of the op-amp, the user can switch between the two inputs.
At a time, only one of the inputs will be amplified by the PGA. To maintain the
differential nature of the circuit, switches S3, Sy and S;7 are used at the vim input
terminal of the op-amp. The complementary control signals a, a for the switches
can be generated by the DSP. Additional switches S5, S¢ are used to reduce the
Vps of the switches S, Ss, respectively when they are OFF. This is to avoid de-
grading the distortion performance of the PGA when both the microphone and

telecoil inputs are active.

AV R,
W ) R,
*—lss, Ta %
cml  _
V Rla S Vi v, Ri v
tele_ AAA l Igzl p 4> om_AAA cm
Vem JR\}\f IEI vim| 4 > Voo J\R;\Lf Vem
s Ta
Vemi @

S,,S,,55,S, =40(1/0.481)  Si,Se S, = 4(1/0.48 1)

Figure 2.14: Complete PGA architecture.

2.5 Simulation results

The PGA is simulated for measuring its distortion and noise performance in the
10 kHz bandwidth for various gain settings. The input is given to the V,,;. node,
while the V.. node is at V,,,. Table 2.4 shows the simulated results. Fig. 2.15
shows the power spectral density (PSD) of the PGA output for the gain of -1dB

for an input amplitude of 450 mV,, and a frequency of 1.25kHz.
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Table 2.4: THD and input noise in 10 kHz bandwidth.

Input Gain (dB) | THD (dB) | Input referred
amplitude (mV,) noise (4Vyms)
4 40 -82.3 2.1
7.11 35 -82 2.56
12.65 30 -82.2 3.24
22.5 25 -81 4.2
40 20 -83.1 6.1
71.1 15 -83.8 8.13
126.5 10 -78.2 8.8
225 3 -79.5 10
450 -1 -84 11

Magnitude (dB)

-120

19 2.5 5 7.5 10
Frequency (kHz)

Figure 2.15: PSD of the PGA output for 450mV,, input.

2.6 Automatic Gain Control

An AGC loop is used to provide coarse gain control in the PGA. The AGC is used
to prevent a steady state input up to the defined PGA limit from being clipped]5].
If the input level is higher than the defined PGA upper limit of 450 mV,,, the AGC
will set the PGA gain to -1dB. If the input level is smaller than the defined PGA
lower limit of 4mV,,, the AGC will set the PGA gain to 40dB. For input levels
between the lower and the upper PGA limit, the AGC will set the PGA gain to
give an output voltage between 283 mV, 4 and 400mV, 4.

The AGC comprises of a peak detector which senses the peak output voltage of

the PGA. This peak voltage is then compared with the two references, 800 mV

22



and 741 mV, using an op-amp based comparator. The output of the comparators
control a seven bit up-down counter, which counts up if the input level is higher
than 800mV, and counts down if the input level is lower than 741 mV. The
counter is disabled when the input is between 800 mV and 741 mV. Initially the
AGC is reset and the gain is set to 0dB. As the counter counts up, the PGA
gain decreases by 0.5dB on every count, and as the counter counts down, the
PGA gain increases by 0.5dB on every count. This continues till the PGA output
settles between 283 mV,, 4 and 400mV, 4. Fig. 2.16 shows the block diagram of
the AGC loop. The counter operates at a clock frequency of 160 kHz.

The peak detector circuit is shown in Fig. 2.17. The diode will pass only the

Comparator
800mV >
Input Output Peak +
Detector =
a[19:0] 741mv__1 4
Up/Down
Up/Down | Enable @
Counter | clock

Reset

Figure 2.16: AGC block diagram.

positive input cycle to the output and the capacitor will get charged to the peak
input voltage. The transistor MO acts as a switch controlled by the clock. The
clock frequency is 78 Hz, so that the circuit can detect the lowest frequency signal
of 100 Hz. When the switch is OFF, the input peak is detected and the AGC loop
changes the PGA gain accordingly. When the switch is ON, the capacitor voltage
is held at V,,,, and the counter retains its previous count. The schematic of the

comparator is shown in Fig. 2.18.
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ch pp—

IMO =4(2.5/024y) D=20ux06u C=1pF

Figure 2.17: Peak detector circuit diagram.

AVDD

|

(1) 250nA |

vip
1 vout ____ i ; t
vim > pr— V&' M1 M2 llm 4 vou
| 1 | |
’]I IL‘ MO I[‘ M6
R
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M

Figure 2.18: Comparator schematic.
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Three different input amplitudes of 1 mV,, 100 mV,, and 500 mV,, and a frequency
of 1 kHz are given as inputs to the PGA and the gain set by the AGC is calculated.
The single ended PGA output voltages are shown in Fig. 2.19. The output settles
to the expected final value after initial transients. Table 2.5 shows the calculated

gain.

12 T T
—500mV input
1+ —100mV input i
S —1mV input
0.8
8
IS
2 0.6
]
o
5
©0.4r
<
O]
a
0.2-
% 25 3 35 4.5 55 6

4
Time (ms)

Figure 2.19: Single ended PGA outputs using AGC.

Table 2.5: Simulation results using AGC.

Input amplitude (mV,) | Output amplitude (mV, 4) | Gain (dB)
1 98 39.8
100 334 10.5
500 448 -0.95
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CHAPTER 3

Decimation Filter

3.1 Introduction

The PGA output is converted into digital data by the A¥ ADC. The AYX ADC pro-
vides a high dynamic range which is an essential requirement of an audio system.
The output of the A ADC is input plus shaped quantization noise. Decimation
filter removes the shaped quantization noise to get a high dynamic range. Before
decimation, the signal is digitally lowpass filtered to prevent aliasing of the quan-
tization noise. The block diagram of a decimator for the A¥X ADC is shown in

Fig. 3.1. Table 3.1 shows the design specifications of the decimation filter.

Input |4 ¢ Output
—— M —F—
f . Y,
wM

Digital Lowpass filter Downsampler

Figure 3.1: Decimation filter block diagram.

Table 3.1: Design specifications.

Sampling Rate 2.56 MHz
Input bits 1
Downsampling factor 64
Output rate 40 kHz
Output bits 16
Process/Supply voltage | 130nm CMOS/1.2V




3.2 Multistage decimation

The digital lowpass filter required for decimation should have a narrow transition
band. If this filter is realized in a single stage, followed by downsampling, the
order of the filter required will be very high (>1000)[6]. A high order filter op-
erating at a high sampling rate consumes a very high power. When a signal of
bandwidth f, is downsampled from a sampling rate of fs to fs/M, the aliasing
region is from kf,/M — f, to kfs/M + f,, where k is an integer. Downsampling
in multiple stages, with appropriate decimation factor at each stage ensuring that
aliasing noise in that particular stage is negligible, provides efficient decimation.
This is called multistage decimation|6]. Fig. 3.2 shows the architecture of the
decimation filter.

The overall downsampling factor of sixty-four is realized in two stages as thirty-
two, and two. The first stage filter is a cascade of four SINC filters before down-
sampling by thirty-two. It operates at fs. A SINC filter can be implemented using
only adders (without multipliers) and helps in reducing the power. The remaining
downsampling by two is done after lowpass filtering by a halfband filter. The
FIR lowpass filter is used to remove the noise in the frequency band of 10 kHz to
20kHz. The IIR highpass filter is used to remove the dc offset. The scaling block
restores the signal to the full scale of the AYX ADC. Each block implementation is
described in the following sections of this chapter.

MSB

~mH1@) | 321 H2(2) Y 2 HH3(@) H~HA@) - HE ] &

1 21 24 24 24 24 16
K
H1(z) - SINCA filter H2(z) - Halfband filter H5 - Scaling Block

H3(z) - FIR lowpass filter H4(z) - IIR highpass filter

Figure 3.2: Decimation filter architecture.
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3.3 Decimation filter architecture

3.3.1 SINC4 filter

These filters do lowpass filtering by taking average of N samples. The transfer
function of the SINC4 filter is

1 — —3274
Hl(z) = [1+z‘1+z_2+z_3+...+z_31]4: {1_72_1] (3.1)

SINC filters have zeros at kfs/N where k = 1,2,...N-1, and N is the number of
samples taken for averaging. The noise in the bands which alias when downsam-
pled by N are heavily attenuated because of these zeros. Here N=32. The signal
is downsampled from 2.56 MHz to 80kHz. A third order AYX ADC shapes the
quantization noise at its output as f2. In order to provide sufficient attenuation
of the shaped quantization noise, we use a cascade of 4 SINC filters, which has a
1/ f* roll-off[7].
The denominator of H1(z) in (3.1) is implemented as cascade of accumulators. The
numerator is implemented as cascade of differentiators with the downsampling and
the delay element exchanged. This structure is called the Hogenauer structure or
Cascaded Integrator Comb (CIC) structure|8]. Fig. 3.3 shows this structure. The
accumulators are retimed by shifting the delay element from the feedback path to
the forward path[9]. Hence the glitches in combinational adders in one accumu-
lator are prevented from propagating to the next accumulator, thereby reducing
unwanted switching power[10]. The pipelining register at the output of the fourth
accumulator prevents the data at f, propagating through the differentiators. This
structure helps in reducing the power because the differentiators operate at a rela-
tively lower frequency of 80 kHz than the accumulators (2.56 MHz). Fig. 3.4 shows
the implementation of the SINC4 filter.

The accumulator adds the previous state value with its current input and can

result in an overflow.The width of all the registers in the SINC4 filter is chosen
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Figure 3.3: Hogenauer structure.

accumulators
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differentiators

Figure 3.4: SINC4 filter implementation.

according to|8] as By, + klogy N = 21, where, B;,, = input data bit width = 1, k
= No. of SINC filters in cascade = 4, N = No. of averaging samples = 32.

The AY ADC output swings on either side of its dc value, i.e., 1 and -1. But its
output is coded in one bit binary as 0 and 1. Thus there is a dc offset of 0.5. The
value to be subtracted from the output of the SINC filter = 0.5 * dc gain of SINC4
=0.5 * 32%. This subtraction is done within the SINC4 filter itself. Thus after
the subtraction, the output of the SINC4 filter should be interpreted with two’s
complement arithmetic. The magnitude response of the SINCA4 filter is shown in

Fig. 3.5.

3.3.2 Halfband filter

Halfband filters are a class of equiripple FIR filters with order N=4P+2, where
P=1,2,3..[10]. Alternate coefficients are zero except the middle one. This reduces
the number of multiplications required. The middle coefficient is 0.5. Halfband

filters have their -6dB frequency at fs/4 where f is the sampling rate of the
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Figure 3.5: SINC4 filter magnitude response.

filter. Hence the maximum downsampling factor that is allowed after filtering is
two[10]. The input of the halfband filter comes from the SINC4 filter at 80 kHz.
The output of the halfband filter is at 40 kHz. The noise that aliases to the in-
band when downsampled by a factor of two lies in the band 30kHz to 40 kHz. The
passband edge is kept at 20 kHz.

The coefficients should be encoded in a particular format to minimize the power
dissipation. Encoding a binary number in signed digit representation such that
it contains the least number of non-zero bits is called canonic signed digit (CSD)
[11]. CSD implementation minimizes the number of multiplications and hence the
power dissipation. For example 7 = 23 - 20 instead of 22 + 2! +2° Fig. 3.6
shows the magnitude response of the filter. A tenth order filter is chosen so that
it sufficiently attenuates the aliasing noise. The stopband attenuation is around
60 dB.

Halfband filter is implemented as a polyphase structure. The data stream is split
into two phases. The filter transfer function is also split into two parts and each
transfer function operates on each phase of the signal. Outputs from these phases
are added to get the filtered and downsampled signal. Each phase operates at a
reduced rate thus reducing the effective sampling rate of the filter. This reduces

the power consumption. H2(z) is the filter transfer function and the downsampling
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Figure 3.6: Halfband filter magnitude response.

factor is two. H2(z) is represented as

10
H2(z) = Z a;z”" (3.2)
=0
This transfer function is split into two phases as given by

H2(2) = ap+asz 2 +agz* +agz % +agz™® +apz "+
2 Hay +asz? +aszt +arz0 Fagz™®)

= H.(2)+ 2z "H,(2)

The original transfer function H2(z) is split into even H.(z) phase and odd phase
H,(z). The polyphase structure used in the halfband filter is shown in Fig. 3.7.
The downsampling and filtering are interchanged. So the transfer function H,(z)

becomes H,(z'/?) and H,(z) becomes H,(z'/?).

He(z1/2) = ag+asz t Fagz? Fagr® Fagzt +apz?
= ap(1+2 ) +az ' (1+27%) +az (1 +271)

Hy(2'?) = (a1 4asz + a5z 2 + a2 + agz™) = a5z ™2
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Figure 3.7: Polyphase structure in the halfband filter.

where, ag = aig, a0 = ag, a4 = ag, a1 = a3 = a; = ag = 0, and a5 = 0.5. Imple-
mentation of the filter and its internal state representation is shown in Fig. 3.8

and Fig. 3.9 respectively.

Input

21

1] [ oq]Psums Q)28

Lz 12 "

— Pad 3 zeros to LSB

Figure 3.8: Polyphase implementation of the halfband filter.

The P3 block pads three least significant bit (LSB) zeros to the data to increase
the dynamic range to 24 bits. The output of the filter is a weighted addition of
the internal states psum0, psum2, psum4, and psumb. The tap weights are less
than unity, and are expanded in the powers of 27! in the CSD format. A 27™
in the tap weight corresponds to right shifting the signal by dropping its m LSB.
Hence a tap weight multiplication is obtained by adding and subtracting the right

shifted signals. This multiplication is further nested based on Horner’s rule[12].
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psumO psum2 psum4 psum5

Output[23:0]

Figure 3.9: Internal state representation of the haltband filter.

This reduces the effective right shift operation and hence the effect of truncation
noise[10]. For e.g. 272 — 274+ 276 =272[1 — 272(1 — 272)]].

The digital signal should have adequate dynamic range to suppress the quanti-
zation noise[10]. The dynamic range of the filtered signal is proportional to the
number of bits used in filtering. Every bit gives 6 dB more dynamic range. It is
found that a 48 dB attenuation of aliasing noise (with respect to the in-band noise
floor) is sufficient to preserve the in-band SNR[10]. So, the internal states of the
filter are represented with eight extra bits than the signal in-band resolution of 16

bits. The number of bits used for the register width are 24.

3.3.3 FIR lowpass filter

Lowpass filtering is done with 10kHz bandwidth. But since the output rate is
40 kHz, downsampling is not done to the Nyquist rate of 20 kHz. To get a 60 dB
stopband attenuation, a thirty-sixth order FIR filter with the passband edge at
11.4kHz is used. These specifications are chosen for the droop of the overall filter
at 10kHz to be 1.2dB, and noise in 10 kHz to 20 kHz is sufficiently low to preserve
the in-band SNR. The coefficients are encoded in the CSD format as done for
the halfband filter coefficients. The coefficients are symmetric about the middle
coefficient. Fig. 3.10 shows the Direct-Form-I implementation of the FIR filter.

Fig. 3.11 shows the magnitude response of the FIR filter.
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Figure 3.11: FIR filter magnitude response.

3.3.4 1IR highpass filter

In order to remove the dc offset introduced by the frontend, a first order Butter-
worth highpass filter is used. It has programmable cut-off frequencies of 50 Hz and
100 Hz. There is also a mode in which the highpass filter is disabled. The default
mode is 50 Hz cut-off frequency. The cut-off frequency is decided by the two bits
of a digital input signal ctrl[1:0] (generated by DSP) as shown in the Table 3.2.

The transfer function of the first order Butterworth IIR highpass filter with 50 Hz

Table 3.2: Programming cut-off frequencies of IIR filter.

ctrl[1] | ctrl[0] | Cut-off frequency
0 0 50 Hz
0 1 bypass mode
1 0 100 Hz
1 1 50 Hz

34



cut-off frequency is
0.9961(1 — z1)
A=) = 5 902021

(3.3)

Fig. 3.12 and Fig. 3.13 shows the Direct-Form-I implementation and the magni-

tude respose of the IIR filter with 50 Hz cut-off frequency, respectively.

Input + Output
> z? b K >
24"+ =+ 24
a;

bl :-]_, a1:—0.9922,
k=0.9961

Figure 3.12: IIR filter block diagram.
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Figure 3.13: IIR filter magnitude response with 50 Hz cut-off.

The transfer function of the first order Butterworth IIR highpass filter with the

cut-off frequency of 100 Hz is

0.9922(1 — 1)
HA(z) =
(2) = Ty osia

(3.4)

It is implemented in a similar way as shown in Fig. 3.12. Fig. 3.14 shows how

the different modes are implemented in the highpass filter. Two control signals
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ctrl[1:0] select one of the three inputs of the multiplexer (MUX) to be its output,

thus giving different highpass cut-off frequencies.

HPF1 M
Input D Q | Output
HPF2 U
X | clk/e4
—PD RST

ctrl[1] ctrl[O]

HPF'1 - Highpass filter with 50 Hz cut-off frequency
HPF2 - Highpass filter with 100 Hz cut-off frequency

Figure 3.14: Implementation of the modes in the highpass filter.

3.3.5 Scaling block

The input signal to the A¥ ADC is not at full-scale of the quantizer because of the
maximum stable amplitude (MSA). For the AY ADC used, the MSA is 70 %. The
signal should be restored to its full swing after filtering the high frequency noise to
get the peak SNR at the decimator output. Ideally, the required scaling number
here is 1/0.35. But some margin should be kept to avoid overflow. The margin is
determined by trial and error by giving a tone at various frequencies and ensuring
that there is no overflow in the complete filter structure. When the swings are

maximized, the round-off noise decreases. The scaling number is chosen to be

O.—EG =3+ 27 {-1+27°1+ 27 {1+ 27°(1 - 27%)}]} (3.5)

3.3.6 Truncation block

The required signal resolution is 16 bits. Hence there is a need to truncate the
24 bit scaled output signal to 16 bits. Conventional truncation of the binary sig-
nals involves discarding some of its LSB. This, when applied to two’s complement

numbers, produces an asymmetry between the positive and the negative truncated
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numbers|13]. Truncation of the positive two’s complement numbers produces num-
bers which tend towards zero whereas truncation of the negative two’s complement
numbers produces numbers which tend towards more negative numbers. This in-
troduces an undesirable dc component in the truncated signal.

The truncation block adds the 24 bit two’s complement signal, its MSB and an
integer K, where K = 2¥~1—1 N = Number of LSB to be dropped|13]. The sum
is truncated by dropping 8 LSB to produce a symmetrically rounded 16 bit output
signal. For example, we want to truncate two numbers M and —M, represented
by P bits in two’s complement, to () bits by dropping its P — ) LSB. This will
produce L?DL_QJ = A and b;—]_WQJ:—A — 1, respectively. Instead, if we add the
individual numbers, with their respective MSB and an integer K =27"9=1—1_ we

get L%J —A and L—Mﬂ;sz’l—ljz — A, respectively.

3.4 Simulation results

The combined frequency response of the decimation filter is shown in Fig. 3.15.

The spectrum at the output of the filter for a tone at 4.6875kHz is shown in Fig.
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°
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&
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Figure 3.15: Complete Decimation filter magnitude response.

3.16. Tones at various frequencies are given as input to the filter and the output

SNR and the swings are tabulated in Table 3.3. The power consumed by the
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decimation filter is 6 uW.

Magnitude (dB)
%
=
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Figure 3.16: Decimation filter output spectrum.

Table 3.3: Simulation results of the decimation filter.

Input tone (kHz) | Output SNR (dB) | Output Swing (V,,)
0.234 94.1 0.9961
0.703 94.45 0.9906
1.172 94.32 0.9961
1.641 94.5 0.9945
3.203 95.2 0.9957
4.6875 96 0.9957
6.172 95.5 0.9967
7.578 95 0.9965
8.828 94.66 0.9956

3.5 Design flow

The complete decimation filter design is done using automated CAD tools. The
hardware circuit implementation of the filter is done in 130 nm CMOS technology
with low-leakage (LL) Faraday-Library cells. Table 3.4 shows the various tools
used in designing the decimator. Using MATLAB, the filter order and coefficients
are modelled. The decimation filter function is coded in verilog with the required
bit precision as mentioned in the earlier part. The verilog code is converted to
All the

gate-level netlist using Design Compiler. This is known as synthesis.
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Table 3.4: CAD tools for the decimator design.

Tools Purpose
MATLAB Filter design
Modelsim Simulation

Design Compiler Synthesis
SoC Encounter | Place and Route

design constraints such as the load capacitance, area, frequency of operation and

delay are given during this synthesis. After this, place and route is done for[10]

e Placing the standard cells according to the floor plan
e Clock Tree Synthesis (CTS)

e Routing the design to meet the timing requirements

It is ensured that there are no timing violations after place and route. With the

annotation of interconnect delays, simulation is done to verify SNR, performance.
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CHAPTER 4

Ring Oscillator

4.1 Introduction

The minimum number of inverters required in a ring oscillator is three. A three
stage ring oscillator is shown in Fig. 4.1. The waveform at the output of each
inverter is also shown in the same figure. It is assumed that all the inverters
have equal rise and fall times = ¢;. The time period of oscillation is 6t,;, and

the frequency is 1/(6t4). This ring oscillator’s frequency varies significantly with

A0 i
V, ot
+ B!
—)t%
A B L1 C f
1 C i
i — t:dP

Figure 4.1: Three stage ring oscillator.

process, voltage and temperature variations. So, a current-starved inverter based
ring oscillator is utilized, in which the frequency of oscillation can be controlled by
the current I,. The architecture is shown in Fig. 4.2. It utilizes current sources
at the top and the bottom to improve PSRR. The time period of the first-half
cycle is 2ty +t,, while that of the second-half cycle is 2¢, 4 ¢, where ¢,,t; are the
inverter’s rise and fall time, respectively. Thus, the total time period is 3(¢, + t)

giving an oscillation frequency of

1

30 1 1) (4.1)

f=



Figure 4.2: Ring oscillator architecture.

The inverter’s rise and fall times are decided by the charging and discharging time

of the capacitor C, at each of the nodes A, B, and C. Consider the first rising

edge at node A and the corresponding falling edge at node B. In this phase, C'y, is

getting discharged from the voltage V5 to the trip voltage V,,, through a constant

current source I, in time ¢y. The current through Cp, is

v AV V-V,

=Gy =Oar =9,
b — CL(%_Vm)

During the charging phase of the capacitor Cp, the current through Cp is

VoAV V-V
I, = CL% = CLE =Cp I
r = Io

(4.4)

(4.5)

Substituting the rise and fall time delays from (4.3) and (4.5) in (4.1), we get

I,

1= 56— W)
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4.2 Current-starved ring oscillator

A three stage ring oscillator based on a current-starved inverter topology is de-
signed to provide an internal clock for the ADC and the DAC. It is shown in Fig.

4.3. The voltage V, is obtained from the LDO which will be described in the next

E M9 ||: M11

M14 | ”<' M7
:I |-

N

M16 ] — [ mo

g - I - N
M15< e m12 "~ e s - m10

MO,M2,M4,M16 = 10(0.6 /3 ) M7,M9,M11,M14 = 2(11 w/20 p)
M1,M3,M5,M13 = 10(1.6 W3 ) M17 = 0.16 p/0.12
M6,M8,M10,M12,M15 = 2(5 w20 )

Figure 4.3: Current-starved ring oscillator schematic.

chapter. Transistors M0-M1, M2-M3, M4-M5 form the three inverters. These in-
verters are biased by the current sources M6-M11. Transistors M12-M16 form the
biasing circuitry to provide the current [, for each inverter stage. The inverters
are sized so that the device parasitic capacitor itself acts as the load capacitor Cp,.
To reduce thermal and flicker noise of the current sources, their lengths are kept
very large (20 pm). M17 is used to provide start-up for the oscillator. The reset is
obtained from a power-on reset (POR) block as explained in the next section. The
frequency of oscillation is set to 20.48 MHz. The frequency varies from -16 % to
16 % with process and temperature variation (0°C — 70°C). In order to keep the
frequency constant, the current I, needs to be tuned. This is done by varying the
resistor R. From simulations across process and temperature, it is found that seven
different values of R are required to reduce the frequency variation from —6 % to
6 %. The resistor values for different process corners are shown in Table 4.1. A
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3-to-7 decoder is used to select one of the seven resistors. The resistor bank is

shown in Fig. 4.4. A pMOS transistor M acting as a switch is kept in series with

Table 4.1: Resistor tuning in the ring oscillator.

Transistor corner | Resistor corner | R (k2) | Frequency (MHz)
TT Rtyp 61.74 20.5
FF Rtyp 64.3 20.54
TT Rmin 76.3 20.47
FF Rmin 78 20.5
TT Rmax 51.3 20.56
FF Rmax 54.8 20.52
SS Rmax, Rmin, Rtyp 0.3 20
|do)
VDD iif M|J—_|
T | di2]
— d[o] ?jv M
S decoder [ 481 T T2 T 71 WV d4] | T2
s[2] — — d[4] Ry
e A
— _LC
R6
L % M'_'d[G]
e
R1=61.44kQ R4=77.68kQ M= 10(1W0.124)
R2 = 64kQ R5 = 51kQ
R3 = 76kQ R6 = 54.5kQ

Figure 4.4: Resistor tuning in the oscillator.

each resistor. Monte Carlo analysis is done to see the effect of process variation
and mismatch in the transistors on the oscillator frequency. Fig. 4.5 shows the
histogram of the frequency for 100 runs. The 20.48 MHz clock is required for the
digital backend. It is divided by eight to get a 2.56 MHz clock which is given to
the AY ADC. Fig. 4.6 shows the circuit diagram of the frequency divider block
made using D-flip flops. Table 4.2 shows the characteristics of the clock. Fig. 4.7
shows the phase noise contribution of the oscillator. Since the A ADC is a single
bit with the feedback DAC pulse of non-return-to zero (NRZ), it is very sensitive
to clock jitter. The effect of oscillator’s clock jitter on the AYX ADC is analyzed
in the next section.
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Figure 4.5: Histogram of frequency.
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Figure 4.6: Clock divider.

Table 4.2: Clock characteristics.

Frequency 2.56 MHz
Phase noise at 1 MHz | -134 dBc/Hz
Period jitter 30 ps

Power 55 uW

Phase noise (dBc/Hz)

-120

1481 1 10 100 1000
Frequency (kHz)

Figure 4.7: Phase noise spectral density(Sa¢/r(f)) of the oscillator.
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4.2.1 Clock jitter

The effect of the clock jitter in a AY¥X ADC or a continuous time delta sigma
modulator (CTDSM) is analyzed in this section. The block diagram of the CTDSM
clocked by a jittery clock is shown in Fig. 4.8. The error due to the variation of the
sampling instant of the ADC (e[n]) is noise shaped due to the high loop gain[15].
So, it does not contribute to the in-band noise floor. The error due to the variation
of the width of the feedback DAC pulse (e (t)) is not noise shaped by the loop and
adds directly at the input of the CTDSM[15]. This contributes to the in-band

noise floor and can degrade the performance of the CTDSM.

e[n]

Vin(® L) {w Vouln]

DAC

e1(t)

Figure 4.8: Clock jitter in the CTDSM.

For a feedback DAC pulse of NRZ, the error sequence e;[n] due to the clock jitter

is [15]

At[n]
T

¢j[n] = (yln] = yln = 1)) (4.7)

where y[n] is the n'* output sample of the CTDSM, T is the sampling period,
and At[n] is the clocking uncertainty of the n' edge of the DAC pulse. At[n] is
not an independent identically distributed random variable. Its spectral density
Sat/r(f) is the phase noise spectral density of the current-starved ring oscillator.

The spectral density of y[n] — y[n — 1] is Sg,(f). The spectral density of e;[n] is

Sei(f) = Say(f) * Saryr(f) (4.8)
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where the convolution operation used here is circular in nature. Fig. 4.9 shows
the plot of all the spectral densities. The in-band is from f to fs+ fs/(2*x OSR),
where OSR is the oversampling ratio of the CTDSM. The in-band spectral density
is shown zoomed-in in the same figure. The variance of e;[n| gives the total jitter

noise power. The in-band noise power is calculated as

fs+ 5x55m
nt= | Soy(f)df (4.9)

Is

The jitter noise power = 3.24x1071° V2. So, for an input signal at the MSA
of 0.7V, the signal to jitter noise ratio (SJNR) is 89 dB. whereas, for the ADC,
SNDR = 87dB[16]. Thus the oscillator is used in open loop itself instead of putting

it in a PLL which would have further reduced the jitter.
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Figure 4.9: Spectral densities.

4.3 Power-On Reset

Power-on reset (POR) is used to provide an active-low reset signal to the hearing
aid upon power-up. The supply voltage AVDD does not settle immediately after
powering up. A typical time of 100 ms is assumed till the AVDD becomes stable

after the switch bounce has settled. During this period, all the digital blocks
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should be in reset mode. The POR block is shown in Fig. 4.10. The bandgap

=

Bandgap | Vref

reference
C

S

AVDD -

M5

reset

M6
Vrefl
M7

MO = 2(0.5 W6 ) M5 = 8(1.25W4p) R = 756kQ
M1,M2=6(5W3H) M6 =2(0.16W/10p) C =100nF
M3,M4 = 4(1.25 W4 ) M7 = 4(1.25 W10 p)

Figure 4.10: POR schematic.

output voltage is available on chip, and hence can be bypassed by a capacitor of
high value to get a time constant of the order of 10ms. Thus when the AVDD is
ramping to 1.2V, the bandgap output Vref will ramp to 0.6 V. The voltage Vref
is compared to the potential divider output Vrefl = 0.4 V. Till the voltage Vref
is less than Vrefl, the POR will provide the active-low reset. When the voltage
Vref becomes greater than Vrefl, the reset is deactivated. If the voltage AVDD
drops to 0V, the reset voltage tracks the voltage AVDD thus asserting reset. Fig.
4.11 shows the simulated output at the various nodes of the POR block when the
supply voltage AVDD is rising from 0V to 1.2V in 80 ms and falling again to 0V

in 80 ms.
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Figure 4.11: POR output.
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CHAPTER 5

Low Dropout Regulator

5.1 Introduction

The ring oscillator is used to give a constant frequency clock to the ADC. With
the supply voltage variations, the oscillation frequency also changes which is unde-
sirable. Therefore there is a need to keep the supply voltage of the ring oscillator
constant. An LDO is used to provide a regulated supply voltage which can be
used to drive the ring oscillator. Following are the constraints that need to be met

in the design:-

e Output impedance should be low

‘/out : IL

° The efﬁciency <m
* Lsup

) should be high

e Power supply rejection ratio (PSRR) should be high

The first condition can be met by using a negative feedback loop with a very high
loop gain over as wide a bandwidth as possible. To meet the second condition,
Iy, — I, should be minimized. This makes it difficult to realize a very high loop
gain. The dropout voltage is the Vpg of the pass transistor, which should be very
low to maximize the efficiency.

Fig. 5.1 shows the schematic of a basic LDO. It is a two stage op-amp used in
negative feedback in the non-inverting amplifier configuration. A constant input
voltage V;, is obtained from a bandgap reference circuit|2]. The output voltage is

Ry
out — Vin 1 - 1
Vour =V ( +R1) (5.1)



Epel =

Figure 5.1: Basic LDO schematic.

It is a two stage op-amp in feedback and the loop needs to be compensated.
Gmp is the transconductance of M0. R, and C,; are the output resistance and
the parasitic capacitance of the transconductance G,,. The loop gain is obtained
by breaking the feedback loop at the output of the transconductance G,,, and

applying a test voltage V; at the gate of the transistor M0. The loop gain is

ﬁ _ ( GmepRlRL ) < Rol ) (5 2)
‘/t o RL -+ Rl + RQ + SOLRL(Rl + RQ) 1 —+ sColRol '

The poles of (5.2) are

1 1

PrE TR (R + RO P2 T T Ry

(5.3)

For compensating the loop, the poles p; and ps should be well separated. A high
value of the capacitor (', is used to make the pole p; as the dominant pole. This
is called dominant pole compensation. The value of the capacitor C'f, required for
a phase margin > 60° is too high to be realized on a chip. Another method to
separate the poles is using a capacitor C, across the gate and drain of the transistor
MO. This is popularly known as Miller compensation. At high frequencies, the
parasitic capacitor Cys of MO couples the supply voltage to the output node V;
through C.. This degrades the high frequency PSRR of the LDO, increasing the
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oscillator’s supply noise and hence the clock jitter. Therefore, Miller compensation

is not used in this case.

5.2 Compensating the LDO

There is no provision of a separate pin for the supply voltage of the oscillator to
compensate it using a large off-chip capacitor. So, the dominant pole compensation
technique cannot be used. Instead, we compensate the loop gain by adding zeros
in the transfer function by using the architecture as shown in Fig. 5.2[14]. The
transistor level LDO schematic is used as shown in Fig. 5.3. The ring oscillator

load is indicated by the resistor Ry. Gy, is the transconductance of M5. The

AVDD=1.2V

} Isup

Figure 5.2: LDO architecture.

loop gain is

ﬁ _ GmepRl(l —+ Scle)(Rg + RL + SCgRgRL) Rol (5 4>
v, as? + bs + ¢ 14 sC, R, ’

where, a = (Rl + Rg)RQRLclcg, b = (Cle(Rl + RL) + CQRL(Rl + Rg)), and
C = Rl + R2 + RL

From the resistor and the capacitor values used, R; > R3, R; > Rs3, Cy > (4.
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AVDD=1.2V

MO = 2(0.5 /6 1) R, =400kQ  C,=370fF
M1,M2 = 6(5 w3 ) R,=253kQ  C,=242pF
M3,M4 = 4(1.25w/4p) R, =500Q

M5 = 16(1.25 w/0.12 )

Figure 5.3: LDO schematic.

Using this to simplify (5.4), we get

E _ ( GmepRl(l + Scle)(RL + SCQR3RL) ) ( Rol )

Vt N 82R1R2RLC102 + SCQRL(Rl + Rz) + Rl + Rz + RL 1 -+ SCOlRol
(5.5)
The zeros and approximate poles of (5.5) are
1 1
= ———— 2y = — 5.6
DT RGP T RG (5.6)
1 1 1
P= (5.7)

TOR BT T GR(B A R)) T T RaCan
The values of Rs, C;, and C, are chosen to get a phase margin of nearly 64°. The
capacitor Cy is implemented using nMOS capacitors.

5.2.1 Simulation results

Fig. 5.4 shows the PSRR at the nodes V, and V,,;. The PSRR at V, is 24dB

higher than that at V,,; at the ring oscillator frequency of 20.48 MHz.
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Figure 5.5: LDO output voltage variation.

To see the effect of the supply voltage on the LDO output, the supply voltage is
varied from 1.1V to 1.5V. The output voltage is shown in Fig. 5.5. The output
voltage varies by 0.2mV. Fig. 5.6 shows the output voltage V, due to the current
step. The LDO is stable for a large current step of 40 uA.

The dropout voltage is 220 mV, and the saturation voltage of the transistor MO is
90mV.V, =096V, I, =41.2pA, AVDD =12V, I, = 44.7 pA resulting in an
efficiency of 74 %.
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Figure 5.6: LDO current step response.

5.3 LDO for the microphone

The microphone used in the hearing aid is a common drain amplifier as shown in
Fig. 5.7. Resistor Ry is used to bias the amplifier. The microphone output signal
is taken from the terminal T2 through an ac coupling capacitor. The terminal T1
is connected to the terminal V,,;. V,,; should be independent of the supply voltage
and hence is derived from the LDO. There is a provision of separate pins for the
terminals T1 and T2. The dominant pole compensation technique has been used
to compensate the LDO. It employs a large off-chip capacitor C, = 100 nF at the
LDO output. This value is chosen to get a phase margin of nearly 90°. The LDO
should be able to supply a continuous current of 20pA and an output voltage of

0.94V to the microphone. The PSRR targeted is greater than 55dB.

5.3.1 Simulation results

The resistor Ry, = 51.6 {2 is used to improve the high frequency PSRR of the LDO.
Fig. 5.8 shows the PSRR of the LDO. Fig. 5.9 shows the output voltage variation
of the LDO with the supply voltage varying from 1.1V to 1.5V. Fig. 5.10 shows
the output voltage V,,; due to the current step. The LDO is stable for a large

current step of 20 pA.
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AVDD=1.2V

Ce

l_I'O PGA

— microphone —

MO =2(05W6p) M3,M4=4(1p4y) R,=400kQ R, =51.6Q C, =0.1pF
M1,M2 = 6(5w/31) M5=6(1W0.121) R,=226.9kQ R,=29.1kQ C,=1pF

Figure 5.7: LDO schematic.
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Figure 5.8: LDO PSRR.

5.4 Power contribution of the frontend

Table 5.1 shows the simulated power contribution of all the frontend blocks from

a 1.2V supply.

5.5 Layout of the hearing aid chip

The frontend and backend blocks are integrated and the complete layout is shown
in Fig. 5.11. The layout of the ADC and the backend blocks layout is done by

other designers|2] [16]. The chip occupies an active area of 2.3 mm x 985 pm.
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Figure 5.10: LDO current step response.
Table 5.1: Power contribution.
Block Power contribution (uW) | Percentage power (%)
PGA 25 17.5
AGC 7 4.8
ADC [16] 36 25
Decimation filter 6 4.2
LDO for the oscillator 3.5 2.4
LDO for the microphone 3.5 2.4
Ring oscillator 55 38.2
POR 3 2
Buffers 5 3.5
Total 144 100
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Figure 5.11: Complete hearing aid analog frontend layout.
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CHAPTER 6

Measured Results from the Hearing Aid Chip

6.1 Measurement setup

AP-SYS-2722
Audio Analyzer

Output | Input
olO oo

|
Test Board AP-AUX-0025

. O Switching Amplifier
PGA bUT Class-D HoMeasurement Filter

Input ﬁ Output

Xilinx Virtex5
Board

Figure 6.1: Measurement setup.

Fig. 6.1 shows the measurement setup used to test the hearing aid chip. The
Audio Precision AP-SYS-2722 audio analyzer is used to give an analog input sig-
nal to the PGA. For digital serial interface with the chip, Xilinx Virtex5 FPGA
board is used. The class-D amplifier output is filtered using Audio Precision AP-
AUX-0025 switching amplifier measurement filter. The filtered output is analyzed
using audio analyzer for measuring the performance of the frontend. The test
board (four layer PCB) is shown in Fig. 6.2. The hearing aid chip (device under
test;DUT) is programmed such that the decimator output is connected to the
backend (DAC + class-D).

Instead of the decimator digital output, the class-D analog output is used to ana-
lyze the frontend performance. This method is adopted because in the spectrum

of the decimator output, the input frequency bin is varied by the jittery sampling



clock. If this digital output is converted to analog using the DAC clocked by the
same jittery clock, the spreading of the input frequency bin in the DAC output
spectrum is avoided as shown in the following section. The class-D output will
be the measure of the frontend performance, since the backend noise floor and

distortion is lower than that of the frontend.

=

WE-YE iR

Chip designed
in this work

Figure 6.2: Test board.

6.2 Measurement results

6.2.1 Idle channel performance

The input terminals of the PGA are ac coupled to ground. The oscillator fre-
quency is tuned to 18.2 MHz. The supply voltage is 1.2V. The output noise in
the bandwidth of 100 Hz - 9kHz is measured from the PSD of the filtered class-D
output. The input referred noise is calculated by dividing the output noise by the
total gain (PGA gainx ADC gain (2.1) x decimator gain (1.4)). Table6.1 shows the

input referred noise for the different PGA gains.
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Table 6.1: Input referred idle channel noise.

PGA Gain (dB) | Input referred noise (1tVyms)
40 1.74
35 2.2
30 2.8
25 3.6
20 2.52
15 8
10 11
5 17
0 28
-1 30.7

6.2.2 Performance with the signal

Single ended inputs of amplitudes 3mV,,, 30mV,, 300mV, and 1.1kHz frequency
are given as inputs to the PGA. PGA is programmed for three different gains:
40dB, 20dB, and -1dB. As previously mentioned, the decimator output has the
spreading of the input frequency bin as shown in Fig. 6.3. The decimator output
is fed to the backend and the in-band spectra of the class-D output are shown
in Fig. 6.4. Thus, the spreading of the input frequency bin is avoided. So, the
backend output is used for measuring the frontend performance. Table 6.2 shows

the measured SNDR/SNR/THD in the 9kHz bandwidth for the three inputs.

=20 —PGA gain = -1dB, Input = 300mV 1
—PGA gain = 20dB, Input = 30mV
—40r —PGA gain = 40dB, Input = 3mV 7
S -60 :
(]
ke
2
=
[o))
©
=

Frequency (kHz)

Figure 6.3: PSD of the decimator output.
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Figure 6.4: PSD of the class-D output.
Table 6.2: Performance for different input amplitudes.
Input PGA SNDR (dB) | SNR (dB) | THD (dB)
amplitude (mV,,) | gain (dB)
3 40 61.1 61.3 -74.2
30 20 71 72 -78
300 -1 76 78 -80

6.2.3 Dynamic range measurement

Single ended inputs of different amplitudes and a frequency of 1.1kHz are given
to the PGA. Fig. 6.5 shows the SNDR and SNR versus input amplitude (dBFS).
The dynamic range measured including PGA gain variation is 106 dB. Fig. 6.6

shows the measured THD.

80
—+SNDR:40dB PGA gain

-+ SNDR:20dB PGA gain
-0-SNDR:-1dB PGA gain
~SNR:40dB PGA gain
-SNR:20dB PGA gain

[e2]
(@)

B 40/<-SNR:-1dB PGA gain 1
x
a
Z 20- .
n
or : i
Dynamic range = 106dB
_2 1 1 1 1 1
<120 -100 -20

-80 ~-60 -40
Input amplitude (dBFS)

Figure 6.5: Dynamic range plot.
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Figure 6.6: THD plot.

6.2.4 Monotonicity in the PGA gain

PGA gain is increased from -1dB to 40 dB in steps of 0.5 dB. Input signal ampli-
tude is 4mV,, at a frequency of 1.1kHz. Fig. 6.7 shows that the output amplitude
increases monotonically with the PGA gain. Fig. 6.8 shows the gain step achieved
versus the set PGA gain. The simulated gain step variation is 0.45dB to 0.52 dB,

while the measured steps are between 0.3dB and 0.6 dB.

| | |
w N =
o o o

Output amplitude (dBFS)

|
N
o

=50 15 20 25 30 35 40
PGA gain (dB)

Figure 6.7: Monotonicity in the PGA gain.

Table 6.3 shows the summary of the measured performance.
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Figure 6.8: PGA gain step.

Table 6.3: Performance summary.

Parameter Value
Process 130nm CMOS
Supply voltage 1.2V
Input noise 1.74 1V s
Frontend power 144 pW
THD -80dB
SNR 79dB
Bandwidth 100Hz - 9kHz
Active area 2.3 mm?
Dynamic range 106 dB

6.3 Comparison with prior work

Table 6.4: Comparison with prior work.

Parameter This work | [19] [20] [5]
Process 130 nm 180nm | 1.2 pm | 0.6 pm
Supply voltage (V) 1.2 0.9 1 1.1
Input noise (#Vims) 1.74 4.2 6 2.8
Power (W) 384 107 200 297
THD (%) 0.01 - 0.1 | 0.02
SNR (dB) 79 81 70 -
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CHAPTER 7

16 () headphone driver for 20 Hz - 24 kHz audio

7.1 Introduction

Table 7.1: Driver specifications.

Load 1692 || 100 pF
Maximum output power 80 mW
Bandwidth 20Hz - 24 kHz
THD + N < -90dB
Input noise 5 1V ims
Quiescent power 1mW
Supply voltage 1.8V
Technology 180 nm CMOS

Table 7.1 shows the driver specifications. The headphone driver is used to drive
the load of 16€2. The motivation is to drive the load by consuming minimum
quiescent power possible. A class-A amplifier requires the output bias current to
be equal to the maximum load current (100 mA in this case). This degrades the
efficiency of the power amplifier. In a class-B amplifier, the output bias current
is zero. Although its efficiency is high compared to the class-A amplifier, it gives
significant distortion. In a class-AB amplifier, a minimum output bias current is
maintained to improve the distortion. Therefore, the class-AB amplifier is used in

this work to minimize the power dissipation for a given distortion.

7.2 Dual supply driver

Powering the op-amp from 1.8V and 0V requires the output common mode to
be 0.9 V. The load requires a high quiescent current of 0.9V/16Q = 56.25 mA.

To avoid this large dc current, a very large capacitor in series with the load is



required as shown in Fig. 7.1. The value of this capacitor should be > 500 uF
for the highpass cut-off to be < 20 Hz. As already mentioned in the introduction,
such a large capacitor consumes a large area, and is not suitable for portable audio

applications. During start-up or shutdown, this capacitor has to be charged or

VWA
18V
VA RN 1mF
10kQ >_.h{ Vo
—+
0.9V =21 16Q< =—100pF

Figure 7.1: Single supply driver.

discharged which causes an audible pop.

If the output bias is kept at 0V, the dc blocking capacitor is not required, thus
eliminating the disadvantages associated with it. To achieve this, the amplifier is
driven by a dual supply of 1.8V and -1.8 V. The schematic is shown in Fig. 7.2.
It is an op-amp used in an inverting unity gain configuration. A negative voltage

converter is used to provide the negative supply for the op-amp.

-1.8V

10kQ
VWA
18V
WV
10kQ Vo
+
1 Y1 1602 ==100pF

Negative voltage
converter

Figure 7.2: Dual supply driver.
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7.3 Op-amp design

7.3.1 Op-amp macromodel

A three stage op-amp with a very high dc gain is required for driving the 16€2 load.
To compensate the op-amp, a combination of feedforward and Miller compensation
is used. Fig. 7.3 shows the macromodel of the op-amp.

The transfer function is

Figure 7.3: Op-amp macromodel.

E o (Gmleg + GmfG1 + sClef)(sC'c — Gmg) (7 1)
Vi (Gy+s501)((Ga + sCy + 5C.)(Gs + sCs + sC.) — sCo(sC. — Gmgz))
The approximate values of the poles are
—GyGs
= 7.2
PL= Go(Cs + C) + G3(Ca + ) + GmsC, (72)
_ _(G2(03 + Cc) -+ Gg(cg + Cc) -+ Gmch) (7 3)
b2 CoCy + Co(Cy + C) '
G,
pr— -4
Y2 o (7 )
Zeros of the transfer function are
o Gm3 - —(Gmleg + GmfGl)
21 = Cc , R9 = Gmfcl (75)
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For sufficient phase margin, the zero (z3) introduced by the feedforward path

should be much less than the unity gain frequency of the first two stages stan-

GmiGma
|20] <4/ e (7.6)

7.3.2 Op-amp implementation

dalone.

As mentioned earlier, the output common mode is at 0 V. This makes the input
common mode of the op-amp also 0 V. So a pMOS transistor input stage is used.
Also to have a lower flicker noise, a pMOS input stage is preferable. To get a
very high dc gain, we use a folded cascode structure. Fig.7.4 shows the first stage
op-amp schematic along with the bias section.

Transistors M1-M12 form the folded cascode first stage of the op-amp. Transistors

1.8V

Bias Secton — — <« First Stage

M1]§||Lbiaﬂ||]‘/|19 Ii[[vlzs M3:||M”:‘M4 MJE'M”I‘MZ

G 1hA vbiaspl
M16
M15ivcaspIE |[M20 L w2 Mo 2P 110
vbiasn ’v_opl

M1§| Nasn IE/' 14y casn] IE/' 17 vcl\gg_r%H:—_| I:M24 M7:| |__|vcasn II/IS

MZT] R B‘/IZS M51:||——| B‘/IG

.-
M13,M14,M17 = 2(0.25w/10) M21,M24 = 20(1w2p)  M3,M4 = 100(1 W2 )
M15 = 2(0.25 w2 p) M22,M23 = 4(1w20y)  M5,M6 = 104(1 p/20 1)
M16,M20 = 8(1 /1) M25 = 4(1 W2 p) M7,M8 = 20(1 /2 1)
M18,M19 = 4(1 /2 p) M1,M2 =100(1W2p)  M9,M10 = 8(1w1p)

M11,M12 = 4(1 w2 )

Figure 7.4: First stage op-amp schematic.

M5 and M6 have large lengths to minimize their flicker noise. The current in each
input transistor is 25 #A to meet the noise specification. The dc gain of the first
stage is 82 dB. Thus most of the dc gain is obtained from the first stage itself. The
first stage is operated from 1.8V and 0V to save power.
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Fig.7.5 shows the circuit diagram of the second and the third stage of the op-

vbiasp
Msoj—{ M31

vcasp

O LT e g
“Tma4

Viﬂ@f% m29 ] 22 M37:|ﬂiL Ri
VOplIB/I | A

M26 Jj-———[M27 |v|43i | M36 Jj————{[m41
el

1 1 1
-1.8V Second -1.8V
~— Feedforward path —»= ~— setg(g)r(; — ~—Third stage —
M26 = 2(0.5 W2 ) M32 = 20(1/204) M36 = 2(26.67 W/0.341) M41 = 150(26.67 W/0.34 )

M27 = 140(0.5 w/2 ) M33 = 100(1w/2p) M37 = 100(1/0.34)  M42 = 400(30 p/0.34 )
M28,M29 = 2002 /2 ) M34 =40(1p/1y) M38 = 8(1w0.18 ) M44 = 5(72 p/25 )
M30,M31 = 2(1.75w2p) M35=20(1w2y) M39 = 4(1 W2 p) C.=5pF

M43 = 60(10W/21) M40 = 2(0.24 /20 1)

Figure 7.5: Second and third stage op-amp schematic.

amp. The second stage (M32-M35) is a common source stage with a cascode for
the input and the bias transistor. It gives a gain of 40dB. Transistor M43 is
used as a MOS capacitor of value 10 pF. This capacitance is C in the op-amp’s
macromodel shown in Fig. 7.3. So using a high value for C, the zero 25 is moved
to lower frequencies giving higher phase margin without increasing the feedforward
transconductance Gm¢[17]. Transistors M27-M31 form the feedforward stage. An
nMOS differential pair is used to provide a feedforward path (with higher Gmy)
from the input of the first stage to the second stage output. Its output is not
connected directly to the second stage output to avoid loading. In addition, the
feedforward op-amp is operated from the positive and the negative supply, as the
input common mode is at 0 V.

The third stage (M41-M42) forms the class-AB driving stage. To have an output
common mode of 0V, it is operated from the dual supply. Signal from the second
stage output is directly fed to the pMOS (M42) input, and is ac coupled to the
nMOS (M41) input. Transistor M44 acts as a coupling capacitor (C,,) of value
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50 pF. The parasitic gate capacitor of M41 is Cy,=5 pF. The looking in impedance

R;, as shown in Fig. 7.6 is given by

9ds36 1
Ry = —=2— f = 77
9ds40 * 9m36 / QWRin(Cco + ng) ( )

where, ¢4s36 and ggsa0 are the output conductance of M36 and M40, respec-
tively, gmse is the transconductance of M36, and f is the ac coupling cut-off
frequency (87 Hz). The bias current for the output class-AB stage is fixed to
176 A by a simple current mirroring from M36. For the positive-half input cycle,
M41 drives the load, while for the negative-half input cycle, M42 drives the load,
ensuring class-AB operation.

1.8V

VORI ag
[ m3s

MS%%

| S A
M36 | |7M40 - <—‘
Rin
1
18V

Figure 7.6: Resistance R;, in the ac coupling network.

7.4 Simulation results

The driver is simulated with the ideal dual supply of 1.8 V and -1.8 V. Fig. 7.7 and
Fig. 7.8 shows the magnitude and the phase response of the loop gain, respectively.
Table 7.2 shows the op-amp characteristics. The loop stability is tested by applying
a step input of 10mV with 0.1ns rise time to the inverting unity gain op-amp.

The output is shown in Fig. 7.9. An input signal of 1.6 V,, amplitude and 1.25 kHz
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Figure 7.7: Magnitude response of the loop gain.
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Figure 7.8: Phase response of the loop gain.

frequency is applied to the driver. The voltage waveforms at the gates and the
drains of the transistors M41 and M42 are shown in Fig. 7.10. The voltage swing
at the gate of M42 is 0.73V,;,, and at the gate of M41 is 0.56 V,,. This small
attenuation is due to the capacitive divider (Cys4 and Cyeyp). Fig. 7.11 shows

the spectrum of the output voltage. The SNDR/SNR/THD are calculated in the

bandwidth of 24 kHz.

Table 7.2: Op-amp characteristics.

DC loop gain 108 dB
Unity loop gain frequency | 226 kHz
Phase margin 46°
Input referred noise 2 14V ms
Quiescent power 1mW
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Figure 7.9: Step response.
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Figure 7.10: Voltage waveforms.
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Figure 7.11: Output voltage spectrum.
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CHAPTER 8

Negative Voltage Converter

8.1 Architecture

A simple architecture based on a charge pump is used for the negative voltage
converter|18]. Fig. 8.1 shows the circuit for the negative voltage converter. Here,
all the transistors (M1-M4) are used as switches. During the first half-cycle, the
capacitor C1 is charged to 1.8V through the switches M3 and M4. During the
second half-cycle, capacitor C1 transfers the charge through the switches M1 and
M2 to the capacitor C2, thus inverting the input voltage. The switching frequency
and the ripple specification at the output decides the capacitor value. During the
time when the capacitor C1 is charged by the input voltage, the output capacitor
C2 must supply the load current. The load current flowing out of C2 causes a
droop in the output voltage which causes a ripple in the output voltage.

The relation between the operating frequency, output voltage ripple and the value

1.8V

-1.8V

gate3
_| EM3 J_gatel
\

M1

gate£| [MZ ga’ﬂ| |:M4 C2 =— LanI

M1 = 500(100/0.34) M3 = 1510(99.67 p/0.34 1)
M2 = 1000(100 w/0.34 1) M4 = 500(100 W/0.34 1)
C1,C2 = 20pF

Figure 8.1: Negative voltage converter schematic.

of the capacitor C2 is given below. Let AV be the output voltage ripple and f



be the frequency of operation. When C1 is connected between 1.8V and 0V, the

output capacitor C2 supplies the load current. Thus

1
C2.- AV :IL 'Toff,TOff = —

57 (8.1)

A ripple of 12mV is tolerable for a THD < -90dB. For a 16 €2 load, the peak load
current is I, = 1.6/16 = 100mA. For f = 200kHz, and AV = 12mV, we get C2
= 20 uF. To achieve a maximum efficiency of operation, the impedances of C1
and C2 at the switching frequency f should be very small compared to the load
impedance. So an equally high value for C1 is used as is used for C2. The design
of this negative voltage converter mainly consists of two parts|[18]: switch sizing

and switch control signal generation.

8.2 Design

8.2.1 Switch sizing

The sizes of the four switches are shown in Fig. 8.1. The ON resistance (R) of
the switches should be very small to satisfy RC' < T,¢;. The gate-source voltage
of the transistors control their ON resistances. Higher the Vg, lower the ON
resistance. So to turn on the pMOS transistor M3, we pull down the gate voltage
to -1.8 V, thus giving a Vizg = 3.6 V. Similarly, for the transistor M1, we get Vzg =
3.6 V. So without actually boosting the voltage, a Vs = 3.6V is obtained for the
transistors M1 and M3. For turning ON the transistor M4, we cannot boost the
gate voltage to 3.6 V, as the swing at the gate will become 5.4V, since its turn-off
requires a gate voltage of -1.8V, violating the reliability of the device. For the
gate of the transistor M2, the width is increased to twice the width of M1 (instead
of boosting the gate to 3.6 V) to get the same ON resistance as that of M1. The

swings at the gates of all transistors are from -1.8 V to 1.8 V.
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8.2.2 Switch control signal generation

During one phase the switches M3 and M4 are turned on, and the switches M1
and M2 are turned off. The capacitor C1 is charged to 1.8 V. In the next phase of
the clock, the switches M1 and M2 are turned on and the switches M3 and M4 are
turned off. To avoid any short circuit current during the transition, the switches
must be operated in a particular sequence. While turning off M1 and M2 and
turning on M3 and M4 the following order is followed|18&]: turn off M1 — turn off
M2 — turn on M4 — turn on M3. While turning on M1 and M2 and turning off
M3 and M4, the following order is followed: turn off M3 — turn off M4 — turn
on M2 — turn on M1.

The external reference clock signal varies from 0V to 1.8 V. The lower clock volt-
age level should be shifted from 0V to -1.8 V for turning off M1, M4. Thus, a level

shifter is used to change the clock signal swing from 1.8V, to 3.6 V,,. Before

B

clkin

m
(o
]
flmi
LY
[l N
[=1°

M1 = 2(0.24w/0.18 1) M3, M4 = 2(0.24 4/0.18 )
M2 = 2(0.5/0.18) M5, M6 = 2(0.51/0.18 )

Figure 8.2: Non-overlapping clock generator.

connecting to the level shifter the clock signal passes through a non-overlap gener-

ator shown in Fig. 8.2 for generating complementary non-overlapping low signals
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required for the level shifter. This eliminates the possibility of short circuit current
in the level shifter. The non-overlap generator is supplied from 1.8V and 0 V. The

level shifter is shown in Fig. 8.3[18]. The output of the level shifter swings from

1_1.-8_V
§ M6:H—‘ . M2]|ilkb’—[w|3k i
MS:”J M3:”—><—H:M4 L{[M?
1L

M1, M2 = 10(1/0.34p) M5, M7 = 2(0.24 w/0.34 )
M3, M4 = 2(0.5/0.341) M6, M8 = 2(0.51/0.34 1)

Figure 8.3: Level shifter.

-1.8V to 1.8V.

To turn on or turn off the switches M1-M4 in the above mentioned sequence, we
need to generate the delayed control signals. The output of the level shifter is
passed through a chain of inverters shown in Fig. 8.4, to get different delayed
clocks[18]. These delayed clocks from appropriate nodes are OR-ed together to

{]__8}/
1 1 L 1L L L
13 nl2 n11!

clkout
—WT_"_T
n n10 n3

C|kOL&

ni3 nll

gate3 gate4 n7 gatel
i) o> g

J_ n9
T

gate2
'V'},:J‘ M1 = 102 w

Figure 8.4: Clock delay generator.

get gate2, gated and gated signals with the required delays. The gatel signal is di-
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rectly obtained from the middle of the chain. The pMOS capacitors are included
in the chain to increase the delay in the chain without further increase in the
number of inverters. The total transition duration for the four gate signals is 5 ns.
The charge pump is operated at 200 kHz. The transition time is only 0.2 % of the
steady on or off duration. This circuit is operated from 1.8V and -1.8 V.

The gate control signals generated from the delay chain are fed to the respective
gates through a buffer chain for each gate control signal. The buffer chain is shown
in Fig. 8.5. The buffered outputs when C1 gets disconnected from 1.8 V and con-
nects between the output and 0V are shown in Fig. 8.6. The outputs of the buffer
chain when C1 gets disconnected from the output and connects between 1.8 V and

0V are shown in Fig. 8.7.

-1.8V

M1 = 2(0.5W0.34 ) M3 = 4(2.5W/0.34 ) M5 = 8(12.5 /0.34 1) M7 = 100(10 w/0.34 p)
M2 =2(2p/0.341) M4 = 10(4/0.34 ) M6 = 20(20 W0.34 ) M8 = 110(36.36/0.34

Figure 8.5: Clock buffer.

Voltage (V)

6
Time (ns)

Figure 8.6: Buffer stage outputs during one transition.
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Figure 8.7: Buffer stage outputs during another transition.

8.3 Performance analysis

Power delivered to the load

Efficiency ( ) of the converter is analyzed by vary-

Power drawn from the supply
ing the frequency. The values of the capacitors C1 and C2 are scaled appropriately
to get the same output voltage ripple of 12mV for each frequency. It is observed
that the efficiency decreases with increasing frequency as shown in Fig. 8.8. This
is because switching power increases with frequency. Lower switching frequency
ensures high efficiency but with the trade-off of using a large capacitor. A switch-

ing frequency of 200kHz is used which results in a negative voltage conversion

efficiency of 96 % and requires two capacitors of 20 uF each.

98

Efficiency (%)
(o] o] © [{e] (] [{e]
e @ o B £ o
L L L L L L

o]
.‘b
i

25 3 35

0
[«)V]

0.5 1 15 2
Frequency (MHz)

Figure 8.8: Converter efficiency for varying frequency.
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8.4 Simulation results

The output voltage of the driver and the negative voltage converter for a 1.6 V,,,
1.25 kHz input is shown in Fig. 8.9. The ripple in the negative voltage is around

12mV. The driver is simulated with the bond wires of the QFN48 package for slow

oL —Driver output 4
—Negative voltage output

o
4]

Voltage (V)
o

AVA\ |

-15
058 0.6 0.62
K 0.2 0.4 0.6 0.8
Time (ms)

Figure 8.9: Voltage waveforms for 1.6 V,, input.

nMOS and pMOS corner, minimum resistor and capacitor corner at 70° C. The

H i Noi
THD +N ( \/ artome Power + Nolse power ) for an input amplitude varying
Signal power

from 0.1V, to 1.6 V,, is plotted in Fig. 8.10. The driver has an efficiency of 63 %

for an output power of 80 mW as shown in Fig. 8.10.

-80 100
-O-THD + N
% //c:u §,
/ >

Z 90 80 2
a / 2
T o =
= l

_ I 0

100 0 20 40 60 80

Output power (mMW)

Figure 8.10: THD+N and efficiency of the driver.
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8.5 Layout of the headphone driver chip

The headphone driver is integrated with the negative voltage converter and the

combined layout is shown in Fig. 8.11. The total area is 1 mm x 1 mm.

Imm

SO S R O N S T S D S G A 1 Y M D e W

1mm R 4 e O T O B A L B R R

Switches in negative
voltage converter

e e e T P O O U0 W Wl 0, vt il G B v 0% 0 ) R T O AP 0, o, S 0 PO | ey o oyt

Figure 8.11: Layout of the driver.
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CHAPTER 9

Measured Results from the Headphone Driver

Chip

9.1 Measurement setup

AP-SYS-2722
Audio Analyzer

Output | Input
O[O0 [ OJOo

L
- DUT -
Driver Driver

INput  regt Board  Output

Figure 9.1: Measurement setup.

Fig. 9.1 shows the measurement setup used to test the headphone driver chip. The
Audio Precision AP-SYS-2722 audio analyzer is used to give an analog input signal
to the driver as well as analyze the driver output signal. The driver performance is

measured using external negative supply and with the negative voltage converter.

9.2 Measurement results

9.2.1 W.ith external negative supply

Idle channel noise is measured by grounding the driver input. The idle channel
noise is 8 uVyys. Single ended inputs of different amplitudes and a frequency of
1.25kHz are given to the driver. Fig. 9.2 shows the THD + N and SNR versus

output power.
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Figure 9.2: THD + N and SNR of the driver.

9.2.2 W.ith negative voltage converter

The switching frequency of the negative voltage converter is 50 kHz. This par-
ticular frequency was chosen to optimze the trade-off between the ripple in the
negative supply voltage and the loop gain. Idle channel noise is measured by
grounding the driver input. The idle channel noise is 10.8 uV,s. Single ended
inputs of different amplitudes and a frequency of 1.25kHz are given to the driver.

Fig. 9.3 shows the THD + N and SNR versus output power.

T 90
80
) —
S m
o
z 02
o 7
'_
-60
| | 50

68 10 20 30 40 50 60
Output power (mW)

Figure 9.3: THD + N and SNR of the driver.
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CHAPTER 10

Conclusions

This thesis deals with the design of high performance frontend blocks for the hear-
ing aid and the 16 Q2 headphone driver.

In the first part of the thesis, design of high performance frontend blocks for the
hearing aid is described. The measured dynamic range is 106 dB, in a bandwidth
of 100 Hz-9kHz. A pMOS +nMOS differential input pair enabled low noise, low
power PGA design. Linear-in-dB gain steps in the PGA are achieved by linear
changes in the resistor values. Techniques like multistage decimation, pipelining
and retiming of registers, CSD encoding for the filter coefficients, polyphase struc-
ture, and optimal register width are used to reduce the power dissipation in the
decimation filter. All the frontend blocks are successfully implemented in a 130 nm
CMOS process.

In the second part of the thesis, the design of the high performance headphone
driver is described. The driver utilizes a dual supply powered class-AB amplifier to
drive the load of 16 §2. Class-AB operation is achieved by ac coupling of the signal
and a simple current mirror based biasing, in a bandwidth of 20 Hz- 24 kHz. The
driver achieved a THD < -90dB for a 1.6 V,, output signal. The driver consumes
a quiescent power of 1 mW from a supply of 1.8V and delivers a maximum power

of 80mW to the load.



APPENDIX A

Resistor values for all the gains in the PGA

Table A.1: Resitor values used in the PGA.

Gain(dB) | R, (kQ) | R(kQ)
12.5 190.42 | 798.52
13 185.86 | 827.31
13.5 181.3 | 856.09
14 176.74 | 884.87
145 172.17 | 913.65
15 167.61 | 942.44
155 163.05 | 971.22
16 158.49 | 1000
16.5 120.15 | 798.52
17 117.27 | 827.31
175 114.39 | 856.09
18 11151 | 884.87
185 103.63 | 913.65
19 105.76 | 942.44
195 102.88 | 971.22
20 100 1000
20.5 75.81 | 798.52
21 74 827.31
21.5 72.18 | 856.09
22 70.36 | 884.87
22.5 68.54 | 913.65
23 66.73 | 942.44
235 6491 | 971.22
24 63.1 1000

Gain(dB) | R, (kQ) | R, (kQ)
1 167.61 | 149.37
05 163.05 | 153.93
0 158.49 | 158.49
0.5 190.42 | 200.59
1 185.86 | 207.82
15 181.3 | 215.05
2 176.74 | 222.28
25 172.17 | 22951
3 167.61 | 236.74
3.5 163.05 | 244
4 15849 | 251.2
15 190.42 | 317.81
5 185.86 | 329.27
5.5 181.3 | 340.72
6 176.74 | 352.18
6.5 172.17 | 363.63
7 167.61 | 375.1
75 163.05 | 386.54
8 15849 | 398
85 190.42 | 503.87
9 18586 | 522
9.5 181.3 | 540.19
10 176.74 | 558.35
10.5 172.17 | 576.52
11 167.61 | 594.68
115 163.05 | 612.84
12 15849 | 631




Table A.2: Resitor values used in the PGA.

Gain(dB) | Ry (k) | R,(kQ)
24.5 4783 | 79852
25 16.69 | 827.31
25.5 1554 | 856.09
26 1439 | 88487
26.5 1325 | 913.65
27 21 | 94244
275 1096 | 971.22
28 39.81 1000
28.5 30.18 | 798.52
29 2946 | 827.31
205 2873 | 856.00
30 28 884.87
30.5 2729 | 913.65
31 26.56 | 94244
315 2584 | 971.22
32 25.12 1000
32.5 19.04 | 79852
33 1859 | 827.31
33.5 1813 | 856.09
34 17.67 | 834.87
345 17.22 | 913.65
35 16.76 | 942.44
35.5 1631 | 971.22
36 15.85 1000
36.5 12 798.52
37 11.73 | 827.31
37.5 1144 | 856.1
38 11.15 | 884.87
38.5 10.86 | 913.65
39 1058 | 942.44
39.5 1020 | 971.22
40 10 1000
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APPENDIX B

Filter coefficients in the decimator

Table B.1: Coefficients of the halfband filter.
Tap weight | Value CSD
a0, al0 0.0131 276278 4 910
a2, a8 -0.0639 —2=4 2710
a4, a6 0.3016 | 272424276278
ab 0.5 2-1
al, a3, a7, a9 0

Table B.2: Coefficients of the FIR lowpass filter.

Tap weight | Value CSD
a0, a36 0.001 27104 2715
al, a3b -0.0013 —279 42714 2-13
a2, a34 -0.0008 —2- 10 9-12_o-15
a3, a33 0.003 2-8 2104 2-15
a4, a32 -0.0003 —2-12
ab, a3l -0.0057 —277 4279 42713
a6, a30 0.004 278 42715
a7, a29 0.0083 277271
a8, a28 -0.0118 —2 6498 _2°13
a9, a27 -0.0076 —2° T 42712
al0, a26 0.0242 [27° =2 742710 9121 515
all, a25 -0.001 —2-10
al2, a24 | -0.0396 —275 272711
al3, a23 0.0241 | 27° — 2774 2710 9=12_ 915
ald, a22 0.0547 =1 _ 277
alb, a2l | -0.0786 —2~1 26 _9o-1T _9-15
al6, a20 | -0.0659 24 _2 84 o1 o-1
al7, al9 03084 [ 2724241 —28 2124270
al8 0.5698 27t 427t 4277 o7l

Table B.3: 1IR highpass: 50 Hz.

Table B.4: 1IR highpass: 100 Hz.

Tap weight | Value CSD Tap weight | Value CSD
al -0.9922 | —20 4 277 al -0.9844 | —20 + 276
k 0.9961 | 20— 278 k 0.9922 | 20— 277




APPENDIX C

Pin details of the hearing aid chip

Fig. C.1 shows the pin details of the hearing aid chip. Table C.1 shows the

functionality of each pin.

|_
= Qo w
THTI e EQ 0N ¥ =
ygetzdas
|> |> <|E I-|u ? |D | I-|L
32 31 30 29 28 27 26 25
AVSS —, 24— SDIN
AVSS —{» 23— SDOuUT
AVINP1——3 22 — BUFVSS
AVINM ——4 IITM_HA_AFE 21—BUFVDD
AVINP2 —5 20 ——DVDD
MICBIAS —6 19 ——DVSS
VREF —7 18 —— MCLK
MICVSUP —8 17——NC
9 10 11 12 13 14 15 16
0n O O o
QN DBEQRED
> 00 WwW2>5o®n
8458832
S S I -~ 4a

Figure C.1: Hearing aid chip pinout.



Table C.1: Pin details of the hearing aid chip.

Pin No. | Pin name Pin description

1,2,9 AVSS Common ground pin
3 AVINP1 Telecoil non-inverting input to the PGA
4 AVINM Inverting input to the PGA
5 AVINP2 Microphone non-inverting input to the PGA
6 MICBIAS Source of microphone source follower preamp
7 VREF Bandgap reference output voltage
8 MICVSUP Supply voltage for the microphone
10 VDDOSC | Supply voltage for the LDO driving the oscillator
11 VSSOSC Ground for the ring oscillator
12 HBVSSP Ground for non-inverting H-bridge amplifier
13 VOUTP Non-inverting H-bridge output voltage
14 HBVDD Supply voltage for H-bridge amplifier
15 VOUTM Inverting H-bridge output voltage
16 HBVSSM Ground for inverting H-bridge amplifier
17 NC Not connected
18 MCLK 5 MHz output clock for DSP/uC

19, 27 DVSS Common ground pin
20 DVDD Supply voltage for digital circuits
21 BUFVDD Supply voltage for digital IO buffers
22 BUFVSS Ground for digital 10 buffers
23 SDOUT Serial data output for digital interface
24 SDIN Serial data input for digital interface
25 FRAME Frame signal for digital interface
26 SCLK Serial shift clock for digital interface
28 LBM Low battery monitor output
29 EXTRST External reset
30 AVDD Supply voltage for analog circuits
31 VREFP Positive reference voltage for ADC and DAC
32 VREFM Negative reference voltage for ADC and DAC
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APPENDIX D

Pin details of the headphone driver chip

I
[alalialialallia D DD D
Z2zZ2zZ2zzz2zzZ22 0000
44 43 42 41 40 39 38 37 36 35 34

VIN —1 33——AVSS

IBIAS1—2 32 ——AVSS

IBIAS2 —{3 31——AVSS

AVDD —{4 30 ——AVSS

AVDD —5 29 ——AVSS

AVDD 5 IITM_AUDIO_DRIVER 28 CLK

AVDD —{, 27 ——AVSS

DVDD —g 26 ——AVSS

DVDD —g 25——AVSS

CTOP—10 24 ——CBOT

CTOP—11 23 ——CBOT
12 13 14 15 16 17 18 19 20 21 22
oo 000 Q00 - -

o000 zZzzzZ22200
FEFEFRFOOOOOMDN
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Figure D.1: Headphone driver chip pinout.

Table D.1: Pin details of the headphone driver chip.

Pin No. | Pin name Pin description
1 VIN Input of the driver
2 IBIAS1 Bias current for the first stage(1 puA)
3 IBIAS2 Bias current for the third stage(1 uA)
4,5,6,7 AVDD Positive supply voltage for the driver
8,9 DVDD Supply voltage for negative voltage converter
10-15 CTOP Top pin for external capacitor C1
16-20, 39-44 GND Common ground pin
21-24 CBOT Bottom pin for external capacitor C1
25-27, 29-33 AVSS Negative supply voltage for the driver
28 CLK Clock input for the negative voltage converter
34-37 vouT Output voltage of the driver
38 VIP Non-inverting input terminal of the driver
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